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Preface
Human beings historically have had short life spans due to infectious diseases, wars, 
and natural disasters. Life spans have lengthened considerably in the last century, 
thanks to improvements in hygiene, medicine, and nutrition. The longer life span, 
however, has led to a dramatic increase in health care costs and increased efforts to 
deal with chronic diseases. Further progress in medicine and confinement of explod-
ing health care costs can be expected only with advances in technology, in particular 
for radiation detectors and front-end electronics.

Among all imaging modalities, those based on ionizing radiation are of primary 
importance. X-ray-based examinations that include mammography, lung imaging, 
and computed tomography (CT) scans are used routinely in medical offices world-
wide. Single photon emission (SPECT) and positron emission topography (PET) are 
becoming increasingly popular in nuclear medicine applications in hospitals and 
large medical practices.

In addition to medical imaging, this book also addresses the applications of 
radiation detection in other areas, particularly in the rapidly growing field of secu-
rity applications. Luggage scanning, dirty bomb detection, space missions, nuclear 
plants, and high energy physics experiments are just a few examples of system appli-
cations that utilize x-ray and gamma-ray detection.

Despite different principles of operation among those applications, there are 
numerous commonalities in the signal processing of signals received by radiation 
detectors: signal amplification, filtering, multiplexing, and analog-to-digital con-
version (ADC). These hardware commonalities among imaging techniques merit 
the inclusion of all related knowledge and know-how into one publication. After 
all, equipment for radiation detection that encompasses x-ray, CT, nuclear medicine 
(SPECT/PET), and security/military uses is a several billion-dollar market that offers 
tremendous opportunities to integrated circuit (IC) designers.

The book is written by top-notch international experts in industry and academia. 
The intended audience is practicing engineers with some electronics background. 
The book might also be used as supplementary material in a graduate course cur-
riculum. I sincerely hope that this book will help improve the understanding of radia-
tion detection electronics and stimulate further interest in the development and use 
of this equipment to benefit us all.

Krzysztof (Kris) Iniewski
Vancouver, 2009
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1 The Future of 
Medical Imaging
Understanding Our 
True Limitations

Mark Nadeski and Gene Frantz

1.1 IntroductIon

There are those who fear that technology is nearly at the physical limitations of our 
understanding of nature, so where can we possibly go from here? However, technol-
ogy is not where our limits lie. Integrated circuits (ICs) have always exceeded our 
ability to fully utilize the capacity they make available to us, and the future will be 
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2 Electronics for Radiation Detection

no exception. Indeed, technology does not drive innovation: Innovation and human 
imagination are the forces that drive technology.

1.2 Where Are We GoInG?

The broad field of medical imaging has seen some truly spectacular advances in the 
last half-century that most of us take for granted. Once marvels only in the labora-
tory, advances such as real-time and Doppler ultrasonography, functional nuclear 
medicine, computed tomography, magnetic resonance imaging, and interventional 
angiography have all become available in clinical settings.

It’s easy to sit back in wonder at how far the field of medical imaging has come. 
However, in this chapter we will glimpse the future. Some of this future is quickly 
taking shape today, though some of it will not arrive for years, if not decades.

Specifically, we’ll look at how advances in medical imaging are based on existing 
technology; how these technologies will provide more capacity and capabilities than 
we can conceivably exploit; and how they finally lead to the conclusion that the future 
of medicine is not limited by what we know, but rather by what we can imagine.

Let’s begin by looking at the edge of what is real—that wonderful place where 
ideas are transformed into reality.

1.2.1 The eyeCam

For centuries, humanity has dreamed of being able to make the blind see. And, for as 
long, restoring a person’s eyesight has been considered a feat commonly categorized 
as “a miracle.”

FIGure 1.1 Example of the EyeCam, created and tested at the University of Southern 
California.
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About 10 years ago, Texas Instruments (TI) began collaborating with a medi-
cal team at Johns Hopkins, well known for its ability to make miracles happen. 
The team’s goal was to develop a way to take the signal from a camera and turn 
it into electrical impulses that could then be used to excite the retina, as shown in 
Figure 1.1. If successful, they could return some level of vision back to individuals 
who had lost their eyesight due to retinitis pigmentosa, a disease that affects more 
than 100,000 people in the United States alone.

Now at the University of Southern California, this team continues to make signifi-
cant progress. The project has evolved considerably over the years. Its initial concep-
tion consisted of mounting a camera on a pair of glasses that would require patients 
to rotate their heads in order to look around. Today the team is working to actually 
implant a camera module within the eye, since it is much more natural to let the eye 
do the moving to point the camera in the right direction. However, it’s one thing 
to say implanting a camera in a person’s eye is more practical than mounting it on 
glasses and quite another to achieve it. A number of challenges come to mind:

Size: The complete camera module has to be significantly smaller than an eye-
ball in order to fit.

Power: The camera must have exceptionally low power consumption. At the 
very least, the energy needs to be scavenged from body heat, the surround-
ing environment, or a yet-to-be-invented wireless power circuit.

Heat: Initial cameras may rely upon a connected power source. Even so, it is 
critical that the camera not produce much heat. To be practical, the camera 
must be able to dissipate enough power so as not to heat the eye to the point 
of discomfort.

Durability: The camera must be packaged in such a way as to be protected 
from the fluids in the eye.

Currently working with Georgia Tech University and experts at TI, the team at 
USC is busy making all this happen. Is such an ambitious project even possible? 
Although success has yet to be seen, the team envisions a successful completion of 
the project. And they have good reason to be confident, for they are only pressing at 
the edges of possibility.

Much of what lies ahead of us in medicine is the identification of technologies 
and devices from other parts of our world that we can apply to medical electronics. 
For example, Prof. Armand R. Tanguay Jr., principal investigator on the EyeCam 
project, acknowledges that they have many ideas about where else in the body they 
could implant a camera.*

Here a camera, there a camera,
In the eye a little camera.
Old Doc Donald had a patient.
E, I, E, I, O.

* Unfortunately, we cannot print any of these exciting ideas without a nondisclosure agreement in place.
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Certainly there is more than one verse to this song. The question we might ask our-
selves is, “What do we imagine we need next?”

1.3 MAkInG heAlth cAre More PersonAl

A device that can help the blind to see is a life-changing application of medical 
technology. Not all medical devices will have such a dramatic effect on the way we 
live. Most of the changes in medical care will have a much lower profile, for they will 
be incorporated into our daily lives. However, while their application may be more 
subtle, the end result will certainly be profound.

The future of medicine is based upon a firm foundation of existing technologies. 
What is new, in many cases, is not the technology itself, but rather how the technol-
ogy is applied in new ways. Consider these key technologies:

Digital imaging•	
Telecommunications•	
Automated monitoring•	

Each of these technologies is already firmly established in a number of disparate 
industries. Specifically applying them to medicine will still require creativity and 
hard work, but will enable entirely new applications. Perhaps most importantly, for 
health care providers and their patients, the resulting advances will help shift health 
care into becoming a more routine part of daily life, creating a future where medical 
devices help us to:

 1. Manage our chronic conditions
 2. Predict our catastrophic diseases
 3. Live out our final years in the comfort of our homes

1.3.1 advanCes in digiTal and mediCal imaging

Improving health care is the ultimate goal behind advances in medicine. As medi-
cal imaging advances, it will allow patients to have more personalized and targeted 
health care. Imaging, diagnosis, and treatment plans will continue to become more 
specialized and customized to a patient’s particular needs and anatomy. We may even 
see therapies that are tailored to genetics. Look at how far we’ve come already:

Migration to digital files: Photographic plates were once used to “catch” X-ray 
images. These plates gave way to film, which in turn is now giving way to 
digital radiography. Through the use of advanced digital signal processing, 
X-ray signals now can be converted to digital images at the point of acqui-
sition while imposing no loss in image clarity. Digital files have a variety 
of benefits, including eliminating the time and cost of processing film, as 
well as being a more reliable storage medium that can be transferred near-
instantaneously across the world.
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Real-time processing: The ability to render digital images in real time expands 
our ability to monitor the body. Using digital X-ray machines during sur-
gical procedures, doctors can view a precise image at the exact time of 
surgery. Real-time processing also increases what can be done noninva-
sively. For example, the Israeli company CNOGA* uses video cameras to 
noninvasively measure vital signs such as blood pressure, pulse rate, blood 
oxygen level, and carbon dioxide level simply by focusing on the person’s 
skin. Future applications of this technology may lead to identifying bio-
markers for diseases such as cancer and chronic obstructive pulmonary 
disease (COPD).

Evolution from slow and fuzzy to fast and highly detailed: Today’s magnetic 
resonance imagers (MRIs) can provide higher quality images in a fraction 
of the time it took state-of-the-art machines just a few years ago. These 
digital MRIs are also highly flexible, with the ability to image, for example, 
the spine while it is in a natural, weight-bearing, standing position. With 
diffusion MRIs, researchers can use a procedure known as tractography 
to create brain maps that aid in studying the relationships between dispa-
rate brain regions. Functional MRIs, for their part, can rapidly scan the 
brain to measure signal changes due to changing neural activity. These 
highly detailed images provide deeper insights into how the brain works—
insights that will be used to improve treatment and guide future imaging 
equipment.

Moving from diagnostic to therapeutic: High-intensity focused ultrasound 
(HIFU) is part of a trend in health care toward reducing the impact of pro-
cedures in terms of incision size, recovery time, hospital stays, and infec-
tion risk. But unlike many other parts of this trend, such as robot-assisted 
surgery, HIFU goes a step further to enable procedures currently done 
invasively to be done noninvasively. Transrectal ultrasound,† for example, 
destroys prostate cancer cells without damaging healthy, surrounding tis-
sue. HIFU can also be used to cauterize bleeding, making HIFU immensely 
valuable at disaster sites, accident scenes, and on the battlefield. Focused 
ultrasound even has a potential role in a wide variety of cosmetic proce-
dures, from melting fat to promoting formation of secondary collagen to 
eradicate pimples.

The portability of ultrasound: Ultrasound equipment continues to become 
more compact. Cart-based systems increasingly are complemented and/or 
replaced by portable and even handheld ultrasound machines. Such porta-
bility illustrates how, for a wide variety of health care applications, medi-
cal technology can bring care to patients instead of forcing them to travel. 
Portable and handheld ultrasound systems have also been instrumental in 
bringing health care to rural and remote areas, disaster sites, patient rooms 
in hospitals, assisted-living facilities, and even ambulances.

* www.cnoga.com.
† www.prostate-cancer.org/education/novelthr/Chinn_TransrectalHIFU.html.
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Wireless connectivity: Portability can be further extended by eliminating 
cables. Putting a transducer, integrated beam former, and wideband wire-
less link into an ultrasound probe will not only enable great cost savings by 
removing expensive cabling from the device, but it will also allow greater 
flexibility and portability. Further reducing cost and increasing portability 
enables more widespread use of digital imaging technology, enabling treat-
ment in new areas and applications. A cable-free design also complements 
three-dimensional (3-D) probes, which have significantly more transducer 
elements and thus require more cabling, something that may become pro-
hibitively expensive using today’s technology.

The fusion of multiple imaging modalities: The fusion of multiple imaging 
modalities—MRI, ultrasound, digital X-ray, PET, and CT—into a single 
device provides physicians with more real-time information to guide treat-
ment while reducing the time that doctors must spend with patients. For 
example, positron emission tomography (PET) and computerized tomogra-
phy (CT) are increasingly being combined into a single device. While the 
PET scan identifies growing cancer cells, the CT scan provides a picture of 
the location, size, and shape of cancerous growths.

Many of the real-time imaging modalities have greatly benefitted by advances in 
digital signal processors (DSP), devices that specialize in efficient, real-time pro-
cessing. Specifically, the ability to exponentially increase the processing capabilities 
in imaging machines has enabled these advances to be useful in a hospital setting. 
However, to drive many of these applications into more widespread usage, another 
order-of-magnitude increase in processing capability will be necessary. This is a 
tall challenge.

Fortunately, silicon technology companies are now turning their attention to the 
world of medical electronics to meet these challenges. For instance, TI formed its 
Medical Business Unit in 2007 to address the needs of the medical industry. This 
type of partnership between technology companies and the medical industry will help 
ensure that the exciting possibilities of the future that we envision will be realized.

1.3.2 how TeleCommuniCaTions ComplemenTs mediCal imaging

Advances in medical imaging are frequently complemented by advances in com-
munications networks. Together, they have significantly improved patient care while 
also reducing costs for health care providers and insurance companies. This develop-
ment is rapidly moving importance away from where we receive treatment to how 
we receive treatment.

Telemedicine is the concept where a patient’s medical data is transported digitally 
over the network to a medical professional. For example, 24/7 radiology has begun to 
emerge as a commonly available service. Instead of maintaining a full radiological 
staff overnight, a hospital emergency room can now send an X-ray via a broadband 
Internet link to NightHawk Radiology Services* in Sydney, Australia, or Zurich, 

* www.nighthawkrad.net.
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Switzerland. NightHawk’s staff then reads the X-ray and returns a diagnosis to the 
ER doctors.

For some patients, the combination of imaging and communications enables diag-
nosis that they otherwise wouldn’t receive for reasons such as finances or distance. 
A prime example is the work of Dr. Devi Prasad Shetty, a cardiologist who delivers 
health care via broadband satellite to residents of India’s remote, rural villages who 
otherwise wouldn’t receive it simply because of where they live.* Today, one of Dr. 
Shetty’s clinics can handle more than 3,000 X-rays every 24 hours. Shetty’s tele-
medicine program has had a major impact in India, where an average of four people 
have a heart attack every minute.†

In contrast to telemedicine, telepresence‡ is where a medical professional virtu-
ally visits a patient through videoconferencing. Telepresence is increasingly used in 
both developed and developing countries to widen the distribution of health care. 
Videoconferencing is often paired with medical imaging systems, such as ultra-
sound, to enable both telepresence and telemedicine. Such applications frequently 
enjoy government subsidies because they bring health care to areas where care is 
expensive, scarce, or both.

One example of telemedicine is the Missouri Telehealth Network,§ whose services 
include teledermatology. Using this service, a patient at a rural health clinic can put 
his or her scalp under a video camera for viewing and diagnosis by a dermatologist 
hundreds of miles away. Videoconferencing equipment simulates a face-to-face 
meeting, allowing the doctor to discuss any conditions with the patient. In the case 
of someone with Stage 1 melanoma, early detection via telemedicine may save his 
or her life.

Whether patients delay a doctor’s visit because of distance, cost, available 
resources, being too busy, or even fear, telemedicine can mean the difference 
between suffering with a disease or receiving treatment. Virtual house calls, where 
physicians use videoconferencing and home-based diagnostic equipment to bring 
health care to a person without necessitating a visit to the doctor, can address most 
of these concerns.

Virtual house calls may be particularly attractive to patients in rural areas¶ or 
those in major cities with chronic traffic jams. Virtual house calls are also a way to 
bring health care to patients who otherwise wouldn’t be able to able see a physician, 
perhaps because they’re bedridden, suffering from latrophobia (fear of doctors), or 
have limited means of transportation. Whatever the hurdle they’re helping overcome, 
virtual house calls are yet another example of how advances in medical technology 
increasingly are bringing care to the patient instead of the other way around.

For example, let’s take a look at how medical technology may have been able 
to help the 19th-century poet Emily Dickinson, who was reclusive to the point that 
she would only allow a doctor to examine her from a distance of several feet as she 

* www.financialexpress.com/news/Everyone-must-have-access-to-healthcare-facilities-Devi-Prasad-
Shetty/42099/.

† www.abc.net.au/foreign/stories/s785987.htm.
‡ www.telepresenceworld.com/ind-medical.php.
§ www.proavmagazine.com/industry-news.asp?sectionID=0&articleID=596571.
¶ www.columbiamissourian.com/stories/2007/05/12/improving-care-rural-diabetics.
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walked past an open door. If she were alive today, she would greatly benefit from 
advances in medical imaging that could accommodate her standoffishness while still 
diagnosing the Bright’s disease that ended her life at age 55.

Future medical technology will reach even further into our lives. Imagine a bath-
room mirror equipped with a retinal scanner behind the glass that looks for retinopa-
thy and collects vital signs. In the case of Dickinson, that mirror could have noticed 
a gradual increase in the puffiness of her face, a symptom of Bright’s disease, and 
alerted her physician through an integrated wireless Internet connection.

One of the underlying technologies behind medical imaging—digital signal pro-
cessors (DSPs)—has a lot in common with that of telemedicine. DSPs play a key 
role in telemedicine. For example, DSPs provide the processing power and flexibility 
necessary to support the variety of codecs used in videoconferencing and telepres-
ence systems. Some of these codecs compress video to the point that a TV-quality 
image can be transported across low-bandwidth wired or wireless networks, an abil-
ity that can extend telemedicine to remote places where the telecom infrastructure 
has limited bandwidth. In the future, compression will also help extend telemedicine 
directly to patients’ homes over cable and DSL connections.

DSPs also provide the processing power necessary to support the lossless codecs 
required for medical imaging, since compression could impact image quality and 
affect a diagnosis. Another advantage DSPs offer is their programmability, which 
allows them to be upgraded in the field to support new codecs as they become avail-
able, thereby providing a degree of future-proofing for hospitals and physicians.

1.3.3 auTomaTed moniToring

Consider this short list of medical devices that can operate noninvasively within 
our homes:

Bathroom fixtures with embedded devices could monitor for potential problems, •	
such as a toilet that automatically analyzes urine to identify kidney infections 
or the progression of chronic conditions such as diabetes and hypertension.
A bathroom scale could track sudden changes in weight or body fat and •	
then automatically upload this data to a patient’s physician. The scale could 
even trigger scheduling of an appointment based on a physician’s predeter-
mined criteria.
Diagnostic devices such as retinal scanners could be coupled with a patient’s •	
existing consumer electronics products, such as a digital camera, to provide 
additional diagnostic and treatment options. If the device can connect to the 
network, the medical data collected could automatically be made available 
to medical personnel.
Sensors in the home could measure how a person is walking to determine if •	
he or she is at risk for a medical episode such as a seizure.
Equipment could be connected to a caregiver’s network for remote moni-•	
toring. One example of such a product under development is a gyroscope-
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based device worn by elderly patients to detect whether they have fallen.* 
Near-falls could trigger alerts to caregivers while being documented and 
reported to a patient’s physician. This device could also track extended sed-
entary periods, which could be a sign of a developing physical or psycho-
logical problem.
The term •	 personal area network (PAN) may come to refer to the variety 
of devices that work together to regularly and noninvasively monitor and 
record a person’s vital signs. Collected data could be automatically corre-
lated to identify more-complex medical conditions.

All of these examples will change how we approach practical medicine. Passive 
care of this nature becomes a ’round-the-clock service rather than something that 
occurs infrequently and disrupts our busy schedules. Constant monitoring also 
enables earlier identification of health problems before conditions can become irre-
versible, as well as eliminates the problem of patients not being conscientious about 
recording information about themselves. As a result, a patient may receive care that’s 
more thorough than if he or she found time for an office visit every week or month.

This technology could be a viable way to improve care for patients who are too 
busy to schedule routine doctor’s visits or, as is the case with latrophobes, whose fear 
of the doctor has them putting off regular checkups. For the rest of us, who are either 
too busy, too unconcerned, or too lazy to schedule regular checkups, this technology 
can help ensure that we don’t go too long before any changes get needed care. And, 
as health care becomes a continuous service through automated processes, the cost 
of delivering care will be substantially reduced as well.

1.4 the Future oF technoloGy

This is quite an impressive list of what is just around the corner. And while many 
of these applications may sound like inventions from a future that we can only hope 
for and dream about, it is likely that the reality will be even more exciting. To under-
stand why this is the case, let us now shift our attention to the underlying factors that 
enable and drive innovation.

In the decades since the invention of the transistor, the integrated circuit, the 
microprocessor, and the DSP, technology has significantly impacted every part of 
our lives. And during this time, we have seen computers shrink from filling large 
air-conditioned rooms until they fit into our pockets. Now we’re seeing the next 
stage of this progression as computers move from dedicated devices in our pockets 
to small subsystems integrated into other systems or even embedded in our clothing 
or our bodies.

Because it is technology that has brought us where we are, it is tempting to 
believe that technology is the driving factor behind medical imaging and innovation. 
However, we don’t believe that this is the case. For example, the reason that comput-
ers became smaller wasn’t because technology allowed them to become smaller. The 
reason computers became smaller was because people found compelling reasons to 

* http://ieeexplore.ieee.org/xpl/freeabs_all.jsp?tp=&arnumber=1019448&isnumber=21925.
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make them that way. The need or desire for portable computing, not technology, put 
computers like the Blackberry and iPhone into our pockets. This point is critical: 
Technology does not drive innovation. Innovation drives technology.

1.4.1 remembering our FoCus

The wants and needs of the marketplace determine the next technology that will go 
in our pockets as well as the devices we can expect to be embedded in our clothing 
and bodies. In terms of advances in medical technology, the needs of the patient 
dictate what comes next.

Technology is exciting, and it’s easy to forget what all of these amazing advances 
are really all about. Whether it’s a retinal scanner in a bathroom mirror or a home 
ultrasound machine, the patient is the greatest beneficiary. These advances enable 
health care to become more personal by bringing patients to doctors in their offices 
and doctors to patients in their homes. They also increase the effectiveness of health 
care by providing ways to identify diseases and other conditions before they become 
untreatable.

At the same time, these advances also allow health care to fade into the back-
ground and become a part of daily life. Imagine being scanned each morning while 
brushing your teeth instead of only during an annual checkup. That would be par-
ticularly valuable for patients with chronic or end-stage diseases, because it may 
allow them to live their lives without having to move into a hospice.

Health care revolves around the patient, as it should. And technology in turn will 
help us to address their key needs, as stated earlier in this chapter, to manage their 
chronic conditions, predict their catastrophic diseases, and allow them to live out 
their lives in the comfort of their own homes.

1.4.2 whaT we Can expeCT From TeChnology

Knowing that need drives innovation allows us to approach technology from a dif-
ferent perspective, one where it is more relevant to discuss what these advances will 
be rather than to discuss what will make them possible. For example, we could spec-
ulate on the new process technologies that will overcome current integrated circuit 
(IC) manufacturing limitations. However, this will tell us little about what will be 
built with these future ICs. By exploring what we can reasonably expect from tech-
nology we can gain insight into the possible future.

Let’s begin with a well-known tenant from the world of integrated circuits—
Moore’s law. Moore’s law (Moore 1965) forecasts that the number of transistors that 
can be integrated on one device will double every 2 to 3 years. Made in 1965 by 
Intel cofounder Gordon E. Moore in 1965, this prediction has not only been adopted 
by the industry as a “law” but, as shown in Figure 1.2, has accurately described the 
progress of ICs for the last 40 years.

In practical terms, Moore’s law has allowed us to reduce the price of integrated 
circuits. Advances in performance and power dissipation have also affected cost, but 
over the last decade advances in IC technology have been primarily responsible for 
driving cost down.
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As we look into the future, we can expect Moore’s law to continue to hold true; 
that is, we should be able to integrate about twice the number of transistors on a piece 
of silicon every 2 to 3 years for about the same cost. What does this mean in terms 
of medical imaging and innovation? By the year 2020, the price of an IC could be as 
low as $1 for a billion transistors (a buck a billion). At that time, a high-end processor 
might cost $50. Just imagine what could be done with 50 billion transistors.

Of course, this many transistors don’t come without some issues:

 1. The cost of developing a new IC may become prohibitively expensive.
 2. Raw performance is no longer driven by Moore’s law.
 3. Power dissipation must be actively managed.
 4. Digital transistors are not particularly friendly to the analog world.

1.4.3 developmenT CosT

Back in the mid-1990s, TI introduced a new technology node for integrated cir-
cuits. With this particular new technology node, we were able to integrate 100 mil-
lion transistors on an IC. To put this in perspective, most personal computers in the 
1990s had fewer than 10 million transistors, not counting memory. (As a short aside, 
advances in new process nodes are generally 0.7 times the size of previous nodes, 
which yields twice the number of transistors for the same die area.)

Being able to build an IC with this density does not answer the question of what 
will be done with the transistors. The more difficult question, however, was what it 
would take to design a product with 100 million transistors. Consider the math. If 
we estimate that a design effort could be efficient enough such that the average time 
to design each transistor was about one hour, such a project would take 50,000 staff 
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years to complete. Clearly, starting a design of 100 million transistors from scratch 
would be virtually impossible. TI and other IC manufacturers solved and continue to 
solve this problem through intellectual property (IP) reuse. We’ll come back to this 
concept shortly.

On top of the excessive cost of an IC design, the cost of manufacturing tooling 
is on the order of $1 million. (We’ll overlook the billions of dollars spent on the IC 
wafer fabrication facility for the moment.) For high-volume applications, this cost 
spreads out to a manageable number. For example, a design with a total build of 1 
million units would reduce the per-unit tooling cost to $1. For low-volume applica-
tions, however, the cost can become prohibitive: An IC design for a product antici-
pated to sell 10,000 units during its lifetime has a per-unit tooling cost of $100.

The obvious conclusion is that only those IC designs with extremely high volumes 
can be justified. Most applications, however, and not just those in the medical indus-
try, have significantly smaller scope. Thus, these applications will not be based on 
ICs specifically designed for them but rather on standard programmable processors 
with application-specific software. And as tooling costs increase, this will be true for 
virtually all products developed in the future.

Because standard programmable processors allow IP to be implemented in soft-
ware, the tooling cost of a programmable device can be shared among many dif-
ferent products, even across industries (i.e., medical imaging, high-end consumer 
cameras, industrial imaging, and so on). Software customizes the processor, so to 
speak, and the more applications a processor can serve, the lower its cost.

The trade-off of implementing IP in software is, from an engineering perspec-
tive, a fairly “sloppy” way of designing a product, meaning that the final design 
will require far more transistors than if an application-specific IC is used. Given the 
advanced state of IC process technology, however, this doesn’t matter. Back in the 
1990s, we had more processors than we knew what to do with. Today we can build 
processors with more capacity than we can use. And in the year 2020, we will still 
have more transistors than our imaginations can exploit.

1.4.4 perFormanCe

For years, the performance of ICs has seemed to be driven by Moore’s law, just as 
cost was. However, if we measure raw performance—that is, the number of cycles 
a processor could execute—it actually drifted from Moore’s law in the early 1990s. 
Despite this, processors have still doubled in effective performance in accordance 
with Moore’s law through sophisticated changes to processor architectures, such 
as deeper pipelines and multiple levels of cache memory. These changes came at 
their own cost—lots of transistors. Fortunately, as stated before, we have plenty of 
those.

Improving performance through sophisticated changes to a processor’s archi-
tecture is, in some ways, just a fancy way of saying that an architecture has been 
made more efficient. Deeper pipelines, for example, eliminate the inefficiencies of 
processing a single instruction by simultaneously processing multiple instructions. 
Eliminating inefficiencies only goes so far, though. Caches improved memory per-
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formance significantly, and caches for caches squeezed out a bit more performance, 
but caches for caches for caches actually slow things down.

There are still many opportunities for increasing processor performance through 
architectural sophistication, but to achieve a major increase in performance, the 
industry is moving toward multiprocessing. Also referred to as multicore, the central 
idea is that, for many applications, two processors can do the job (almost) twice as 
fast as one. Multiprocessing, while yielding a whole new level of performance, also 
introduces a whole new level of complexity to processor architectures. And as we 
continue to add complexity, we then must create more complex development envi-
ronments to hide the complexity of the architecture from developers.

1.4.5 mulTiproCessor ComplexiTy

To understand the effect of the complexity that multiprocessing imposes on design, 
we need to take a look at Amdahl’s law (Wikipedia 2010a). Simply stated, Amdahl’s 
law says that sometimes using more processors to solve a problem can actually slow 
the result. Consider a task such as driving yourself from point A to B. There’s really 
no way to use multiple cars to get yourself there any faster. In fact, using multiple 
cars along the way will likely slow you down as you stop, switch cars, and then get 
up to speed again, not to mention the traffic jam you would have created.

The same problem applies to an algorithm that cannot be parallelized—that is, 
easily distributed across multiple processors. Splitting such an algorithm across 
equal performance processors will slow overall execution because of the added over-
head of breaking the task across the multiple cores. Engineers describe these types 
of tasks as “Amdahl unfriendly.”

Amdahl-friendly tasks are those that can be easily broken into multiple smaller 
tasks that can be solved in parallel. These are the types of tasks for which DSPs are 
well suited. Consider how a video signal can be broken into small pieces. Since each 
piece is relatively independent of the others, the pieces can be processed in parallel 
simultaneously.

The size of each piece depends upon the processors used. For example, Texas 
Instruments developed the serial video processor (SVP) in 1994 for the TV market. 
The SVP contained 1,000 one-bit DSPs, each simultaneously processing one pixel in 
a horizontal line of video. Because Amdahl-friendly tasks like these can be parallel-
ized, it is easier to determine how to architect the multiprocessing system as well as 
how to create the development environment with which to design applications that 
exploit it. See Figure 1.3.

Amdahl-unfriendly tasks are by far much harder to solve, as they prove difficult 
to divide into parts. Much of the research related to multiprocessing going on now 
in universities is focused on addressing how to approach such seemingly difficult 
problems.

1.4.5.1 Multiprocessing elements
Even given the limitations of Amdahl’s law, the best approach for increasing per-
formance appears to be through multiprocessing. Before we can begin to consider 
how best to take advantage of multiple processors in the same system, however, we 
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first need to ask, “What is a processor?” There are, after all, many different types of 
processing elements:

General-purpose processors: Examples include ARM cores, MIPS cores, •	
and Pentium-class processors.
Application-specific processors: Examples include DSPs and graphic pro-•	
cessing units (GPUs).
Programmable accelerators: Examples include floating point units (FPUs) •	
and video processors.
Configurable accelerators: These are similar to programmable accelerators, in •	
that they can perform a range of specific tasks such as filtering or transforms.
Fixed-function accelerators: These are also similar to programmable accel-•	
erators, with the exception that they perform only a single task such as serv-
ing as anti-aliasing filters for an audio signal.
Programmable hardware blocks: Examples include field-programmable •	
gate arrays (FPGAs), programmable logic devices (PLDs), etc.

In general, the term multiprocessing refers to heterogeneous (different elements) 
multiprocessing, while multicore refers to homogeneous (same elements) multipro-
cessing. The importance of this distinction is greater when talking about DSP algo-
rithms than for more general purpose applications. In a DSP application, there is 
more opportunity to align the various processing elements to the tasks that need to 
be accomplished. For example, an accelerator designed for audio, video/imaging, or 
communications can be assigned appropriate tasks to achieve the greatest efficiency. 
In contrast, very large, generic algorithms may be best implemented using an array 
of identical processing elements.

• The trend continues
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Despite all of its challenges, multiprocessing appears to be one of the next major 
advances that will shape IC, electronics, and medical equipment design. Today, mul-
tiprocessing is still not well understood and progress will likely be slow as advances 
percolate out of university research laboratories into the real world over the next 
decade or so. In the meantime, we have to get to used to the hit-and-miss nature of 
multiprocessing architectures and do our best to use them as efficiently as we can.

1.4.6 power dissipaTion

In relation to price and performance, power dissipation is the “new kid on the block” 
and where much research is starting to be focused. TI’s first introduction to this 
important aspect of value goes back to the mid-1950s, when its engineers developed 
the Regency radio (Wikipedia 2010c) to demonstrate the value of the silicon tran-
sistor. This was the first transistor radio, and its obvious need for battery operation 
made it important to demonstrate low power dissipation.

Power dissipation again became important with the arrival of the calculator in the 
1970s. Although most uses for these early calculators allowed for them to be plugged 
into a wall, sockets were not always nearby or convenient to use. The subsequent 
movement to LCD calculators with solar cells made low power an even more impor-
tant requirement.

Lower power dissipation became a primary design constraint in the early 1990s 
with the arrival of the digital cellular phone. Early customers in this new market 
made it clear to TI that if power dissipation wasn’t taken seriously, they would find 
another vendor for their components.

With this warning, TI began its now 20-year drive to reduce power dissipation 
in its processors. One of the results of this reduction in power is the creation of pro-
cessors that have helped revolutionize the world of ultrasound by turning the once 
bulky, cart-based ultrasound systems into portable and even handheld systems.

Figure 1.4 shows how power dissipation has improved over the history of DSP 
development. Measured in units of DSP performance—the MMAC (millions of 
multiplies and accumulates per second)—it shows how power dissipation has been 
reduced by half every 18 months. As this chart was created by Gene Frantz, princi-
pal fellow at TI, this trend of power efficiency over time has come to be known as 
Gene’s law.

It should be noted that the downward efficiency trend flattened a few years ago. This 
occurred because of issues with IC technology where leakage power was at parity with 
active power. As with any problem, once understood it was able to be resolved. Now 
we are back on the downward trend of power dissipation per unit of performance.

1.4.6.1 lower Power into the Future
As we look to the future, the question is whether IC technology will continue to follow 
Gene’s law. There are several reasons to believe it will. The two that seem to have the 
most promise are lower operating voltages and the availability of additional transistors.

Much of the downward trend for power dissipation has been, in fact, due to lower-
ing the operating voltage of ICs. Over the last 20 years, device voltage has gone from 



16 Electronics for Radiation Detection

5 volts to 3 volts to 1 volt and this is not the end of the line. Ongoing research predicts 
processors operating at 0.5 volts and lower (Chandrakasan et al. 1992).

Just as more transistors can be used to increase the performance of a device, they 
can also be used to lower the power dissipation for a given function. The simplest 
method for lowering power consumption is using what is known as the father’s solu-
tion: Who doesn’t remember that loud voice resonating through the house, “When 
you leave a room, turn off the light!”

This wisdom is easily applied to circuit design as well. Simply turn off sections 
of the device, especially the main processor, when they don’t need to be in opera-
tion. A good example of this type of management is implemented by the MSP430 
family of products (Wikipedia 2010b). And while it does require more transistors to 
turn only a few sections on and off, this is an extremely efficient approach to power 
management.

Power can also be managed through multiprocessing, although this approach 
requires many more transistors. Consider that a task performed on a single proces-
sor running at 100 MHz can be performed as quickly on two of the same processors 
running at 50 MHz. Given the nature of power, one processor running at 100 MHz 
will consume the same power as two processors running at 50 MHz so long as they 
are operating at the same voltage.
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Due to the characteristics of IC technology, however, the 50-MHz processors can 
operate at a lower voltage than the 100-MHz processor. Since the power dissipation of a 
circuit is reduced by the square of the voltage reduction, two 50-MHz processors running 
at a lower voltage will actually dissipate less power than their 100-MHz equivalent.

The trade-off for managing power through multiprocessing is that two slower 
processors require twice the number of transistors as a single, faster processor. And 
again, given that we can rely upon having more transistors as we move into the 
future, multiprocessing is a feasible method for reducing power dissipation.

1.4.6.2 Perpetual devices
Confident that IC power dissipation will continue to go down, we can begin to think 
about how we might take advantage of that. One interesting corresponding area of 
research that is receiving a lot of attention is energy scavenging. Energy scavenging 
is based on the concept that there is plenty of environmental energy available to be 
converted into electrical energy (Shad, Wright, and Rabaey 2003.). Energy can be 
captured from light, walls vibrating, and variations in temperature, just to name a 
few examples of sources of small amounts of electrical energy.

Combining energy scavenging with ultralow-powered devices gives us the con-
cept of “perpetual devices.” Back in Figure 1.4, there is an upward arrow that rep-
resents our ability to scavenge energy from the environment. At the point this line 
crosses the power-reduction curve, we have the ability to create devices that can 
scavenge enough energy from the environment to operate without a traditional plug 
or battery power source.

Imagine the medical applications for perpetual devices. Implants once not feasi-
ble because of the need to replace batteries will be possible. Pacemakers will be able 
to support a wireless link to upload data, eye cams will be permanent once installed, 
and we may even see roving sensors that travel through our bodies monitoring our 
heart while cleaning our arteries.

1.4.7 inTegraTion Through soC and sip

So far, we’ve addressed the three Ps of value: price, performance, and power. The 
final aspect of IC technology that will serve as a foundation of medical imaging into 
the future is integration. Integration refers to our ability to implement more function-
ality onto a single IC as the number of transistors increases. Many in the electronics 
industry believe that the ultimate result of integration will be what is referred to as an 
SoC or “system on a chip.” There’s no nice way to say this: they are wrong.

To understand this position, let’s look back at history. When TI began producing 
calculators, the initial goal was to create a “single-chip calculator.” This may be sur-
prising, but such a device has never been produced by TI or anyone else. The reason 
is that we have never figured out how to integrate a display, keyboard, and batteries 
onto an IC. What we did develop was a “sub-calculator on a chip.” It is important to 
catch the subtlety here. We didn’t develop the whole system, just a part of it. Perhaps 
it would be more accurate to use the term subsystems on chip (SSOC).

The same is true when we look at technology today. No one creates complete 
systems on chip, and for many good reasons. The best, perhaps, is that in practical 
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terms, by the time we develop an SoC, we find it has become a subsystem of a larger 
system. Put another way, once a technology makes sense to implement as an IC (i.e., 
it has passed the high-volume threshold required to reduce tooling to a reasonable 
per-unit cost), it has likely been found to be useful in a great variety of applications.

And this leads us to the real focal point of system integration in the future: the 
system in package (SiP). Figure 1.5 shows that the road map of component integra-
tion can be simplified to three nodes. The first node—the design is built on a printed 
circuit board (PCB)—is well understood by system designers. At the second node, 
SiP, all of the components are integrated “upward” by stacking multiple ICs into 
one package. At the third and final node, all of the components are integrated onto a 
single IC using SoC technology.

Again, once a system warrants its own SoC, invariably it is designed back into 
larger systems. For this reason, technology isn’t stable at the SoC node, and it settles 
back to placement directly onto a PCB (node 1) or into a package (node 2). As we 
continue to increase the number of transistors available and lower their cost, these 
subsystems and the IP they represent will increasingly settle into a package (SiP) and 
less onto a PCB.

While compelling in itself, this is not the only reason for moving away from the 
SoC as the ultimate way to design systems. Consider that each advance in digital IC 
process technology delivers more transistors and perhaps operates at a lower voltage. 
But the real world is not digital and does not follow this trend, and analog circuits, as 
well as radio-frequency (RF) circuits, seem to favor higher voltages.

To create a whole IC system on a single piece of silicon requires using a single pro-
cess technology. However, implementing digital circuits in an analog or RF process 
significantly increases the relative cost of the digital circuit. Likewise, implementing 
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analog and RF in a digital process substantially reduces signal integrity. The only 
way we will be able to efficiently integrate all aspects of the system into one “device” 
is to implement each circuit in its appropriate process technology and combine the 
various ICs in a single package using SiP technology.

The fact that SiP is more efficient than SoC actually turns out to be really good 
news, for we will be able to take off-the-shelf devices and stack them in one pack-
age that provides virtually all of the advantages an SoC would. The primary dif-
ference—and it is significant—is that by using SiP technology we will be able to 
manufacture devices within months rather than the years required to produce a new 
SoC design.

And, in much the same way that programmable processors can bring the cost 
economies of high volume to specialized applications, developers will be able to 
create highly optimized, application-specific SiPs as if they were standard ICs. This 
will give rise to a new product concept, the “boutique IC,” where system designers 
can select from a variety of off-the-shelf ICs and “integrate” them into a single pack-
age for about the same cost as for the individual ICs. The resulting SiP will have 
the advantage of faster time-to-market, a smaller footprint, and a “living” specifi-
cation, where new SoCs can be integrated regularly to continually reduce design 
costs. This will certainly give new meaning to the concept of “one-stop shopping” 
for components.

1.5 deFInInG the Future

We’ve covered a lot of ground in our discussion of the future. When you first read 
about many of the medical applications we’ve suggested in this chapter, perhaps you 
thought they sounded more like science fiction than fact. However, most of these 
devices build upon existing, proven technologies such as digital imaging, telecommu-
nications, and automated monitoring that will change how we approach medicine.

For the common person, and even latrophobes such as Emily Dickinson, new, 
noninvasive techniques that are increasingly available in the comfort of their homes 
will make the difference in diagnosing and treating diseases before they become 
debilitating or life threatening. For people who live in remote locations, telemedicine 
will bring doctors and patients together in new and powerful ways.

The underlying IC technology required to bring many of these devices to reality is 
already, or will soon be, available. Moore’s law will continue to give us more transis-
tors than we can conceivably use. More general purpose devices based on software 
programming models will enable the volumes that result in reasonable cost. Using 
extra transistors to create multiprocessing circuits will provide higher performance 
and lower power dissipation. Finally, SiP technology will make possible smaller, more 
integrated designs as well as potentially enable an entirely new way to design ICs.

As a result, technology is not the limiting factor defining the future of medical 
imaging. Quite the opposite, technology is more the sandbox in which we can design 
the creations inspired by our imagination. Innovation is driven not by the fact that we 
can shrink a computer to fit in a pocket or a body, but rather by the fact that we need 
or want to shrink that computer.
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For the medical industry, the applications that will arise and how fast they will 
manifest will depend upon what patients need. Technology, for its part, will comply 
by providing us everything we need to make whatever we envision become real. So 
what will the future of medical imaging bring? The future will be whatever we want 
to make it.

The miracles are just beginning.
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2 Detector Front-End 
Systems in X-Ray CT
From Current-Mode Readout 
to Photon Counting

Roger Steadman and Christian Bäumer

2.1 coMPuted toMoGrAPhy

In a computed tomography (CT) scanner, an X-ray source and a detector (normally 
consisting of many pixel elements) are rotating around a patient. The X-ray beam 
is absorbed to some extent by bones and soft tissue, forming an intensity profile 
that is captured by the detector. This intensity profile is normally called a projec-
tion. As the system rotates, many synchronized projections are taken. Using a back-
projection method, the image may be computed for diagnostics [1, 2]. CT detectors 
differ from other X-ray applications [1, 3] because of their much higher signal resolu-
tion and dynamic range (>16 bits). These requirements call for more-sophisticated 
data-acquisition systems, where noise and dynamic range pose severe difficulties on 
design issues, as outlined in this chapter.

The technology of medical CT scanners has experienced tremendous progress in 
the last few years [4]. In particular, there have been significant improvements of the 
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data acquisition system. For instance, the coverage has been increased through the 
introduction of 64 slices or more. Further, shorter frame times in data readout make 
faster scans possible. This, in turn, provides improved diagnostic ability in time-criti-
cal applications such as cardiac and other contrast injection studies. Additionally, the 
increasing power of X-ray tubes necessitated the increase of dynamic signal range. We 
define the usable dynamic range as the ratio of maximum signal to the double elec-
tronic noise floor. Table 2.1 lists the key parameters of state-of-the art CT detectors.

The data acquisition systems described in this chapter belong to the category of 
solid-state detectors, which can be subdivided into indirect and direct conversion 
detectors. In indirect conversion detectors, X-rays are stopped in a scintillator, and 
the converted visible-light photons are transformed into a current in a photodiode 
array. In CT, CdWO4 crystals and Gd2O2S:Pr,Ce ceramics (GOS) are commonly 
used as scintillators. They are structured into individual cells separated by white 
reflector material such that the cell matrix matches the corresponding photodiode 
matrix. Pixel width in CT detectors is between 1.0 mm and 1.4 mm. In today’s CT 
detectors, the photodiode array is coupled to an external acquisition system com-
prising an amplifier and an analog-to-digital converter (ADC). Figure 2.1 sketches 
a cross section of a detector module [5]. Note that, in a CT scanner, an antiscatter 
grid, which collimates the X-ray beam to suppress scattered photons, is mounted 
on top of the detector module. Photodiodes are built in an optically dedicated pro-
cess optimized for high photoresponsiveness. External electronics normally consist 
either of discrete components or of custom-made integrated circuits (ICs). Section 
2.2 dwells further on the status of data-acquisition systems in current medical CT 
scanners. Section 2.3 presents alternative electronic readout schemes focusing on 

tAble 2.1
summary of ct detector specifications
Pixel size ≤1.1 × 1.4 mm

Rise time/fall time <10 µs

Dynamic range up to 18 bits

Frame rate 1,000 to 10,000 fps

Linearity <0.05% error at any signal level relative to an ideal linear response

Number of pixels 672 × 128 = 86,016

Maximum energy 140 keV

Maximum X-ray flux 1–10 × 109/mm2/s

Maximum afterglow <200 ppm after 5 ms

<20 ppm after 500 ms

PDa responsiveness at 540 nm ≥0.36 A/W (BIP-based detector)

PDa responsiveness at 500 nm ≥0.31 A/W, i.e., quantum efficiency of 0.77

Shunt resistance ≥1 GΩ

Capacitance <20 pF

Crosstalk <1%

Electronic noise floor 1–5 pArms, depending on frame rate

a PD refers to pixels of the photodiode matrix.
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integration of active electronics at pixel level with CMOS (complementary metal-
oxide semiconductor) technology.

Semiconductor detectors operated at reverse-bias voltage are employed for direct 
conversion of X-rays. The mirror charge of the generated charge carriers is sensed 
at the respective electrodes by amplifiers. Because X-ray photons generate quite fast 
signals in direct-conversion sensors (on the order of 100 ns), electronic readout can 
be designed such that stopped X-ray photons are processed individually and counted 
in a subsequent digital unit. If this detection system is also equipped with electron-
ics for energy discrimination, spectral X-ray detection becomes possible. Currently, 
there are many research activities that aim to build a spectral X-ray imaging device. 
Section 2.4 provides some technical background about these detectors and elucidates 
some aspects of counting-mode detector calibration.

2.2 ct detectors todAy

As visualized in Figure 2.1, the scintillator crystals and photodiodes are held on a 
large substrate, typically made of ceramic. The electronic unit for signal processing 
is either located on the substrate (as shown in Figure 2.1) or on a dedicated electron-
ics board, which sits behind the substrate, with crystal and photodiode relative to the 
X-ray source. A complete CT detector system consists of many detector modules (40 
to 60) arranged in an arc centered at the X-ray focal spot.

Detection of optical photons is accomplished by a back-illuminated photodiode 
(BIP) [5]. Figure 2.2 is a diagram showing a cross-sectional view of the BIP. The bulk 
silicon of the common cathode device is type n−, with individual anodes for each pixel 
formed by a p+ diffusion on the lower side. Each pixel anode has a metal pad, which 
is in turn directly connected to the electronics substrate below (see also Figure 2.1). 
Light from the scintillating crystal is absorbed at the top of the photodiode, where 
charge carriers are created. The electrons, being majority carriers in n-type silicon, 
conduct quite freely to the cathode connection. The holes, being minority carriers in 
the bulk, must move toward and be absorbed by the anode on the other side before 
a photocurrent is created. The BIP is operated at zero or low bias. Thus, the bulk of 
the silicon is field free. This means that holes created by illumination on the backside 
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FIGure 2.1 Cross section of a CT detector module based on back-illuminated photodiodes. 
(From Medical Imaging 2004: Physics of Medical Imaging, ed. Martin J. Yaffe and Michael 
J. Flynn, Proceedings of SPIE, vol. 5368 [Bellingham, WA: SPIE, 2004]. With permission.)
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move only by diffusion to reach the anodes. Consequently, hole diffusion in the bulk 
is the dominant process responsible for crosstalk and the temporal properties of the 
BIP. With this type of photodiode, rise and fall times on the order of 10 µs can be 
achieved (see Table 2.1).

Signal processing in the CT detector’s front end basically comprises (a) accumu-
lation of the photocurrent of each pixel during frame time and (b) conversion of the 
obtained charge to a digital signal. The frame time, which is also referred to as the 
“integration period,” can be as short as 100 µs. In current Philips scanners, the pho-
tocurrents of the detector matrix are processed by an advanced current-to-frequency 
converter called TACH ASIC (application-specific IC) [4]. The basic circuit is shown 
in Figure 2.3. The photodiode current is applied to the input of an integrator. In 
operation, the integrator output is a voltage ramp with slope proportional to input 
current. When the integrator output reaches a threshold, a comparator is triggered, 
which in turn causes a preset amount of charge on a reset capacitor to be dumped at 
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FIGure 2.3 Basic circuit and operating principle of the TACH current-to-frequency 
analog-to-digital converter. A number C of charge packets is counted within the effective 
frame time T yielding a measure of the photocurrent at the input of the amplifier. (From 
Medical Imaging 2006: Physics of Medical Imaging, ed. Michael J. Flynn and Jiang Hsieh, 
Proceedings of SPIE, vol. 6142 [Bellingham, WA: SPIE, 2006]. With permission.)
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FIGure 2.2 Cross section of the back-illuminated photodiode (layer thicknesses not to 
scale). (From Medical Imaging 2004: Physics of Medical Imaging, ed. Martin J. Yaffe and 
Michael J. Flynn, Proceedings of SPIE, vol. 5368 [Bellingham, WA: SPIE, 2004]. With 
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the integrator input. This causes the cycle to start over, and the circuit in effect oscil-
lates at a frequency proportional to the photodiode current at the input. By counting 
the number of comparator pulses within the frame time along with a measure of the 
time from the first to last pulse in the frame time, it is possible to get an accurate 
measurement of the frequency and thus the input current. A small bias current is 
needed at the input to ensure that at least two pulses occur within the CT sampling 
period so that a frequency can be determined.

The TACH ASIC can be operated at the required maximum readout rate of 10,000 
frames per second (fps). For a frame rate of 2,500 fps, the electronic noise floor is 
about 2 pArms [4]. Nonlinearity in the detector is dominated by the electronic readout, 
since the scintillating crystals and photodiodes are very linear over a wide range. 
Tests [4] have shown that the nonlinearity of the TACH is well below 0.1%.

2.3 cMos InteGrAtIon

Although CT detectors today exhibit excellent performance, bringing the sensor 
closer to the readout electronics can further improve noise performance and enable 
quantum-limited operation across the whole dynamic range, i.e., only limited by 
photon noise. As mentioned previously, today’s photodiodes are directly bonded onto 
the readout electronics through an interposer. Further integration ultimately means 
bringing the sensor into the same substrate as the electronics. An additional benefit 
of monolithic integration is the reduction of complexity of the detector and, conse-
quently, a significant cost reduction.

There have been several efforts in the direction of implementing a monolithic 
CT detector. In a first step, a CMOS photodiode was developed (see Section 2.3.1). 
Further, an in-pixel current amplifier was developed, which enables the use of CMOS 
photodiodes in CT detectors today (see Section 2.3.2). Although this is decidedly not 
a monolithic integration, it already benefits from the introduction of inexpensive 
CMOS photodiodes in a CT environment. The first reported monolithic CT detector 
was based on an in-pixel gain-switching amplifier with continuous readout. Details 
of this implementation and results are presented in Section 2.3.3. Although this ASIC 
already represents a high degree of integration, the output is still analog, and further 
analog-to-digital (ADC) conversion is required. The ultimate step is to further inte-
grate the ADC into the same substrate. This is presented in Section 2.3.4, where an 
in-pixel current-input sigma-delta modulator is used as front-end electronics.

2.3.1 Cmos phoTodiode

Photodiodes can be simply realized in standard CMOS processes using p–n junctions. 
Modern downscaled processes, however, typically require substrates exhibiting high 
doping concentrations and, hence, short diffusion lengths. This fact prevents achiev-
ing high responsiveness, and the optimization of it is a rather complicated matter. 
Low responsiveness is certainly no limitation as long as the signal can be efficiently 
amplified. Reducing the noise at the input of the amplifier is then of extreme impor-
tance for maximum resolution and dynamic range. Other parameters of importance 
for the application are both dark current and cutoff frequency. Since the amplifier 
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input capacitance (photodiode + amplifier capacitance) contributes in square-law 
manner to the noise-power transfer function, the first measure to lower the input 
equivalent noise is to minimize this capacitance. Additional noise-reduction tech-
niques can be later used in the readout electronics.

A new photodiode structure has been devised. Both low-capacitance and dark-
current requirements were addressed by implementing a dot-diode that basically 
consists of paralleling a number of dot-sized p–n junctions. Figure 2.4 shows a 
transversal view of the new photodiode. Figure 2.5 visualizes the doping profile as 
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FIGure 2.5 Doping profile of the CMOS photodiode across the photon collection 
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FIGure 2.4 Transversal view of the low-capacitance CMOS photodiode with N-dot struc-
turing. (From R. Steadman et al., “A CMOS Photodiode Array with In-Pixel Data Acquisition 
System for Computed Tomography,” IEEE Journal of Solid-State Circuits 39 [2004]: 1034–
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a cross-section along the depth between two dots. Impinging light photons gener-
ate electron-hole pairs mainly off the space charge region (on the contrary to area 
diodes), so that the dominating charge transport is the diffusion of minorities [6].

When using an epitaxial (p-type) substrate, we benefit from having a lower dop-
ing concentration near the surface, and thus a potential well is formed. The carrier 
lifetime and the diffusion length are significantly higher in this region, where minor-
ity charges (i.e., electrons) are being collected. During the process, it is important to 
keep electrons away from the surface to prevent high recombination rates. For this 
matter, a p+ surface topping (pdiff in Figure 2.4) was added to prevent surface recom-
bination and to push minorities further down into the substrate.

The electrons diffuse then to the Nwell-dots. The number of dots and distance 
between them can be optimized for low capacitance at the price of lowering some-
what the responsiveness, and vice versa. A good compromise has been found for 
a given structure and process. In the present prototype, the distance between dots 
is 100 µm. This distance is halved at the edge to increase sensitivity and reduce 
leakage to the guard rings or to neighboring pixels. The way these dots intercon-
nect has been optimized for low capacitance. Redundancy was brought into the 
design by connecting all dots at both sides and thus lowering the series resistance 
and improving yield. This structure can be seen in Figure 2.6 (pixel photomicro-
graph), where the different parts can be identified. Electronics are also depicted in 
the same figure.

The photodiode size is 1.390 × 0.830 mm2. Table 2.2 summarizes the main char-
acteristics of the CMOS photodiode. Although the responsiveness is somewhat 
lower compared with area diodes and a factor 2.5 to 3 times lower than dedicated 
photodiodes, designing electronics for low noise benefits enormously from having 
a capacitance of about 9 times lower (with regard to front-illuminated standard CT 
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FIGure 2.6 Photodiode pixel photomicrograph with corresponding pixel electronics. 
Electronics correspond to the CMOS monolithic integration, as described in Section 2.3.1. 
(From R. Steadman et al., “A CMOS Photodiode Array with In-Pixel Data Acquisition System 
for Computed Tomography,” IEEE Journal of Solid-State Circuits 39 [2004]: 1034–1043. 
With permission.)



28 Electronics for Radiation Detection

photodiodes). The data of Table 2.2 were obtained at realistic operation conditions, 
i.e., 1-V reverse bias, and responsiveness was measured at 480 nm, the light output 
wavelength for the scintillator material used (CdWO4). Trade-offs have to be made 
on choosing a proper reverse voltage for the photodiode. The higher the reverse volt-
age, the lower is the capacitance, but dark current increases accordingly. The 1-V 
reverse bias was considered a good compromise, even though a somewhat higher 
dark current would not significantly deteriorate overall performance.

2.3.2 CurrenT ampliFier

As mentioned previously, the monolithic integration of both photodiode and read-
out electronics can bring a significant improvement in performance at a lower cost. 
Computed tomography can, however, already benefit from the introduction of CMOS 
photodiodes replacing existing optically enhanced arrays. However, this step is not 
trivial, considering that current CT systems are based on common cathode arrays, 
whereas CMOS photodiodes are of the common anode type, as outlined in Section 
2.3.1. Therefore, the introduction of CMOS photodiodes in CT can only be achieved 
by either redesigning the front-end electronics or by interfacing both elements in 
some way. As the CT readout ASICs have been developed over a number of years 
to optimize noise performance, any topology step requires a long design cycle and 
multiple verification steps. From a development perspective, designing an interface 
that allows the use of CMOS photodiodes with existing readout ASIC is preferred. 
To this end, we propose a current-mode amplifier that not only ensures the right cur-
rent direction, but also compensates for the lower responsiveness of the CMOS array. 
Noise performance is critical, as such circuits must not worsen the signal-to-noise 
ratio (SNR) of the existing readout circuit.

The circuit proposed here is based on a current-mirror approach. Noise is only 
one aspect that needs to be accounted for. A number of measures also have to be 
taken into consideration to ensure a good performance in terms of dynamic range, 
bandwidth, and linearity.

Current-mirror circuits suffer from mismatch in many different forms. It is 
important to notice, though, that gain errors and current offset do not have a large 
impact in the application as long as they do not drift. A CT scanner normally 
goes through thorough calibration procedures to ensure the highest possible image 
quality. Any contributions that could affect the linearity of the system are indeed 

tAble 2.2
Measured characteristic of cMos Photodiode
Capacitance 5.6–6.4 pF a

Dark current 150 fA (at 20°C)

Responsiveness 0.13 A/W (λ = 480 nm)

Cutoff frequency >15 kHz

a Pixel size is 1.390 × 0.830 mm2.
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critical. A nonlinearity of more than 0.1% might already cause artifacts in the 
reconstructed image.

Considering statistics over a number of pixels/chips, two main errors of current 
mismatch may be identified: the error in the mean µ (or systematic errors) and the 
error in standard deviation σ (random errors). Systematic errors can be addressed 
by careful layout of the current-mirror structures, e.g., common-centroid design [7]
with large multipliers. The layout has very little influence in the errors in σ, though. 
These have to be addressed by transistor design and/or circuit measures. Among the 
most important mismatch mechanisms [7, 8], there are especially two to take care of 
for the high dynamic range considered here. These are the channel-length modula-
tion and the threshold-voltage mismatch. Considering a simple current mirror with 
input current I1 and output current I2, the different mismatch phenomena contribute 
as shown in Equation (2.1), where λ is the channel-length modulation, VGS is the 
gate-source voltage, and K is ½ × µ × Cox, with µ being mobility and Cox being gate 
capacitance. Equation (2.1) assumes the use of large-channel devices. In the present 
design, the pMOS transistors have a width/length (W/L) of 10/15 µm.
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Figure 2.7 shows the complete in-pixel electronics, including the primary cur-
rent mirror consisting of transistors T1 and T2. In our case, in order to minimize the 
effect of the channel-length modulation, an operational amplifier has been used to 
clamp the voltage across drain and source (VDS) of both pMOS current-mirror tran-
sistors. In this way, the circuit is also immune to input offset drift of the readout 
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FIGure 2.7 Complete in-pixel current-mode amplifier. (From R. Steadman et al., “A High 
Dynamic Range Current-Mode Amplifier for Computed Tomography,” IEEE Journal of 
Solid-State Circuits 41 [2006]: 1615–1619. With permission.)
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circuit. Due to linearity requirements and integration issues, a simple single-stage 
output OTA (operational transconductance amplifier) has been used, the gain of 
which should be high enough to ensure a low-input offset and a sufficient frequency 
response. In this design, the open-loop gain is 67 dB, and the gain-bandwidth prod-
uct, GBW, is 1.5 MHz. The OTA biasing is set to 24 µA. The geometry relation N 
between both transistors in the current mirror provides the gain of 3 (N = 3).

The operation amplifier ensures that VDS1 = VDS2. However, in nonideal condi-
tions, the OTA has a certain offset that needs to be accounted for to ensure that the 
nonlinearity contribution by channel modulation can be neglected. In the present 
design, the maximum OTA offset is in the range of 400 µV. For the considered pro-
cess and transistor length, λ is approximately 0.02 V−1. Taking this into account, the 
maximum nonlinearity is below 20 ppm. Indirect measurements indicated an OTA 
offset in the range of 1 mV (corresponding in theory to a maximum nonlinearity of 
40 ppm). The readout circuit may also force a certain offset at the output node of 
the current amplifier and can therefore further contribute to channel modulation. As 
this offset has been characterized to be below 50 µV, it has been shown that it can 
be neglected.

The voltage-threshold mismatch is affected by process control, transistor design, 
and operating-point conditions. It can be demonstrated that, for operation in weak 
inversion, the voltage-threshold mismatch causes a constant error that does not influ-
ence the linearity of the system [9, 10]. As mentioned previously, this would correspond 
solely to a systematic error and, thus, would not be critical. For the high dynamic range, 
though, it is not practical to keep the transistor in weak inversion. Since the operating 
point will certainly move to moderate or even strong inversion, Equation (2.1) needs to 
be rewritten to consider such conditions, as seen in Equation (2.2).
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As can be seen from Equation (2.2), there is a distortion term that depends on the 
input current I1, and thus it contributes to the nonlinearity. If there were no voltage-
threshold mismatch ∆VT, only a gain error would be present. The actual value of the 
threshold-voltage mismatch can be determined by the CMOS process characteriza-
tion. Taking a closer look at Equation (2.2), it can be seen that the best option to 
minimize the nonlinearity introduced by the threshold-voltage matching is to make 
the length L as large as possible.

Given the mismatch requirements and noise performance, transistor T1 has to be 
a large device. For low photocurrents (below 1 nA), the bandwidth requirement can 
only be fulfilled by biasing the circuit (1 nA). The amplified bias is then subtracted at 
the output node. The bias is provided by an external source using an nMOS-regulated 
current mirror of the same kind (transistors T3 and T4). The transistor T5 delivers an 
amplified Ibias (also by a factor N = 3). Thus, ideally, no bias will be seen at the out-
put. Due to matching issues, it is very likely that a portion of Ibias is still seen at the 
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output. To a certain extent, as long as it does not compromise the SNR, it is not a 
problem, since the system undergoes an offset correction before every acquisition. 
The noise bandwidth is kept low by the capacitors, C. Low-frequency noise contribu-
tions at the input node will ideally not be seen at the output due to the bias-current 
subtraction.

Another possible source of nonlinearity is the bulk effect. In the pMOS transis-
tors, the bulks are connected to the source, and thus this effect can be neglected. In 
the case of the nMOS current-mirror, this connection cannot be done. However, in 
this case, the current mirror (T3 and T4) sources constant current Ibias, and therefore 
will not be affected by deviations of the bulk-source potential. Only the transistor 
acting as subtractor (T5) can deviate and cause a nonlinear effect at the output. This 
is very unlikely, though, since the readout circuit at which the output is connected 
ensures a virtual ground.

Because CT detectors are typically large-area devices, it is not practical to pro-
vide an external bias to every single pixel. A single bias may be provided in par-
allel to all pixels at the risk of compromising the yield and not having a proper 
distribution over the chip area. To this end, a so-called bias-regeneration principle 
has been further integrated at the pixel level. Another pMOS–regulated current 
mirror (T7 and T8) is used to replicate the input bias. This replicated bias is then fed 
into the next pixel.

In this way, a number of pixels can be clustered together. Noise bandwidth is 
also kept low here, thus minimizing the noise propagation through the bias chain. 
Simulations show that bias deviations of more than ±15% will not significantly dis-
turb the performance in terms of bandwidth. Effectively, more than 16 pixels may 
be chained together. In reality, though, more pixels may be tied together, since mis-
match effects may compensate each other due to statistics. However, bias deviation 
does have an effect on offset. A changing offset may be seen as a nonlinearity for the 
low input range. So, accuracy of the bias replica is not important as long as it shows 
a good stability.

The circuit shown has been realized in a 4 × 4 test-structure array fabricated in a 
0.8-µm FhG-IMS process. To evaluate whether the pixel clustering has any effect on 
the performance, all pixels have been chained in different constellations. The supply 
rails are set at +4 V and –1 V. In this way, the photodiode sees a reverse voltage of –1 
V, i.e., a condition that ensures a proper linearity and a good compromise between 
capacitance and dark current. The power consumption is approximately 350 µW/
pixel in dark conditions. Note that the area covered by the active electronics matches 
roughly the passive area located below the walls of the antiscatter grid and below the 
septa between the scintillator blocks.

Performance in terms of noise, linearity, and bandwidth was investigated experi-
mentally. Noise has been measured with the proprietary TACH readout circuit 
intended to be used in combination with the proposed circuit (see Section 2.2). The 
measured noise amounts to 3 pArms for a time frame of 320 µs (5 pArms at 180 µs). 
These noise figures correspond to the performance of the readout system, thus 
indicating that noise is not dominated by the proposed circuit. The same applies for 
the 1/f noise performance.
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Linearity was also measured. With the actual test array, a nonlinearity in the 
range from 0.2% to 2% has been achieved. The voltage-threshold mismatch has been 
underestimated, yielding significantly worse results than expected. At low current 
(Ibias >> Iph), the bias current dominates, i.e., for low current there is an offset mis-
match but a fairly linear behavior. The larger the bias current, the better the linearity 
must be. In this way, it has been possible to confirm that the nonlinearity is caused 
by an underestimated voltage-threshold mismatch. In order to address this high non-
linearity, trade-offs between a somewhat larger bias, larger transistors, and relaxed 
noise specification have to be made.

Offset at the output was characterized and found to have a spread of approxi-
mately 220 pA over an array. This, however, is not critical for the application. This 
offset corresponds solely to the mismatch of the bias to the output node. This has 
been consequently validated by turning off the bias and measuring the offset, which 
in this case was in the range of 1 pA or less.

Bandwidth has been characterized using a commercial transimpedance ampli-
fier and analyzing the step response. The bandwidth of the current amplifier itself 
is slightly larger than specified, around 15 kHz, whereas only 10 kHz is needed. A 
large bandwidth obviously accounts for a higher noise contribution. In principle, this 
could be tuned by lowering the bias current at the expense of a slightly higher non-
linearity, as mentioned previously.

2.3.3  monoliThiC inTegraTion oF Cmos phoTodiode 
and readouT eleCTroniCs

When integrating photodiodes and electronics into the same die, we benefit from a 
design that is custom made to find the best fit among components. It is often thought 
that the best single-performance elements yield the best system performance. 
Nevertheless, this argument is misleading when it comes to in-pixel integration. On 
the one hand, a standard CMOS process sets certain limitations on the photodiode. 
On the other hand, electronics will suffer from area constraints, and difficulties arise 
when considering CT specifications. Thus, we aim at finding the best system per-
formance regardless of the nonideal characteristics of its components [11]. Table 2.1 
lists the main specifications for the CT detector. Of main importance are the very 
high dynamic range and the severe linearity requirements that have to be fulfilled. 
Such a high dynamic range sets an important challenge in terms of in-pixel integra-
tion. In order to build a CT detector with a reasonable geometric DQE (detector 
quantum efficiency), the area for electronics is constrained to less than 30% of the 
total pixel size. In this case, a single-stage amplifier is preferable.

A CMOS photodiode was presented in Section 2.3.1, which showed that ultimate 
performance and cost reduction can be achieved by integrating both sensor and elec-
tronics into the same substrate. To this end, we aim at the monolithic integration of 
both elements into a standard CMOS process.

The CMOS photodiode has been optimized for low capacitance. It can be dem-
onstrated that, for a maximum input equivalent electronic noise current of 0.8 
pArms, a maximum photodiode capacitance of 12 pF is allowed (photodiode size 
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1.390 × 0.830 mm2). The photodiode discussed in Section 2.3.1 fulfills this require-
ment by showing an equivalent load capacitance of 5.7 pF at −1 V reverse bias.

The electronics consist of an integrator stage with automatic gain switching and 
a sample-and-hold stage that allows simultaneous integration and readout. This is a 
mandatory requirement, as in CT it is necessary to maximize X-ray dose usage. The 
amplifier (integrator stage) has to handle an input current ranging from 6 pA to 173.8 
nA. A frame rate higher than 2400 fps and a differential nonlinearity better than 
15 bits also constrain the in-pixel electronics design. These limitations have been 
overcome in the present prototype consisting of a 10 × 20 array with a pixel pitch 
of 1.8 mm × 1.0 mm2. As described previously, the photodiode-generated current by 
the scintillator light is integrated over a certain time period. In this section, we will 
discuss which components and techniques are necessary to obtain a functional chan-
nel adhering to specifications emphasizing monolithic integration issues. Figure 2.8 
shows the basic topology of the integrator stage.

Due to linearity considerations, an OTA topology is compulsory. High DC gain 
is necessary to ensure high linearity and low gain error. Mainly due to the area con-
straints, a folded cascode stage has been implemented. Gain-boosting structures have 
been necessary to yield an open-loop gain higher than 90 dB. The GBW is higher 
than 17 MHz. In order to relax specifications in terms of dynamic range, a gain-
switching approach has been considered. The idea is to divide the entire dynamic 
range into two regions so that the OTA performance can be reduced. For the gain 
ratio of 32 (25), the OTA dynamic range can be reduced down to 12 bits, while the 
5-bit-gain step is indicated by a single-bit digital output used as a gain flag. Gain 
is set automatically during normal operation, depending on the integrated charge. 
Figure 2.9 shows the amplifier philosophy where both gain regions can be identified. 
Such gain-switching is a well-known technique, an example of which may be found 
in Schanz et al. [12].

The two capacitors in the feedback loop provide the two different gain factors. To 
implement such a gain-switching approach, an auto-zero comparator is needed to set 
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FIGure 2.8 Simplified schematic of pixel electronics with automatic gain-switching. (From 
R. Steadman et al., “A CMOS Photodiode Array with In-Pixel Data Acquisition System for 
Computed Tomography,” IEEE Journal of Solid-State Circuits 39 [2004]: 1034–1043. With 
permission.)
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the operating range. During a reset cycle (reset switch not shown in Figure 2.8), both 
integrator capacitors are discharged to the bias voltage plus the OTA offset,

 v v V vC C offset l
= = +

=31 0
1 .

After that, only the capacitor C is connected, providing feedback to the amplifier, 
while 31C remains in reset condition. If the integrated charge causes a certain preset 
threshold voltage to be reached, the comparator trips, which causes the large capaci-
tor 31C to be connected in parallel to C, hence reducing gain by a factor of 32. No 
charge is lost during the process. For test and characterization purposes the gain 
switching can be controlled using external signals. The state of the comparator is 
latched and used as a digital output providing information on the gain status.

Since it is not feasible to read out the 200 pixels during the reset phase, it is neces-
sary to make use of a sample-and-hold circuit (S&H) to enable time-multiplexing of 
all signals to the output. This S&H block can be seen in Figure 2.10. All pixel outputs 
will be latched individually (both digital and analog) and read out during the follow-
ing frame through a single time-multiplexed output. Radiation hardness is not really 
an issue, since electronics may be placed below the frame for interpixel crosstalk 
suppression and below the antiscatter grid.

Layout of the integrated circuit is a very important issue when it comes to mixed-
signal ICs, and it is particularly critical when considering the very low currents that 
the input stage has to deal with. Special care has to be taken, and an analysis of 
capacitive couplings among sensitive nodes (input node mainly) and fast varying 
signals (digital) has to be made. A parasitic extraction tool was developed to search 
for any capacitive coupling among nets. It has to be taken into account that a parasitic 
capacitance of any digital signal to the amplifier input node of just 7.3 aF would cause 
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a distortion of about ½ LSB (least significant bit or ADC counts) at 12 bits resolution 
[6]. Measures were adopted consisting of shielding all sensitive lines, with special 
attention paid to the integrator input node. Quiet power lines have been used to guard 
the connecting layer between the photodiode and the integrator input. Total area for 
electronics is 0.290 mm2. The pixel photomicrograph can be seen in Figure 2.6.

Prior to system implementation, circuit components and design parameters have 
to be validated by a thorough noise analysis. This study takes into account all noise 
contributions, including nonideal components like on-resistance of the switches. 
Noise calculations have to be made for the different topologies that the integrator 
may present: high-gain, low-gain, and the reset phase. Noise sources are combined, 
aiming to yield total noise for the two operation modes: high gain and low gain. 
Throughout this analysis, all noise sources were assumed to be noncorrelated, which 
is a realistic assumption for the sources themselves and a good approximation for the 
reset process, provided that it is well characterized.

An indispensable characteristic of a CT detector is that it must be a quantum-lim-
ited system, that is to say, all noise sources must combine to a total noise figure that 
is well below the inherent Poisson noise (often called photon noise) of the incom-
ing signal. This noise analysis aims at finding whether the designed components, 
combined in a system, do present quantum limited behavior over the CT operating 
range. Poisson noise can be calculated as the square root of the incoming signal (i.e., 
shot noise characteristic). We understand the CT operating range as the span of useful 
X-ray photons that it is aimed at detecting, i.e., from 40 to more than 1 × 109 X-ray 
photons/mm2/s. When considering the quantum efficiency of both scintillator and 
photodiode, a noise specification can be derived. With the selected scintillator and 
photodiode, the input-referred noise equivalent figure should not exceed the 2000 
e− for quantum-limited operation.
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FIGure 2.10 Sample and hold (S&H) stage. (From R. Steadman et al., “A CMOS 
Photodiode Array with In-Pixel Data Acquisition System for Computed Tomography,” IEEE 
Journal of Solid-State Circuits 39 [2004]: 1034–1043. With permission.)
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Although the electronic noise is signal independent, the noise at the output of the 
detector chain is amplified, and thus the high-gain-region performance is of utmost 
concern (low signal range). The total noise power for every single noise source can 
be calculated solving:

 v S H f dfn noise noise
2 2

0

= ⋅
∞

∫ ( ) ,  (2.3)

where Snoise is the noise-power spectral density, and Hnoise(f) is the frequency-dependent 
noise gain, both depending on the considered noise source [13]. The upper limit 
of the integral must be chosen according to the detector-chain bandwidth. Even 
though the S&H stage is considered ideal in terms of noise (it is located after the 
main amplification stage), the lower cutoff frequency is set by this stage. The noise-
equivalent bandwidth is computed then from the 3-dB corner frequency affected 
by a gain factor, depending on the number of poles (factor 1.22 for a second order 
low-pass filtering) [13, 14]. For the actual design, the noise-equivalent bandwidth, 
and, hence, the upper limit for the noise calculation, is 6.6 MHz. Table 2.3 lists the 
theoretical total figures computed for both high and low gain and the corresponding 
experimental figures.

The measured electronic noise floor is well below the mentioned specification of 
2000 e−. In low gain, noise cannot be evaluated, as the external ADC limits the mea-
surement, as will be described in more detail later in this section. The lower limit was 
set to 1 Hz to show that the intrinsic 1/f noise of the OTA has been suppressed. The 
reason behind this has to be found on the 1/f suppression mechanism [15, 16] taking 
place during the reset phase, known as correlated double sampling (CDS). During 
the reset phase, the feedback capacitor is not only discharged to the 1-V bias plus the 
OTA offset but, in addition, the instantaneous 1/f noise is sampled. While integrating, 
only the difference between the actual values and the sampled one is present at the 
integrator output. Thus, the shorter the integration time, the lower is the contribution 
of the 1/f noise. In this way, by properly choosing the integration period (generally 
constrained by system requirements), the 1/f contribution may be minimized.

As mentioned previously, all pixels are multiplexed to a single output. A row and 
a column decoder (four- and five-bit inputs, respectively) have been integrated at chip 

tAble 2.3
summary of noise Performance

Gain range

theory Measured

e− pA a e− pA a

High gain 1,085 0.43 1,000 0.4

Low gain 1,338 0.53 10,800 b 4.4 b

a Integration period = 400 µs.
b ADC-limited measurement.
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level as well as the column multiplexer. The switches that implement the row mul-
tiplexer have been brought into the pixel electronics. A temperature sensor (PTAT, 
proportional to absolute temperature), with a sensitivity of 1 mV/K attached to a 
S&H stage with a gain of 3 (output sensitivity 3 mV/K), was also implemented at chip 
level. The sensor was included to provide information on die temperature and, hence, 
to enable development of the formal CT calibration and correction algorithms. The 
sensor is mapped as a pixel and can be read out during scan.

Special care had to be taken when designing and routing the power rails. Since it 
is indeed a large device and because power consumption is relatively high (700 µA 
at 5 V, due to single-stage OTA and gain-boosting bias), considerable voltage drop 
may be present in the supply lines. Since the OTA is sensitive to low supply voltage, 
a proper layout turned out to be critical.

Both digital and analog outputs are buffered to provide sufficient driving capa-
bilities. The chip output data rate is 576 kHz. The chips have been realized in a 
FhG-IMS 1.2-µm standard CMOS n-well process, and are three-side buttable, such 
that two chips can be placed on a single ceramic substrate implementing a 20-slice 
detector (detector elements in the patient direction). The ASIC size is 2 cm × 2 cm. 
Figure 2.11 shows an actual CT prototype. One of the chips (bottom one) has a 

ADCs

FIGure 2.11 Prototype module including two ASICs (three-side buttable). Only one ASIC 
has a scintillator placed on top. (From R. Steadman et al., “A CMOS Photodiode Array with 
In-Pixel Data Acquisition System for Computed Tomography,” IEEE Journal of Solid-State 
Circuits 39 [2004]: 1034–1043. With permission.)
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structured scintillator crystal on top. Electronics on the ceramic substrate comprise 
two 14-bit ADCs, level shifters, and digital buffers. Reference voltages are derived 
from the internal ADC reference. Assembly and accuracy issues have been addressed 
in Spies et al. [17].

A number of characterization procedures have been performed to evaluate the 
chip performance. Spies et al. [17] present a detailed description on chip character-
ization. As discussed in Section 2.3.2, important measures of usability for CT detec-
tors are both noise performance and linearity.

Large sets of data measurements have been computed to yield statistics from 
which noise figures can be derived and compared to the theoretical study. In terms 
of noise, there are three important figures: temporal noise of single pixels, spatial 
noise to evaluate for pixel correlations, and 1/f corner frequency.

Table 2.3 lists a summary of the noise results for both high and low gain. Results 
in high gain are in very good agreement with the performance predicted by theoreti-
cal calculations. Low gain shows very high noise figures. The reason for this was 
found not on the chip, but in the external readout electronics. To digitize the analog 
output, an external 14-bit analog-to-digital converter is used. Generally speaking, the 
noise floor of such a device is limited to approximately 0.8 LSB. For the considered 
gain and operating conditions, the chip noise is well below this limit. Consequently, 
it is not possible to check for noise performance in the low-gain region by simple 
means. However, this high-noise figure is of no concern, since such level is still well 
below photon noise for the considered operation range. A more detailed discussion 
can be found in Steadman et al. [10]. Electronic noise, even when considering the 
ADC in the low-gain region, is always below the inherent input noise, and thus it can 
be stated that a quantum-limited system has been achieved. The SNR ranges from 
2.6 bits (15.5 dB) at the minimal X-ray dose (or dark conditions) to 9.8 bits (59 dB) at 
maximum intensity, consistent with quantum-limited operation.

The measurement of 1/f consists of evaluating very large nonaveraged data sets, 
and performing a discrete Fourier transform (DFT) to find pixel-noise spectra. Data 
sets comprising 200-s acquisitions did not show 1/f components. Further measure-
ments were evaluated, and the 1/f corner was found to be at about 900 µHz, which 
is a very interesting result that benefits from the mentioned CDS technique. With 
a shorter integration period, this corner frequency decreases accordingly. We can 
conclude that, for the present prototype, 1/f-noise components are negligible. When 
performing a two-dimensional (2-D) spatial DFT, correlations among pixels were 
not found [17], i.e., crosstalk other than optical or X-rays is negligible.

Linearity is an important issue to prevent artifacts (mainly rings) in the image 
[18]. It can be demonstrated that image artifacts in CT are proportional to the rela-
tive deviation between a linear fit and the sampled data [17]. As mentioned previ-
ously, when minimizing the sum of square deviations, the maximum nonlinearity is 
required to be lower than 0.1%. Integral linearity values have been obtained sepa-
rately in both high gain and low gain. In the high-gain region, linearity deviations 
range from 0.4% to 0.9%. In the low-gain region, they were found to vary from 
0.6% to 1%. The main causes for this relatively high nonlinearity were found in 
the output voltage swing of the OTA and its supply rails. The current configura-
tion appears to be particularly sensitive to low supply voltage rails, resulting in a 
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characteristic bending. Even though this may cause ring artifacts in the projected 
image, the achieved values are stable enough to be corrected. In CT applications, 
the whole system undergoes a number of correction and calibration procedures to 
prevent image artifacts caused by nonuniformities, both gain and offset, and for 
the nonlinearity that may present. A thorough investigation and characterization on 
linearity are discussed in Spies et al. [17].

2.3.4 realizaTion oF an in-pixel sigma-delTa modulaTor

Aiming at an even more compact, cost-effective data readout for X-ray CT, a third 
variant of the CMOS pixel with active electronics is presented. This structure is 
referred to as digital pixel, since each pixel of the matrix encodes its photocurrent 
into a bit stream that is passed to a common electronics unit. Each sensor element is 
formed by a photodiode and a third-order sigma-delta (Σ∆) modulator. The detector 
has been designed for a bandwidth of 10 kHz, i.e., a sampling frequency fs of 20 kHz 
is necessary.

As in any oversampling method, the idea of a ΣΔ converter is to trade resolution 
in time for resolution in speed. A ΣΔ ADC consists of two parts [19]. In the so-
called ΣΔ modulator, the input signal is sampled at high frequency (with oversam-
pling ratio M with respect to fs) and transformed to a pulse density-modulated output 
signal. The modulator employs the noise-shaping principle, i.e., the quantization 
noise resulting from the rough quantization through the simple ADC unit, which is 
often a two-level comparator, is shifted to higher frequencies (modulation noise). 
This is accomplished by a feedback loop that subtracts a defined signal amplitude 
from the input node, depending on the result of the last quantization operation. The 
sequence of outputs from the simple quantizer forms a pulse-density-encoded sig-
nal at high speed. It is passed to a filter that down-samples the digital signal to the 
Nyquist frequency (decimation) and removes the modulation noise with a low-pass 
filter (LPF) [19].

Similar to the approaches discussed in the previous two sections, a 4 × 4 test struc-
ture of the detection device has been produced in a FhG-IMS 0.8-µm standard CMOS 
process [20, 21]. The photodiodes cover 71% of the area. The generic structure of 
the realized digital pixel is shown in Figure 2.12. Sampling of the photocurrent at 
elevated rates M × fs = 3 MHz is performed through the feedback loop of the Σ∆ 
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FIGure 2.12 Block diagram of the third-order Σ∆ modulator.
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modulator. Note that the incoming current, which has negative sign and ranges from 
6 pA to 173.8 nA, is directly integrated on the first, continuous-time integrator (1/s). 
The remaining part of the modulator is in discrete-time operation and driven by two 
nonoverlapping clocks. A reference voltage Vm acts as mid-voltage for the differential, 
clocked parts, as reference for the common-mode control of the operational amplifi-
ers and also as reference at the noninverting input of the continuous-time integrator.

Outputs of the continuous-time integrator and discrete-time integrators (z/[z − 1]) 
are weighted by the coefficients a1, a2, b1, b2, and b3, and are fed to the comparator. 
The introduction of weighting coefficients is necessary to ensure stability of the feed-
back loop. The current feedback (+) is accomplished with a switched-capacitor (SC) 
source similar to the charge pump of the TACH described in Section 2.2. A 1 at the 
comparator output initiates the transfer of charge into the first integrator, thereby bal-
ancing the incoming flow of electrons on average. In the case of a 0 at the comparator 
output, the SC current source takes a small amount of charge from the first integrator. 
Again, this has been implemented to have a stable feedback loop. The SC source is 
adjusted such that the average bit density is 15% at minimum input signal and 85% 
at maximum. The overall effect of the feedback loop is a shaping of the quantization 
noise, i.e., quantization noise is suppressed in the passband at the expense of enhanced 
quantization noise in the stopband.

The bottom diagram of Figure 2.13 demonstrates the case where the test ASIC 
has been exposed to light of an LED modulated at 1 kHz. The frequency spectrum 
exhibits a peak at exactly 1 kHz and some harmonics are attributed to the LED. A 
linear fit above the signal band from about 10 kHz to about 100 kHz gives a gradi-
ent of 40.3 dB/decade. This complies with the expected value of 40.0 dB/decade for 
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a third-order modulator with the used weighting coefficients. The integrated noise 
power Snoise up to 10 kHz yields an equivalent input-referred noise of about 20 pArms. 
This has to be compared with the specification of a minimum X-ray photon noise 
of 6.3 pArms. Simulations on the layout level confirm that the noise level is higher 
than the contributions of modulation noise and thermal noise of the SC source. An 
additional important noise-coupling path could be identified. It is facilitated by the 
network of the reference voltage Vm. A countermeasure would be to decouple the 
sensitive input node from the high switching activity of the SC circuitry by estab-
lishing a dedicated reference voltage for the first integrator.

According to the principle of Σ∆ conversion, the postprocessing unit has to trans-
form to Nyquist frequency (decimation by a factor M) and to apply a LPF that attenu-
ates the modulation noise above the passband (see Figure 2.13). CT imaging requires 
that the shape of the signal not be distorted in order to preserve the geometrical 
information in azimuthal direction Φ. This requirement can be met by using finite-
impulse response (FIR) filters with linear phase. In particular, sharp transitions in 
Φ, i.e., in the time domain, have to be reproduced accordingly. It is important to 
note that this is inherently given for conventional ADCs for X-ray CT (see Sections 
2.2, 2.3.1, and 2.3.3), because these integrate the photocurrent over the integration 
period, which corresponds to a boxcar windowing and, thus, a sync function in the 
frequency domain. In contrast, many applications of Σ∆ data converters seek to 
achieve a high resolution over the full bandwidth with sharp cutoff, i.e., a boxcar 
filter in the frequency domain.

The solution for the described detector is to approximate a sync-filter up to the 
first zero at 10 kHz. Such a filter can be implemented in a hardware-efficient way 
employing a two-stage design [19]. First, a sync-filter of third order performs the dec-
imation to an intermediate frequency of 100 kHz. An FIR decimation and LPF with 
a customized transfer function H as described previously transform from 100 kHz 
to the Nyquist frequency [21]. The low-pass characteristics of such an FIR filter is 
indicated in Figure 2.13. Note that the filter reduces the noise current by typically 
20%–30%. The filter structure also serves as an anti-aliasing filter on the signal. It 
could be shown that aliasing streaks emerging at strong transitions from bone to soft 
tissue are indeed mitigated by this type of digital filter.

2.4 CounTing-mode CT deTeCTors

Photon-counting mode-imaging detectors are regarded as viable options to replace 
indirect-conversion, integrating-mode devices in many fields of medical X-ray imag-
ing. There are many reasons for a transition to semiconductor radiation detectors, 
which are read out in single-quanta counting mode. For instance, a higher signal-to-
electronic-noise ratio and a better spatial resolution due to a finer pixel segmentation 
can be achieved. If multiple threshold channels are provided, novel modes of X-ray 
imaging become possible. Spectral imaging with multithreshold counting detectors 
appears to be most attractive, as it allows for material separation and quantification 
[22, 23]. This is especially important in CT, where high-Z elements acting as mark-
ers in contrast agents could be identified by the unique imprint of their K-edges 
on the polychromatic spectrum generated by the X-ray tube [24, 25]. A particular 
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realization of spectral X-ray imaging is the energy-weighting technique, which 
yields X-ray images with significantly higher contrast-to-noise ratio compared to 
acquisitions in integrating mode [26, 27].

A sketch of part of a counting-mode imaging detector is shown in Figure 2.14. 
The most promising sensor materials for use in X-ray CT are the compound semi-
conductors CdTe and CdZnTe. For a detective quantum efficiency >98%, which is 
regarded as necessary in X-ray CT, a sensor thickness of about 3 mm is required. In 
the simplest configuration, the Cd(Zn)Te crystal is covered by a continuous cathode 
on its upstream side and by a matrix of rectangular anodes on its downstream side. 
X-ray photons generate charge carriers within the Cd(Zn)Te, which drift toward their 
respective electrodes. Readout electronics sense the charge induced on the anodes.

A model for the timing of the induced charged can be derived from the following 
equation for a single electron [28, 29]:

 I t e E x t x te( ) ( ( )) ( ( ))= × × ⋅∇µ ϕ


 

 (2.4)

where e denotes the elementary charge; µe the electron mobility; 


x t( ) the electron tra-
jectory, with t indicating the time axis; 



E  the electrical field; and ∇ϕ the gradient of the 
anode weighting potential. In more detail, ϕ( ( ))



x t  describes the ratio of the induced 
charge on the anode to that of the source charge at position 



x t( ). It is a dimensionless 
value between unity (at the anode) and zero (at all other electrodes) [29].

The trend of the photocurrent is dominated by the component of the weighting 
field ∂ϕ/∂z, which is parallel to the beam direction. Due to a localized weighting 
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FIGure 2.14 Sketch of a direct-conversion, photon-counting detector using Cd(Zn)Te as 
sensor material.
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potential, the electrons produce a signal boost shortly before they arrive at the anode 
(known as small-pixel effect) [30, 31]. For bias voltages of several hundred volts, the 
drift time td is in the range of 100–200 ns. The boost of the small-pixel effect con-
fines signal induction on the anodes to a time interval of a few tens of nanoseconds. 
This enables the registration of photon rates of several 106 counts per second per 
pixel. Fast-counting electronics are necessary to register the current signals induced 
by single X-ray photon events.

The analog block of each electronic readout channel for counting consists of a 
preamplifier (or charge-sensitive amplifier, CSA) and circuitry for signal shaping. 
The shaped signal is passed to N comparators, and the comparator outputs are fed 
to digital counters (see Figure 2.14). The N energy thresholds of the readout elec-
tronics provide a coarse energy quantization. While this data acquisition mode is 
employed in spectral X-ray imaging, finer energy dispersion is necessary for detec-
tor calibration and for detector development. The intrinsic energy resolution of a 
counting detector can be obtained by scanning at least one discriminator threshold 
over the range of relevant peak amplitudes. Energy spectra can be derived by com-
puting the derivative.

In contrast to their integrating-mode counterparts, counting-mode detectors have 
to be characterized and calibrated in the energy domain. Radioactive sources such 
as 241Am and 57Co are readily available to assess the detector response. However, 
these sources do not cover the energy range of K-edges of possible contrast agents 
between 25 keV and 55 keV. Further, tests with monochromatic radiation at high 
flux are not possible. Special beam lines of some synchrotron facilities provide the 
desired radiation [32, 33].

As an example, energy spectra taken with a detector based on single-line CdTe 
arrays manufactured by GammaMedica-Ideas (Northridge, California) are presented 
by Tajima et al. [34]. The detector is equipped with 1024 pixels with 0.4-mm average 
pixel pitch. The active area of each pixel is 0.38 × 1.6 mm with a crystal thickness of 
3 mm. The bias voltage was set to 700 V. A lead slit placed in front of the detector 
crystals reduces the illuminated part of the detector to a height of 1.2 mm.

The experiment was carried out at a beamline of the HASYLAB facility at DESY 
in Hamburg, Germany. The DORIS-III storage ring contained positrons at 4.44 GeV. 
Five bunches were filled, yielding typical currents of about 110 mA. The bunches 
are separated by 192 ns in time. The beamline employs synchrotron radiation that is 
emitted from a bending magnet of the DORIS-III storage ring. The beam is passed 
to a double-bounce monochromator equipped with Si(511) crystals. The beam height 
was about 0.8 mm, and the beam width was about 11 mm. Beam intensity can be 
changed in two ways: First, by detuning one of the monochromator crystals, the 
intensity could be reduced. Second, an attenuating metal foil, e.g., made of copper, 
can be put into the beam path.

Figure 2.15 shows exemplary experimental results for one detector pixel and 
the scan of one energy threshold measured at a count rate of 105 photons s−1. Eight 
distinct incident energies ranging from 25 to 60 keV were used. The maximum 
response occurring at the incident energy—the photo peak—can be identified for all 
incident beams. Electronic noise is the main reason for the smearing in the energy 
domain. The low-energy tails can be explained by crosstalk effects like, for example, 
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K-fluorescence and charge diffusion. For instance, a peak is expected at around 
25 keV, corresponding to the energy of Kα-fluorescence photons from cadmium at 
23 keV and tellurium at 27 keV, which originate from X-ray crosstalk from a neigh-
boring pixel. Here, the K-fluorescence photons from cadmium dominate, as they 
have a larger mean free path (1/µ = 120 µm for Cd versus 66 µm for Te). Another 
type of peak is located about 25 keV lower than the photo peak. It is generated by 
photon absorptions, for which energy is lost due to K-fluorescence (escape peak). 
Charge diffusion is responsible for the remaining part of the low-energy tails. For 
a drift time of 100 ns and a diffusion constant of D = 25 cm2/s, one expects a radial 
spread σ = 22 µm according to σ = 2t Dd .

These findings indicate that a compromise in the pixel size must be found; the pixel 
size should not be too small because of spatial crosstalk. On the other hand, pixel size 
must be kept small in order to enable a high count rate capability per unit area.

Detector evaluation in the flux domain can also be performed in a synchrotron 
facility [35]. However, the bunching structure of the synchrotron leads to a time dis-
tribution of X-ray photons that deviates from the time distribution of X-ray tubes and 
radioactive sources. In the experiment at the same facility, a 256-channel line detec-
tor, the N-Energy X-ray Imaging Scanning module (NEXIS) [36, 37] of NOVA R&D, 
Riverside, California, was used. The sensor part is formed by 3-mm-thick CdZnTe 
arrays with 2 × 16 pixels. At the anode side, the height of each row of 16 pixels is 
1 mm. The pitch of the anode pixels within each row is 0.964 mm between pixels of 
the same CdZnTe crystal. A bias voltage of 900 V has been applied. Measurements 
with a 60-keV monochromatic synchrotron beam have been carried out at different 
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FIGure 2.15 Spectral response of one threshold in one detector pixel resulting from mono-
chromatic illumination with photon energies ranging from 25 keV to 60 keV. The count rate 
in the detector was about 105 photons pixel−1 s−1. The data are normalized to an integrated 
count rate of 1 count s−1 above 20 keV. (From J. P. Schlomka et al., “Experimental Feasibility 
of Multi-Energy Photon-Counting K-Edge Imaging in Pre-clinical Computed Tomography,” 
Phys. Med. Biol. 53 [2008]: 4031–4047. With permission.)
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settings of the primary intensity. Besides the photo peak at about 60 keV, there is 
an additional peak at 120 keV. The peak at 120 keV is considered to contain the 
double-coincidence events. The occurrence of events with photon multiplicity >1 can 
be used to check the detector behavior with varying X-ray flux and also to perform 
energy calibration, as will be shown in the following discussion.

In data analysis, the photo peak and the double-coincidence peak have been fit-
ted with Gaussian functions. The integrals of the Gaussian functions are taken to 
estimate the strength in the respective peaks. The integral count rate of both peaks 
as a function of the primary X-ray photon flux is shown in Figure 2.16. A direct mea-
surement of the primary X-ray photon flux was not possible. However, the number of 
counts above the noise threshold can be used to estimate the incident X-ray photon 
rate, taking into account that a pulsed source was used. Estimation of the photon rate 
per pixel is outlined as follows.

It is assumed that photons radiated from different bunches can be separated by 
the detector, and photons generated from the same bunch cannot be resolved [38, 39]. 
The latter assumption was fulfilled, as the pulse length of a detector pixel of about 
350 ns is almost three orders of magnitude larger than the bunch width of about 65 
ps. Strictly speaking, the experimental setup does not comply with the former con-
dition of fast detection, because the maximum pulse length exceeds the bunching 
period τbunch of 192 ns. This deviation from the ideal case will be dealt with later. 
Assuming that k events above the noise threshold have been registered during a time 
of N bunch periods, the quantity
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FIGure 2.16 Measured event rates for the 60-keV peak and the 120-keV peak as a function 
of the estimated incident photon rate (monochromatic 60-keV beam). Data points indicate the 
integral rate of a Gaussian function fitted to the first and second peaks, respectively. The solid 
and dashed lines represent a model for single- and double-photon events, respectively. (From C. 
Bäumer et al., “Testing an Energy-Dispersive Counting-Mode Detector with Hard X-Rays from 
a Synchrotron Source,” IEEE Trans. Nucl. Sci. 55 [2008]: 1785–1790. With permission.)
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 p̂
k
N

=  (2.5)

is an estimate of the probability to register at least one photon per bunch (the present 
work indicates the estimator of a corresponding parameter by a carat symbol). Since 
the X-ray photons emitted by a synchrotron bunch follow a Poisson distribution, the 
mean number of real photons per bunch can be estimated from the count rate mea-
sured with an ideal detector by means of the following equation:

 ˆ ln( ˆ)r p= − −1  (2.6)

Bateman [40] provides a model for a setup where the dead time of the detector 
τdet exceeds the bunch distance τbunch. Defining ˆ /′ =p k N  for the case that a detector 
with dead time counts k events during N periods, the corresponding parameter p′, 
which denotes the probability of registering at least one event per bunch with such a 
detector, can be modeled by Equation (2.7) [40]
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where n = ⎣τdet/τbunch⎦. Thus the real count rate can be estimated from the expression
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The estimate of the real instantaneous count rate visualized in Figure 2.16 has 
been calculated by dividing r̂  by τbunch. The number a (a ∈ N) of incident photons 
per bunch can be measured for any pixel. According to Poisson’s law, the mean rate 
λa of coincident photons can be described by

 λ τa

a
rr

a
e= ×−

!
bunch  (2.9)

The measured rates of single events and double-coincidence events follow the 
model of Equation (2.9) in good approximation (see Figure 2.16). When applying 

Equation (2.9), the estimate r̂  from Equation (2.8) has been taken for the rate param-
eter and a = 1 for the 60-keV peak and a = 2 for the 120-keV peak, respectively. 
The model overestimates the singles rate by about 15% over the whole dynamic 
range. For double coincidences, the model predicts about 30% higher rates than the 
experimental data points. These deviations are explained by the reduced photo-peak 
efficiency. For the double-photon events it has also to be considered that the 120-keV 
peak cannot unambiguously be distinguished from the underlying background, and a 
conservative estimate of its strength has been applied in the fitting procedure.

To conclude, calibration of photon-counting detectors in the energy domain can 
be carried out at synchrotron facilities. An important advantage of measurements at 
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a synchrotron radiation source is that double-photon events (in this case at 120 keV) 
can be used for energy calibration together with the photo peak of the singles events. 
This reduces the measurement effort when characterizing X-ray detectors for imaging 
applications. The respective event rate characteristics are determined by the pulsed 
synchrotron source, the pulse processing time in each detector pixel, and the photo-
peak efficiency. Employing an appropriate model, the rate characteristics can be trans-
formed to the Poisson-distributed photon flux encountered with X-ray tubes [38].

Photon counting and especially energy-resolving detectors can be an interesting 
option for X-ray CT. However, the small pixel sizes necessary for a high-rate capa-
bility lead to technical challenges, such as high density of interconnects and read-
out channels, power consumption, and data rates. The effects of K-fluorescence and 
charge diffusion have to be observed when going to small pixels. CdZnTe and CdTe 
are the most promising materials for energy-resolving CT detectors. Good progress 
has been made to improve the properties of these sensor materials. However, issues 
with polarization and the behavior under intense X-ray flux remain [32].

However, keep in mind that, for CT applications, the X-ray flux can be as high as 
ca. 109 quanta/mm2 and that the described type of counting detectors can currently 
not meet all requirements for CT data acquisition. However, K-edge imaging in pre-
clinical CT with counting-mode detectors has successfully been demonstrated [33]. 
Moreover, photon-counting-based medical CT for dedicated medical applications 
has been demonstrated with a research scanner [41].

2.5 conclusIon

Current CT data-acquisition systems are based on detector modules that comprise a 
scintillator matrix, a back-illuminated photodiode array, and an advanced current-
to-frequency converter for electronic readout. Pursuing an alternative approach for 
light detection and signal processing, research has proved the feasibility of integrat-
ing both photodiodes and electronic readout into a single standard CMOS process. 
This is a particularly complicated matter when considering the severe requirements 
that CT detectors have to fulfill. Of main concern was the lower responsiveness of 
the photodiode, but it has been demonstrated that careful low-noise design and a very 
low input capacitance can overcome this limitation.

Recent advances in direct-conversion sensors and ASIC design make photon-
counting detectors an attractive alternative to integrating-mode detectors. In particu-
lar, the energy-discriminating capability of counting detectors allows medical X-ray 
imaging to enter the spectral domain. This necessitates extensive characterization 
of the energy-response function of each detector channel. The discussion in this 
chapter has also demonstrated how a counting-mode detector can be evaluated at a 
synchrotron facility.
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3 Photon-Counting Energy-
Dispersive Detector 
Arrays for X-Ray Imaging

Jan S. Iwanczyk, W. C. Barber, Einar Nygård, 
Nail Malakhov, N. E. Hartsough, and J.C. Wessel

3.1 IntroductIon

Medical X-ray imaging is widely used for the diagnosis and treatment of disease. 
Common diagnostic X-ray imaging applications include mammography, planar radi-
ography, and computed tomography (CT). Mammography is used as a screening 
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tool for breast cancer detection. Planar radiography is used in a large number of 
procedures, including the detection of bone fracture in an urgent-care setting and 
angiography, which is employed before, during, and after coronary catheterization. 
Computed tomography (CT) is used for the diagnosis of a wide array of conditions, 
especially in the brain and abdomen, where three-dimensional (3-D) information is 
needed. Recently, CT has been used for the screening of asymptomatic patients for 
colon and lung cancer.

In addition to these diagnostic methods, X-ray imaging is becoming increasingly 
important in the treatment of disease. For example, image-modulated and image-
guided radiation therapy (iMRT and iGRT, respectively) use X-ray imaging for treat-
ment planning and during therapy.

Currently, these medical X-ray imaging applications utilize integrating X-ray 
detectors that sum up the incident X-ray flux over time. Although these integrat-
ing systems have been successful, they deliver a large radiation dose to the patient, 
and they do not have sufficient contrast resolution to discriminate between some 
tissue types. Recently, we and others have been developing photon-counting energy-
dispersive X-ray detector arrays that overcome the limitations of integrating detec-
tors. Significant improvements in patient dose, image quality, and ability to perform 
tissue discrimination can be achieved with this new technology if requirements for 
high count rates, good efficiency, and reasonable energy resolution can be met.

We report on the development of an innovative photon-counting detector tech-
nology based on cadmium telluride (CdTe) and cadmium zinc telluride (CZT) pix-
elated arrays electrically connected to application-specific integrated-circuit (ASIC) 
readout structures for photon counting in X-ray imaging applications. We also pres-
ent recent results obtained from a photon-counting detector consisting of a silicon 
photomultiplier (SiPM) coupled to a fast-scintillation crystal. We compare photon-
counting semiconductor-based and photon-counting scintillation-based detector per-
formance and utility for X-ray imaging applications.

These new types of X-ray imaging detectors provide fast and highly efficient 
photon-counting capabilities with sufficiently good energy-dispersive characteristics 
(energy resolution). Systems based on these new detector technologies may employ 
optimal energy weighting to reduce X-ray dose to the patient as well as material-
decomposition analysis of tissue types to improve contrast. We describe the cur-
rent state of the art for X-ray imaging detectors, specifically for X-ray CT imaging, 
and show how photon-counting detectors for X-ray CT can reduce patient dose and 
provide improved contrast through the use of additional energy information not cur-
rently available with integrating detectors.

We review the current development efforts to create photon-counting X-ray 
imaging detectors and describe the benefits of direct conversion detectors and the 
trade-offs between candidate detector materials. Our current design of an energy-
dispersive photon-counting detector for X-ray CT with CdTe and a readout ASIC 
is described. Examples of clinical images taken with these CdTe photon-counting 
detector arrays are presented. We show test results, the ASIC architecture, and the 
preliminary patient study. We also describe improvements to our detector design that 
could enhance the count-rate performance. Finally, we describe our work with pho-
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ton-counting detectors consisting of SiPMs coupled to fast scintillators, and these 
results are compared to those from our semiconductor-based detectors.

3.2  conventIonAl X-rAy coMPuted 
toMoGrAPhy detectors

The soft-tissue contrast and spatial resolution of images that can be produced by 
computed tomography (CT) scanners have enabled CT to become one of the most 
widespread modalities for diagnostic medical imaging. Although used clinically 
for several decades, CT performance continues to improve as new technologies are 
incorporated, and so the effort to improve CT detectors is an active area of research. 
Current CT scanners provide three-dimensional (3-D) images that accurately delin-
eate tissues and help physicians make accurate diagnoses. However, there are two 
major limitations in conventional integrating CT detector technologies: large patient 
radiation dose and insufficient contrast resolution to discriminate tissues types.

A CT image is a spatial distribution of the linear attenuation coefficients of an 
object, µ, where µ at each location is determined by three factors: the chemical com-
position of the object, the mass density of the object, and the energy of the transmit-
ted X-ray photon.1 The chemical composition of the object (atomic number Z of each 
chemical element and its mixture ratio) defines the shape of the curve for attenuation 
(µ) versus energy, while the mass density (ρ) defines the amplitude (scaling) of the 
curve. Figure 3.1 shows a curve of attenuation versus energy for three materials. 
Notice that there is less difference in attenuation coefficients between different mate-
rials at higher photon energies in general (circle) and that a specific energy provides 
the best contrast between materials (arrow).
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FIGure 3.1 Attenuation coefficients for different materials as a function of energy. Notice 
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the middle curve bone, and the bottom curve iodine-blood. (Graph courtesy of Katsuyuki 
Taguchi at Johns Hopkins University.)



54 Electronics for Radiation Detection

The attenuation coefficients of materials are larger in general at lower photon 
energies. Thus, X-ray photons with lower energy are more heavily attenuated than 
ones with higher energy. With conventional intensity-integrating CT detectors, the 
X-ray photon flux—which is transmitted through the patient and is incident on a 
detector—is converted into a digital signal. The conversion process applies a weight 
proportional to the photon energy imparted to the detector and adds dark-current 
noise and Swank noise.2,3 Photon-counting detectors, however, count each individual 
photon and therefore do not add extra weight to the higher-energy X-rays. Since these 
X-rays carry less tissue contrast information as compared to lower-energy X-rays 
(due to the attenuation difference), this is a benefit of photon counting.

Conventional CT systems use an intensity-integrating detector typically compris-
ing Si photodiodes that are optically coupled to a scintillator. The need to obtain 
the spatial resolution and soft-tissue contrast that is desired in reconstructed images 
places high demands on the intrinsic spatial resolution and dynamic range on the 
detector. To meet these needs, the typical size of pixels in CT detectors is about 
l mm2, and as there can be a tremendous flux of X-rays delivered to the detectors (up 
to 100 × 106 photons/mm2/s in air outside the patient region), a large dynamic range 
with linear response is required.

The detector is typically operated in an integrating mode, where the detector 
generates a signal proportional to the total energy deposited as a function of time. 
Each incident X-ray photon undergoes an interaction with a scintillation converter 
that emits visible light. This light reaches the photodiode component, which provides 
an electrical signal (current) proportional to the energy flux of X-rays. Since the cur-
rent is monitored, these detectors are often said to be operating in “current mode.” 
Current-mode readout integrates both the signal and the noise from the detector and 
electronics over time, and the X-rays in CT have a broad spectrum of energies. When 
the X-ray flux or the X-ray energies are small, the signal is detected only if it exceeds 
a noise level produced by the detector and readout electronics. Thus there is a mini-
mum threshold of X-ray flux that can be reliably detected, a threshold that increases 
as the X-ray energy decreases.

In clinical CT scanners, the incident X-ray beam is highly filtered to remove low-
energy photons that cannot be detected, thus reducing patient dose. Therefore, in 
conventional current-mode CT detectors, there is a distinct nonzero lower limit on 
the dynamic range. This lower limit of detection defined by noise in the detector 
causes a pixel with no incident radiation to produce some signal due to electronic 
noise of the detector and processing electronics. The noise limit in clinical whole-
body CT scanners is currently between 0.1% and 0.3%, which places a limit on soft-
tissue contrast.4

There are additional major deficiencies of integrating (current-mode) systems, 
such as not taking advantage of statistical information carried by each photon (e.g., 
three photons of 30 keV carry the same information as one photon of 90 keV) and 
not using information about the energy of the counted photons. For example, because 
a polyenergetic X-ray spectrum is used, each detected photon also contributes dif-
ferent information to the resulting image, depending on density and elemental com-
position of the examined tissue. Utilization of the energy information carried by 
individual X-ray photons can lead to further improvement of the quality of the image 
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and/or reduction of the radiation dose. This is accomplished by an optimal energy 
weighting of low- and high-energy projection images to increase soft-tissue contrast 
in reconstructed CT images.

Despite these limitations, current-mode X-ray detectors are used in virtually 
all clinical X-ray systems, including CT, digital radiography, and mammography. 
Because of these limits, inherent in current-mode detectors, there has been a mount-
ing effort to move away from this technique and explore photon-counting detectors 
for these X-ray imaging applications.

3.3  loWer dose In ct WIth Photon-countInG detectors

The X-ray exposure to the patient in CT scanning has been of major concern for radi-
ologists and physicists as the number of these examinations continues to increase. 
One study showed that, in the United States, 11% of diagnostic radiological proce-
dures are CT examinations; however, their contributions to the collective patient 
dose from diagnostic radiology are as much as 67%.5 Therefore, new methods that 
reduce the patient dose in CT examinations while keeping the noise and quality of 
images at the same level as conventional methods will have a significant impact on 
public health.

When tissues have similar linear attenuation coefficients—for example, fibrous 
tissue and a tumor, or bone and iodine-enhanced blood—it is difficult to distin-
guish between them (or to identify the tissue type) using conventional X-ray CT 
scanners.6 Contrast resolution can be improved by increasing the signal-to-noise 
ratio (SNR), which can be improved by increasing the X-ray tube current. However, 
this is not appropriate in a clinical setting in which radiation dose to patients is 
already a concern with this conventional CT methodology. Thus, one of our goals is 
to develop a method to reduce noise and therefore improve the SNR in CT images 
by using photon-counting detectors that have a lower noise floor than current-mode 
CT detectors.

There are several clinical CT applications where patients would benefit from a 
lower dose CT scan that maintains sufficient contrast to obtain an accurate diag-
nosis. For example, lung cancer is the second leading cause of death in the United 
States following heart disease.7 The American Cancer Society estimates that 22.7% 
of the deaths that will occur in 2006 will be from cancer and that roughly 30% of 
these cancers will begin in the lungs.8 Lung cancer kills more people than colon, 
breast, and prostate cancers combined. In the United States there are an estimated 
160,000 deaths from lung cancer, with 172,000 new cases detected each year.9–10 For 
these reasons, CT has been investigated for lung cancer screening.11 Recent studies 
indicate that CT has an increased capability to detect small malignant nodules as 
compared to chest X-ray imaging.12–13 However, radiation dose to the patient is still a 
principal concern in the widespread use of CT for screening.14,15,16,17,18

Another application that would benefit from a lower dose CT is colon cancer exam-
inations. Colorectal carcinoma is the second most common cause of cancer mortality 
in the United States. It is estimated that this cancer is associated with 60,000 deaths 
annually, with 150,000 new diagnoses every year.19 Most nonhereditary colorectal 
carcinomas originate from preexisting adenomatous polyps. If early detection and 
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removal of these polyps can be performed, it will significantly reduce the morbidity 
and mortality.20 Clinical studies have shown that the sensitivity and specificity of CT 
colonography averaged 75% and 90% in patients with adenomas 10 mm in diameter 
or larger.21 The risk of malignancy is 10% for adenomas 10–20 mm in diameter and 
increases at least 30% in adenomas larger than 20 mm in diameter. Because CT 
colonography offers a complete examination of colon in a very short time, is nonin-
vasive, and can be used without sedation, it may become the screening examination 
of choice due to its high sensitivity and specificity. Photon counting with optimal 
energy weighting can be applied to increase soft-tissue contrast at reduced dose for 
CT colonography. In addition to soft-tissue contrast-resolution enhancement with 
optical energy weighting, high-contrast resolution can be increased by subtracting 
low- and high-energy images.22

To improve contrast at reduced dose, photon-counting detectors have been consid-
ered as alternatives to conventional X-ray detectors used in radiography and CT.23,24 
Photon-counting X-ray detectors applied to mammography and radiography have 
shown a dose reduction of 40% to 400% while maintaining sufficient contrast for 
these applications.25 Simulations have shown that photon counting along with opti-
mal energy weighting can increase dose efficiency up to 40% for digital mammog-
raphy as compared to a conventional integrating (current-mode) detector system.26 
One group has reported that the lesion-detection SNR is significantly affected by the 
energy dependence of the detector’s quantum efficiency and the varying contrast car-
ried by different energies in the beam spectrum.27 Recent studies have demonstrated 
that weighting photons with E−3 can lead to an improved SNR compared to simple 
photon counting or linear energy weighting (as in intensity-integrating detectors). In 
another simulation study, it was demonstrated that a photon-counting detector can 
reduce beam hardening and improve lesion SNR ratio compared to conventional 
detectors; optimally weighting the photons further improved the SNR but resulted in 
greater beam hardening due to the greater weight given to lower energy photons.28 
A photon-counting detector with energy binning could also potentially benefit dual-
energy CT studies for imaging iodine and calcifications in arteries, to improve CT 
angiography,29 and enhance bone densitometry.30

3.4  enerGy InForMAtIon In ct WIth 
Photon-countInG detectors

The use of photon energy in CT images has the potential to provide additional 
information, as attenuation coefficients of materials vary differently with the 
applied energy (see Figure 3.1). The basic idea of multiple-energy imaging is to 
use this variation to analyze and identify materials in the scanned object.31 Energy 
information has been applied to mammography for enhanced visualization of 
microcalcifications, chest radiography to enhance soft-tissue contrast,32,33 bone-
mineral densitometry to provide accurate measurement of bone-mineral density,34 
and enhanced contrast-agent visualization.35 For example, two images can be 
created, one for soft tissue and the other for bone. Alternatively, one can extract 
parameters of physical interest, such as the fraction of attenuation in a pixel that 
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is due to photoelectric or Compton interactions. Using these compositions, one 
can create attenuation map images for any desired incident X-ray energy. This is 
useful for attenuation compensation in positron emission tomography (PET) and 
single-photon-emission computed tomography (SPECT), or as an input to radia-
tion dosimetry treatment plans. In addition, these images can be useful to provide 
information about small features such as microcalcifications, calcified plaques in 
arteries, and bone-mineral content.36

The combination of these two advantages obtained with photon-counting detec-
tors, namely the reduction of beam-hardening artifacts and the identification of 
materials, will be significant for many clinical applications. Most vascular imaging 
involves contrast agents such as iodine or gadolinium. Patients with vascular dis-
ease often develop calcium deposits (hard plaque) adjacent to vulnerable, fatty soft 
plaque. Because such vulnerable plaque may rupture and cause a stroke, it is crucial 
to detect and characterize. Detecting and characterizing plaque is difficult with 
current-mode detectors. First, calcium and contrast-enhanced blood are difficult to 
distinguish with current-mode detectors because they have similar attenuation coef-
ficients. Second, calcium deposits may generate a strong beam-hardening artifact 
that looks similar to soft plaque, making characterization difficult. Therefore, the 
advantages of photon-counting detectors over current-mode detectors can substan-
tially improve the accuracy of diagnosis and treatment planning in vascular imag-
ing (e.g., carotid artery imaging).

There are two basic types of information that can be extracted from energy-
resolved CT images, namely physical and material. Methods that extract physical 
information decompose images into components that have a physical meaning. These 
can be either the photoelectric and Compton components37 or the electron density38 
and effective atomic number, Zeff.39 One limitation of these techniques is that they 
require assumptions about the underlying physical phenomena. For example, the 
photoelectric component is assumed to vary as Zs E−r, where Z is the effective atomic 
number, E is the X-ray energy, and s and r are empirical constants. However, it 
has been found that both s and r depend on energy and Z. Moreover, this assump-
tion is not valid at the K-edge, where the change of the photoelectric component is 
discontinuous.

An alternative method that extracts material information decomposes images into 
basis materials.40 The materials are typically chosen based on a combination of fac-
tors, including convenience in performing calibrations and how closely they match 
materials of interest in the object. For medical imaging research with phantoms, 
common choices of materials include polymethyl methacrylate (PMMA) for simu-
lating soft tissue, and Al for bone. Note that after obtaining a basis decomposition of 
the object, it is possible to use this information to obtain either electron density and 
effective Z images or basis decompositions in terms of other pairs of materials.

In an attempt to take advantage of the benefit of multiple-energy CT images, 
several dual-energy CT systems (sometimes called dual kVp CT systems) have been 
developed using conventional current-mode detectors.41 To date, several methods 
have been employed to obtain dual-energy images with current-mode detectors. 
One method involves taking multiple scans with different attenuating filters placed 
in the X-ray beam before it reaches the patient. Another method involves using a 
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set of two X-ray tubes either with two arcs of detectors or a two-layered detector 
sandwiched together, which can register both a lower X-ray energy band in the layer 
closer to the patient and a higher energy band (transmitted through the first layer) in 
the second layer. Another approach utilizes a fast switching of the voltage applied 
to the X-ray tube.

All these methods suffer from one or more problems. These problems include 
the following:

 1. A misregistration between multiple data sets obtained with different ener-
gies in the presence of patient/organ motion will degrade the spatial resolu-
tion of the fused images.

 2. Co-scatter exists between the two detector rings or layers, and these systems 
are expensive due to the additional X-ray tubes and detectors required.

 3. Switching to a lower voltage applied to the X-ray tube causes a significant 
reduction in the X-ray flux, leading to more statistical errors.

 4. An additional limitation inherent in all these methods is that the multiple-
energy data sets are still energy weighted within each data set.

Photon-counting detectors can ameliorate these problems. In addition, applying 
a uniform weight to each photon with a single photon-counting detector is prefer-
able for noise reduction, instead of applying a weight proportional to the energy 
deposited as is done with current-mode (intensity integrating) types of detectors. 
This is important because it has been shown that one type of object composition 
analysis method required a noise level as low as 1/3 to 1/10 of the noise encountered 
in standard CT imaging.42

3.5  Photon-countInG X-rAy detectors 
In MedIcAl IMAGInG

Photon-counting detectors with energy-discrimination capabilities have been devel-
oped for nuclear medicine applications such as PET and SPECT and also for X-ray 
diffraction imaging. They also have the potential to address both of the two major 
problems inherent in current-mode CT imaging, namely, dose and contrast. However, 
in CT there are very demanding requirements on the detector for particularly high 
count rates as well as good detection efficiency and reasonable energy resolution. 
To meet these requirements, there is a need for the development of novel detector 
structures, customized fast low-noise and low-power ASIC electronics, and appropri-
ate interconnections between detector pixels and electronics for the construction of 
tileable detector modules.

In an effort to overcome the limits imposed by current-mode detectors, a num-
ber of research groups in hospitals, universities, and commercial companies have 
already started to develop photon-counting systems for X-ray imaging applica-
tions.43 For example, Philips Research Laboratories has recently presented prelim-
inary results from an X-ray detector that counts the X-ray flux.44 A group at the 
University of Erlangen-Nurnberg recently reported on their efforts to use the photon-



Photon-Counting Energy-Dispersive Detector Arrays for X-Ray Imaging 59

counting Medipix2 detector to perform material decomposition in X-ray imaging. 
GE Healthcare has populated a GE CT scanner with prototype photon-counting 
detector modules designed and fabricated by the authors at DxRay, Inc. The proto-
type photon-counting detector modules have generated the first clinical images using 
a fully photon-counting CT system and are described in detail in Section 3.12.

In a mammography study, Si strip detectors that were wire bonded to photon-
counting electronics were incorporated into a scanning slit geometry.48 Because of 
the small stopping power of the thin Si, the detectors had to be oriented so that the 
X-ray beam passes through them edge-on. The spacing between the readout lines 
on the Si was 50 µm. The X-ray source, collimators, and detector readouts were all 
mounted on a common mechanical structure that performed a scanning motion to 
create an image. A dose reduction up to 40% can be obtained by making use of pho-
ton counting and energy weighting, as compared to a conventional mammography 
system. For example, computer simulations have shown45 that photon counting com-
bined with an optimal energy weighting scheme46,47 increases the dose efficiency 
up to 40% compared with a signal-integrating system.48 Photon counting alone was 
shown to account for half of this increased performance. The development of all 
of these photon-counting X-ray imaging systems is made possible by advances in 
interconnecting technologies to couple custom ASIC readout systems to pixelated 
semiconductor detectors.

3.6 dIrect-conversIon X-rAy detectors

As mentioned previously, conventional CT systems typically use a detector com-
prised of a pixelated Si photodiode that is optically coupled to a segmented scintil-
lation crystal. In these detectors, the energy of an absorbed X-ray is converted to an 
electrical charge by an indirect method, first generating light photons in the scintil-
lator, and then in turn the light photons are converted into an electrical signal in the 
photodiode (see Figure 3.2). In contrast, a direct-conversion detector makes use of 
the direct conversion of the X-ray photon energy deposited by each X-ray to charge. 
Counting and sorting X-ray photons with different energies is accomplished by the 
associated amplification and processing electronics for each pixel (see Figure 3.3). 
Direct conversion with photon counting offers numerous advantages applicable in 
various X-ray imaging applications.

Single crystals of CdTe and CZT can effectively absorb the incoming X-ray radia-
tion and convert it directly into electrical signals, which can be read by an ASIC. 
Thus the overall signal-to-noise ratio can be significantly better than that achievable 
with indirect detectors utilizing photodiodes. The efficiency of converting the X-ray 
signal to an electrical signal in CdTe and CdZnTe can be much higher than that in 
the scintillation detectors due to the basic underlying physics of the energy-transfer 
process in the direct-detection approach. That is, the mean energy for creating an 
electron-hole pair in a semiconductor detector (4.43 electron-Volts per electron-hole 
pair in CdTe) is typically much smaller than the corresponding energy necessary to 
create an optical photon and consequently an electron-hole pair in the photodiode 
through the scintillation approach. Another important consideration is that charges 
generated by X-rays do not spread laterally (aside from negligible diffusion), but 
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move along the applied electric field lines within the semiconductor. Spreading of 
light in the indirect conversion method is limited by segmenting the scintillator. 
However, for small segments less than or equal to 1 mm2, the physical segmentation 
and surface treatment for the required light reflection contribute to appreciable loss 
in the light output of the scintillator.
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FIGure 3.3 Schematic of photon-counting direct-conversion X-ray detector. Each X-ray 
generates an electric pulse. The pulse is processed, and qualifying pulses increment a counter 
at the pixel.
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FIGure 3.2 Schematic of indirect-conversion X-ray detector. Each X-ray generates visi-
ble-light photons, some of which are converted to electric charge. The charge is integrated by 
readout electronics.
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3.7  cAdMIuM tellurIde And cAdMIuM 
ZInc tellurIde detectors

Recent advances in interconnecting technologies to couple custom ASIC readout 
systems to pixelated semiconductor detectors are used to create direct-conversion 
X-ray imaging detector arrays. This method requires pixelation. There exist several 
high-atomic-number semiconductor-detector materials capable of pixelation, such 
as high-purity germanium (HPGe), cadmium telluride (CdTe), and cadmium zinc 
telluride (CZT), that are capable of being bump-bonded to a ball grid array (BGA) 
containing ASICs. HPGe requires cryogenic cooling to reduce thermally generated 
dark current, which is a dominant source of noise in these detectors. CdTe and CZT, 
on the other hand, do not require any cryogenic cooling. For X-ray imaging applica-
tions, the significant properties of these materials are that they have high stopping 
power for X-rays, making the detectors very efficient, and they have low leakage 
current at room temperature, making intrinsically low-noise devices. CdTe and CZT 
are very efficient direct X-ray converters, yielding a very large signal.

Another very important parameter is the ability to quickly and efficiently col-
lect charges liberated by the incoming radiation. Mobility-lifetime (µτ) products for 
electrons and holes are measures of these abilities. Despite the utilization of special 
detector structures that make use of the “small-pixel effect” or drift structures that 
favor electron-only collection for creation of an output signal, the collection of holes 
is also important, as discussed below. By making use of these special detector struc-
tures, a response signal can be much faster than the transit time of an electron (or 
hole) over the whole detector thickness, thus allowing for very fast counting and thus 
the ability to cope with high X-ray flux.

The extremely high X-ray photon-count rates required by CT impose a num-
ber of requirements on a photon-counting energy-dispersive CT detector, such as 
the design of the processing electronics, the selection of detector material, and the 
method of electrode fabrication. To avoid a space-charge buildup in CdTe or CZT 
crystals that would lead to distortion and eventual collapse of the electric field, care 
must be taken that the charge generated by the radiation is removed from the device 
at a sufficiently fast rate.49 For this reason, hole collection (holes being less mobile 
than electrons) is critically important. In this respect, CdTe has some advantages 
over CdZnTe, as typically the lifetimes of holes are significantly longer in CdTe than 
in CdZnTe (see Table 3.1). CT applications require very high detector count-rate 
capabilities. These high count rates can be achieved by using very short shaping 
times in the amplification circuitry. Despite the slightly higher dark current in CdTe 
detectors, due to a lower resistivity of the material compared to that of CdZnTe, 
CdTe detectors do not have a disadvantage here because, at short shaping times, the 
electronic noise is dominated by series noise, and the parallel noise due to dark cur-
rent can be neglected.

The potential to increase signal with direct conversion has led to the investigation 
of several other high-Z semiconductor materials for X-ray imaging, such as thallium 
bromide (TlBr),50 lead iodide (PbI2),51,52 and mercuric iodide (HgI2).53,54 Table 3.1 
shows the electrical properties of these semiconductor X-ray converters. The mean 
energy for creation of an electron-hole pair is a very important material parameter 
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that is related to the efficiency in energy transfer of X-rays into ionized charges. 
A material with small conversion energy will produce a larger number of ionized 
charges, and therefore a signal with improved statistical characteristics. The µτ prod-
uct is a measure of the charge-collection efficiency in the material, and larger values 
of this parameter ensure that more of the ionized charges are collected and larger 
resulting signals can be obtained. The last column in Table 3.1 lists the µτ product for 
holes. Additional important parameters characterizing these materials are not shown 
in the table, including the cost and degree of difficulty involved with the production 
of good quality and stable material. TlBr, HgI2, and PbI2 are soft and have mechani-
cal and physical properties making them very difficult to use with bump-bonding 
technologies. Based on these considerations, CdTe and CdZnTe clearly are the good 
candidates for X-ray CT imaging applications in view of the overall values of param-
eters listed in Table 3.1.

3.8  Photon-countInG cAdMIuM tellurIde 
detector desIGn And FAbrIcAtIon For ct

To develop a clinical photon-counting energy-dispersive CT detector technology, we 
have designed and fabricated vertically integrated direct-conversion pixelated semi-
conductor X-ray imaging detector modules. The modules are formed by bump-bond-
ing pixelated CdTe crystals to a BGA package containing readout ASIC electronics. 
The vertical integration allows tiling in two dimensions to create any number of 
pixel rows in a fan-beam multislice CT scanner.

The CdTe detectors are processed using specific surface preparation and lithogra-
phy techniques. One important factor that affects the performance of CdTe detectors 
is the interface between the CdTe bulk material and the metal contact. The cutting 
and dicing process inevitably leaves a high density of electrically active defects in 
the near-surface region of the crystal.55 Typically, a solution of bromine–methanol 
is used to etch the surface of the CdTe subsequent to the dicing process.56 However, 
bromine–methanol appears to leave a Te-rich surface, which then rapidly oxidizes 

tAble 3.1
characteristics of candidate detector Materials for X-ray Imaging: Analysis 
of single crystals at room temperature

Material

Mean 
energy for 

e-h creation 
(ev)

density 
(g/cm3)

Atomic 
number

resistivity 
(ohm-cm)

electron 
Mobility-
lifetime 
Product 
(cm2/v)

hole 
Mobility-
lifetime 
Product 
(cm2/v)

CdTe 4.43 6.2 48,52 109 3.3 × 10-3 2 × 10-4

CdZnTe 5 6 48,30,52 1011 1 × 10-3 6 × 10-6

HgI2 4.2 6.4 80,53 1013 10-4 4 × 10-5

TlBr 6.5 7.56 81,35 1012 1.6 × 10-5 1.5 × 10-6

PbI2 4.9 6.2 82,53 1012 8 × 10-6
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after exposure to air.57,58 The thin oxide layer affects both the bulk and surface 
leakage-current characteristics, and the interface properties vary considerably from 
process to process. It is preferable to obtain a stoichiometric surface that has more 
reliable surface-leakage characteristics. This can be done by mechanical polishing 
of the surface and avoiding the bromine-methanol etch. After surface polishing is 
complete, the samples are kept in a dry N2 or vacuum environment to stabilize the 
surface. The metal contacts can be formed using Pt or Au. The metal is patterned 
using a “lift-off” technique, in which the photoresist is first spun onto the CdTe 
surface; then the resist is exposed using the desired pattern in a glass photomask. 
The resist is developed and removed in areas where the metal will contact the CdTe 
surface. After the metal is deposited, the remaining resist is then wet-etched away, 
which also removes the unwanted metal on top of the resist.

To optimize the thickness of a CdTe detector for CT, the detection efficiency for 
diagnostic X-rays should be maximized within a total charge-transport time close 
to the shaping time used. Calculations of the percent attenuation were performed as 
a function of energy for CdTe at several thicknesses between 1 and 5 mm. Clinical 
CT scans typically use between 120 and 140 kVp for the X-ray source, and the 
polyenergetic spectrum produced then has a maximum output of X-rays between 
approximately 70 and 80 keV, respectively. Taking into account electron transit 
time in the bulk of the detector, the thickness was selected to be 3 mm and the 
pixel pitch was 1 mm. This way, the electron transit time can be limited to about 
60 ns (at −1000-V bias), and the resulting signal rise time (fast portion) induced by 
the small-pixel effect57 at the readout electronics will be about 20 ns. This value of 
the signal rise time will be useful with 30-ns shaping times and at the same time 
maintain approximately 99% absorption at 80 keV.

With surface preparation, thin-film deposition, and detector-thickness methods 
designed for production of a fast photon-counting X-ray CdTe detector module, 
attention must be turned to the exposed lateral surfaces of the CdTe crystal to ensure 
reliable operation at high-bias voltage without large surface-leakage currents. Also, 
the noise performance of individual pixels in single-crystal multi-anode (pixelated) 
CdTe detectors is limited, in part, by the contribution of current present when the 
detector is biased to a high voltage and no ionizing radiation is present. This dark 
current usually is larger, per unit pixel area, for edge pixels, and usually the edge pix-
els are responsible for premature detector breakdown. To minimize surface-current 
contribution, a ring of conductive material, a guard ring, is often placed around the 
pixels close to the edge of the crystal and connected to ground. However, guard rings 
reduce the effective area of the detector and introduce an additional dead space when 
many detectors are tiled together.

To circumvent this problem, we have developed a method of passivating the lat-
eral surfaces of CdTe detectors and eliminated the need for guard rings.60 Reducing 
surface current on these crystals without the use of guard rings could allow pixel 
maps to be extended to the edge of the crystal, thus making more effective use of the 
material and allowing tiling with little or no dead space. Figure 3.4 shows a 3-mm-
thick CdTe crystal configured with a 256-pixel anode at a 1-mm pitch, where surface 
preparation and film deposition were performed as described previously. The perim-
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eter pixels are slightly smaller than the interior pixels, so that when several detectors 
are tiled together, a 1-mm pixel pitch can be maintained.

3.9 Photon-countInG cdte detector chArActerIstIcs

To test the CdTe pixel detectors for their electrical performance, a device with 256 
spring-loaded electrical contacts connected to measurement instruments was used. 
Figure 3.5 shows a schematic of the 256-pin testing device that we have made that 
allows us to test each pixel with discrete electronics of our choice.61 For a per-pixel 
dark-current measurement, a detector is placed in the custom jig with the anode 
(pixel) surface facing down. Such placement allows the illumination of detectors by 
X-rays or radioactive sources. This jig can ensure repeated reliable electrical connec-
tions with the pixels without mechanical damage to the surface metallization.

Pixel selection is performed by a selector board, which consists of 78 single-pole, 
double-throw (SPDT) switches controlled by a personal computer over a USB port. 
With this setup, measurements of the leakage current versus bias voltage (I-V character-
istic) can be performed for each pixel of the detector. In addition to measuring per-pixel 
dark-current values, the selector board can connect each pixel to external electronics, 
allowing the implementation of photon counting with the same design as an ASIC.

To perform photon-counting measurements, the test setup uses commercial fast 
low-noise amplification electronics and a multichannel analyzer to measure spectra 
from radiation sources. Radiation sources can be used in signal rise-time measure-
ments. The monoenergetic gamma rays produced by radionuclide sources allow the 
measurement of the spectroscopic capability of the detectors. The energy resolution 
is defined as a full width at half of maximum (FWHM) of the measured pulse height 
distribution of the pulses. The energy resolution is measured as a function of the 

FIGure 3.4 An image of a 256-pixel CdTe detector used for clinical CT.



Photon-Counting Energy-Dispersive Detector Arrays for X-Ray Imaging 65

shaping time (filter) of the amplifier and as a function of the radiation energy. The 
fast filter amplifier ORTEC Model 579 allows varying shaping times from 10 to 500 
ns. The detectors produced are tested in realistic conditions by being exposed to 
X-ray flux from an X-ray generator designed for CT.

3.9.1 CdTe deTeCTor dark-CurrenT measuremenTs

To develop our passivation method and to characterize the individual pixels of the 
CdTe crystals, many dark-current measurements have been performed in the testing 
apparatus shown in Figure 3.5.

Figure 3.6 shows the individual dark currents of a 256-pixel (16 × 16) CdTe detec-
tor before passivation. The graph shows the pixels in sequence one row at a time; 
therefore, the first and last 16 pixels in the plot are on the edge, and the other edge 
pixels appear in intervals of 16. The edge pixels are clearly identifiable in Figure 3.6, 
as they have not been passivated and therefore have higher dark current than the cen-
tral pixels. The four highest dark-current values in Figure 3.6 are the corner pixels, 
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FIGure 3.5 A drawing of a 256-pogo-pin test jig to supply electrical contact to each pixel 
in the detector array.
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which each have two lateral surfaces. These corner pixels can be found at 1, 16, 241, 
and 256 along the “pixel” axis in the plot.

Figure 3.7 shows the difference in dark current before and after passivation and 
indicates a dramatic reduction in dark current for the edge pixels without affecting 
the central pixels. The reduction in dark current is largest for the four corner pixels. 
This is to be expected, since the lateral surface area is largest for these. A compari-
son of dark current between edge and central pixels after passivation demonstrates 
that the value for the edge pixels is proportional to the pixel area with the same 
proportionality constant as for the central pixels. This indicates a nearly complete 
suppression of surface current after passivation. This method is applied to the CdTe 
detectors and allows for the elimination of the need for guard rings.

3.9.2 FasT phoTon CounTing wiTh CdTe and disCreTe eleCTroniCs

To characterize charge collection properties, individual pixels have been connected 
to discrete electronics using the apparatus in Figure 3.5. Figure 3.8 presents a typi-
cal pulse shape from a detector pixel obtained in response to a gamma-ray photon 
event from a 57Co source. Note that the fast portion of the pulse has about a 20-ns 
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FIGure 3.8 A pulse shape measured for a detector pixel. (© 2009 by IEEE. With permission.)
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current is eliminated. This graph shows the difference in dark current before and after passiva-
tion versus pixel number for a 256-pixel CdTe detector with passivation of the lateral sides.
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rise time. Figure 3.9 shows the spectral response of one small pixel to gamma-ray 
photons from a 57Co source taken with a customized commercial discrete electronics 
amplifier and a multichannel analyzer. Despite a very short peaking time of 30 ns, 
an energy resolution of 4.75% (5.8 keV FWHM at 122 keV) is obtained. The elec-
tronic noise is 4.8 keV (FWHM), as measured with an electronic pulser. We have 
chosen a 30-ns peaking time in the amplifier to accommodate both the rise-time 
signal and high flux rates. In order to test this we have employed a delay line shaper 
fed into an ORTEC 579 fast filter amplifier. Figure 3.10 contains a screen capture 
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FIGure 3.9 Spectrum taken with a single detector pixel in response to Co-57 source using 
a short shaping time. Electronic noise is represented by pulses injected from an external gen-
erator (pulser peak). (© 2009 by IEEE. With permission.)
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of an oscilloscope that shows the response of the amplifier and discriminator stage 
as a function of time with exposure to X-rays from a clinical X-ray tube operated 
at 140 kVp. The upper trace in Figure 3.10 shows the negative pulses at the shaping 
amplifier output, and the lower trace shows the output of the discriminator.

These measurements have been performed at a very high flux of up to 6 × 106 output 
counts per second per pixel. Pulse pileup or dead-time losses eventually limit the upper 
bound on the flux linearity of the detector and discrete readout. Testing with discrete 
electronics verifies the rapid charge collection required for fast energy-dispersive pho-
ton counting and that the design of our CdTe detectors is suitable for bonding to a mul-
tichannel ASIC readout. In designing the ASIC, vertical integration of the readout with 
the active area of the pixels is required for tiling in two dimensions. Two-dimensional 
tiling allows modules to form multirow fan beam detector arcs of any size.

3.10 Photon-countInG AsIc ArchItecture For ct

The implementation of a fast photon-counting ASIC is significant for several reasons. 
By combining the amplification, pulse shaping, and readout for multiple electronic 
channels into a single chip placed behind the detector, the CdTe crystals can be tiled 
with very little dead space, allowing for construction of practical imaging systems. 
Our ASIC contains 128 parallel readout channels, each connected to one CdTe pixel. 
All the channels are equipped with an amplifier, a shaper, two discriminators, two 
5-bit digital-to-analog (DAC) converters, and two counters. Figure 3.11 shows the 
basic architecture of an individual channel.

Each channel uses a transimpedance amplifier with an active feedback. The input 
stage is based on a classical cascode configuration with an nMOS (n-type metal 
oxide semiconductor) input transistor and a pMOS (p-type metal oxide semiconduc-
tor) current source load (see Figure 3.12). The input transistor size is optimized to 
match 5 pF of combined capacitance from the detector plus the parasitic part. For 
minimum noise, the nominal bias of the input transistor is 500 µA. The amplifier is 
AC-coupled to a shaper, which uses a voltage amplifier in a single-ended configura-
tion of two cascaded common-source stages. It provides additional amplification and 
introduces the dominant integration time constant. The gain at the shaper output is 
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FIGure 3.11 Channel architecture. (© 2009 by IEEE. With permission.)
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about 120 mV/fC, and the signal gives a peaking time response on a delta pulse at 
the input of about 20 ns.

The shaper is followed by two discriminators with identical circuits. Figure 3.13 
shows the principal schematic of one discriminator circuit.62,63 The threshold is 
applied differentially, producing a DC shift at the output of the differential pair. 
The first threshold line (VT1) is connected to a 5-bit DAC, while the other (VT2) 
is common to all the channels. The DAC allows for fine tuning of the thresholds 
per channel to compensate for channel-to-channel variations caused by processing 
parameter fluctuations. The DACs are linked in a series daisy chain, and the values 
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are programmed by a series shift register. The differential signals are then buffered 
by two nMOS source followers to the comparator stage, which consists of a classical 
two-stage amplifier with very high DC gain. Each discriminator circuit is followed 
by an 18-bit counter designed in the form of an asynchronous binary type using static 
master-slave D-flip-flops in each cell.

The counters are gated in parallel by an external signal, and the readout is con-
trolled by a sequential bit register, retrieving the contents of each 18-bit counter fully 
in parallel. The readout sequencer can operate at 50 MHz, allowing for a complete 
readout of all the 2 × 128 counters in about 5 µs. The full chip architecture is illus-
trated in Figure 3.14.

The peaking time was measured as a function of the detector capacitance.64 For 
detector capacitances up to 10 pF, and in response to a near-delta pulse at the input, 
the signal showed a peaking time of ≈20 ns. Figure 3.15 shows the equivalent noise 
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charge (ENC) measured with the analog channel for different detector capacitances. 
At 0 pF, the noise is 430e−, and the noise slope is measured to be 56.1e−/pF. For the 
nominal detector capacitance of 5 pF, the noise was 711e−. The measured value is 
higher than the calculated one, which can be explained by parasitic capacitances that 
were not taken into account.

The gain was measured by issuing a series of calibration pulses and scanning 
the threshold. All 128 channels were tested simultaneously at nominal bias currents. 
Figure 3.16 shows the gain distribution across the channels. The average measured 
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gain is 143.5 mV/fC, with a channel-to-channel gain variation on the order of 1.5% 
rms. The comparator offset was measured to 5.2 mV rms, which corresponds to 3.6% 
of the response equivalent to 1-fC input charge. When the chip was fully operating, a 
power consumption of 2.1 mW/channel was measured. Figure 3.17 shows a photograph 
of two ASIC chips (256 channels) assembled into a ball grid array (BGA) package. 
The silicon ASIC chips are wire-bonded to the BGA substrate. Two rows of bonding 
pads at the BGA serve as pathways for supplying power to the ASIC, providing con-
trol signals, and outputting the digital data. The opposite side of the BGA is equipped 
with bonding pads to interconnect with the 16 × 16 CdTe detector pixels.

3.11 Photon-countInG ct Module chArActerIstIcs

First-generation photon-counting CT modules have been fabricated by bump-bond-
ing CdTe detectors (see Figure 3.4) to fast photon-counting ASIC readouts (see 
Figure 3.17). The design of the CdTe detectors and the ASIC readout has been opti-
mized for fast energy-dispersive X-ray imaging. The CT modules have been charac-
terized for count rate performance and noise properties, and they have been used to 
produce clinical CT images.

3.12 PrototyPe clInIcAl Photon-countInG ct systeM

To demonstrate the usefulness of photon-counting clinical CT, prototype detector 
modules were designed and fabricated with physical dimensions to specifically fit 
and populate a GE LightSpeed VCT scanner. The modules utilize the CdTe detector 
arrays, which make use of the small-pixel effect and are able to replace the con-
ventional integrating detector units currently provided with the scanner. Each mod-
ule included two CdTe detector arrays described in the previous sections to provide 
readout from 512 detector pixels, with a pixel grid of 1 × 1 mm.

FIGure 3.17 A photograph of two ASIC chips (256 channels) assembled into a BGA pack-
age. The opposite side of the BGA is equipped with bonding pads to interconnect with the 
16 × 16 CdTe detector pixels.
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Figure 3.18 shows a photograph of the fully assembled module. A top flexible tape 
provides bias voltage to the detectors. Both detector arrays are bump-bonded to the 
corresponding BGA packages containing ASIC electronics. In turn, BGA packages 
are interconnected with motherboard PCB (printed circuit board) and connector to 
receive power and provide I/O functions.

The modules were tested for electronic noise performance and count-rate capa-
bilities. The low discriminator level (VT1) could safely be set above the noise level 
at 25 keV. The throughput characteristics were taken with a GE TTH Hawkeye X-ray 
generator as a function of the X-ray tube anode current. The X-ray generator was 
biased to 140 kVp, (peak kilovoltage) and X-rays were filtered through a 1-mm-thick 
Cu sheet. Figure 3.19 shows the output count rate (taken from the ASIC counter) of a 
typical detector pixel and its processing electronic channel with the low discriminator 

FIGure 3.18 A photograph of the fully assembled module used in GE LightSpeed VCT 
scanner.
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level threshold set at 25 keV. The output count rate is fairly linear up to 3.5 × 106 cps 
(counts per second) and begins to saturate at about 6 × 106 cps. A linear fit to data 
taken at low count rates shows that the beginning of the saturation in the output 
count rate corresponds to about 11 × 106 cps at the input. By using corrections the 
output data can be made linear well above 3.5 × 106 cps, and by using this procedure, 
the useful dynamic range of the detector can be significantly expanded.65,66

Figure 3.20 shows an assembly of CT modules into a GE LightSpeed VCT 
scanner.

The conventional integrating detector modules of a clinical multislice scanner 
were replaced with the photon-counting modules shown in Figure 3.18. The detector 
system counts the X-ray photons transmitted through the patient and sorts the counts 
into two energy bins. The two bins of count data are processed to produce two sets of 
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FIGure 3.20 Assembly of detector modules into GE LightSpeed VCT scanner.
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raw data (high and low energy) that are input to the CT reconstruction algorithm. The 
raw data sets are processed with a dual energy calibration technique that enables pro-
jection space reconstruction and eliminates the beam-hardening effect. The image 
reconstruction generates mono-energetic equivalent CT images (with a user-selected 
energy) and “virtual-un-enhanced” images where the iodine-based contrast media is 
identified and removed in the reconstruction process (see Figures 3.21 and 3.22).67 
The images are presented in Hounsfield units (HU).

The first clinical trial with the prototype system was a prospective study on 
patients with known carotid artery disease. The study was performed at the Rabin 
Medical Center in Israel and was reviewed by the hospital IRB (Institutional Review 
Board) committee. The protocol was a CT angiography (CTA) scan of the carotid 
bifurcation region using a very low X-ray tube output (approx 1/10 the mA setting 
as compared to a conventional CTA exam). The axial images were processed to cre-
ate MIP (maximum intensity projection), 3-D, volume rendering, and curve oblique 
images. Figure 3.23 illustrates the processed images. The clinical images demon-
strate the vascular and stenotic elements with good quality, which is particularly 
notable in regard to the low X-ray tube current technique used for these scans.

60 keV 75 keV 100 keV

FIGure 3.21 Mono-energetic images reconstructed at 60, 75, and 100 keV (from left to 
right), respectively. The arrows show the left internal carotid artery. Note: the HU of the 
iodinated left internal carotid artery decreases with increasing energy. (© 2009 by IEEE. 
With permission.)

FIGure 3.22 Axial images at identical neck level. The left-side image shows contrast-
enhanced neck arteries. The right-side image is the result of the unenhanced process (iodine 
is identified and removed). (© 2009 by IEEE. With permission.)
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3.13  Future Work: detector ArrAys WIth 
PArAllel drIFt structures

X-ray throughput characteristics of photon-counting detectors are a limiting factor in 
X-ray flux (setting of current at the X-ray tube) that can be used without saturation of 
the system. This particularly limits the possibility of using such systems for imaging 
of moving organs (e.g., heart). Clearly, it is very important to develop detector struc-
tures with higher throughput characteristics. Our efforts to achieve higher through-
put by applying parallel drift structures have shown the feasibility of this approach. 
Drift structures allow small anodes to collect X-ray-generated charge from an active 
area larger than the anode’s area. We report our initial results are here. Before creat-
ing drift structures on CdTe crystals, we performed simulations of the electric field 
within the detector structure as well as simulations of the resulting output signal 
for different electrode patterns. We have been exploring the effect of changes to the 
following parameters: anode size, inner diameter of the contact that surrounds the 
anode, and the pixel size (thickness and width). Also, we varied the bias voltages 
applied to two electrodes (V1 = cathode potential and V2 = steering electrode poten-
tial). The anode potential is, by definition, kept at 0 V. It was assumed that the maxi-
mum voltage that we can apply to the detector cathode should not exceed 1000 V.

Based on these simulations, we chose to construct and test a detector array com-
posed of 256 pixels (16 × 16) with an interpixel pitch of 1 mm and a detector thickness 
of 3 mm, where the anodes are formed as small 0.3-mm-diameter discs surrounded 
by a common steering electrode, and the cathode side is formed as an interconnected 
grid pattern.68 Figure 3.24 shows photographs of the anode and cathode sides of a 
CZT detector array with this parallel drift structure.

Figure 3.25 presents a typical pulse shape from a single pixel of the drift-detector 
array obtained in response to a gamma-ray photon event from a Co-57 source. The 
steering electrode was biased to 200 V, whereas the cathode was kept at 1000 V. 
The pulse shape is shown in two time scales. The top and bottom drawings show the 
same pulse in 1000-ns and 10-ns scales per division, respectively. Note that the fast 
portion of the pulse is about 6 ns.

Figure 3.26 demonstrates the influence of different bias voltages applied to the 
steering electrode on the spectral properties of the detector. Spectra of a Co-57 
radiation source were taken from a single pixel of the drift-detector array at bias 

(a) (b) (c) (d)

FIGure 3.23 Examples of the processed images: (a) 3-D, (b) curved oblique, (c) coronal 
MIP, (d) volume rendering. (© 2009 by IEEE. With permission.)
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voltages of 0 V, 100 V, and 200 V applied to the steering electrode. A bias voltage of 
1000 V was kept at the cathode in all the measurements. The main amplifier used a 
100-ns peaking time. There is a remarkable improvement in the spectral properties 
of the detector with the application of bias voltages applied to the steering electrode. 
This effect is due to the collection of electrons from a larger volume and with much 
less charge sharing.

Despite the fact that all the spectra shown in Figure 3.26 were collected using the 
same acquisition time, the total number of counts rapidly increased with an increase 
in the bias voltage applied to the steering electrode. Also, with increasing bias volt-
age, the majority of counts in the low-energy tail were moved into the photopeak. An 
energy resolution of 5 keV (FWHM) at 122 keV was measured for the spectrum taken 
with 200 V applied to the steering electrode (bottom spectrum in Figure 3.26).

The top spectrum in Figure 3.26 models the response of a simple pixel detector 
with an interpixel pitch of about 0.3 mm and detector thickness of 3 mm. In this 
case of a simple nondrift structure detector, the small pixels allow for very fast sig-
nal formation and the possibility of applying more parallel processing channels per 

FIGure 3.24 Photographs of anode and cathode sides of CZT detector array with parallel 
drift structures. (© 2009 by IEEE. With permission.)
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FIGure 3.25 A pulse shape from a drift-detector pixel. (© 2009 by IEEE. With permission.)
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detector unit area; however, there is a significant distortion in the spectral response. 
Figure 3.27 presents a pulse from the setup described for Figure 3.26 that was ampli-
fied using an Ortec Model 579 fast filter amplifier with an external delay line to 
shape the output pulse. The length of delay line (coaxial cable) was selected to pro-
duce a pulse with a peaking time close to 10 ns.

Pulses from the amplifier were fed into a custom fast multichannel analyzer (MCA.) 
The resulting spectrum from a Co-57 radiation source is shown in Figure 3.28. An 
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energy resolution of 9.8 keV (FWHM) at 122 keV and an electronic noise of 9.5 keV 
(FWHM) were obtained. An energy resolution of 9.8 keV is sufficient to produce 
multiple energy images in CT applications. With a 10-ns peaking time (20-ns dead 
time) for pulses, a paralyzable pulse pileup model allows the calculation of the total 
throughput (output count rate) of photons. This photon-counting system will be capa-
ble of about 15 × 106 counts per second per pixel at the output, which is nearly three 
times larger than the output count rate obtained with our previous nondrift structure 
design, which produced 6 × 106 counts per second per pixel.

Figure 3.29 shows the output count rate of a typical drift-detector pixel and dis-
crete commercial electronics with pulses formed as shown in Figure 3.27. The output 
count rate is fairly linear up to 7 × 106 cps and begins to saturate at about 15 × 106 cps. 
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A linear fit to data taken at low count rates shows that the beginning of saturation of 
the output count rates corresponds to about 25 × 106 cps at the input. There are sev-
eral other research groups developing fast photon-counting X-ray imaging detectors; 
however, to our knowledge, none have to date achieved maximum output count rates 
as large as those presented here.

3.14  X-rAy Photon countInG WIth 
sIlIcon PhotoMultIPlIers

Silicon photomultipliers (SiPMs) or multipixel photon counters (MPPCs) are a new 
type of photon-counting device. A single SiPM consists of multiple avalanche pho-
todiodes (APDs) connected in parallel and operated in Geiger mode. Each APD 
subcell of the SiPM generates a pulse signal when it detects one photon. The output 
signal from the SiPM is the total of the individual signals from all APD subcells. 
SiPMs offer many excellent performance characteristics compared to conventional 
photomultiplier tubes (PMTs), semiconductor photodetectors (PDs), and APDs. 
These performance characteristics include:

Very fast response time (signal)•	
High signal gain•	
Single photoelectron response•	
Room-temperature operation•	
Insensitivity to magnetic fields•	
Low-bias voltage operation•	
Low power consumption•	
Mechanical robustness•	
Radiation hardness•	
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These exceptional performance characteristics have caused SiPM devices to 
be considered a potential replacement for PMTs for many applications, including 
astronomy, astrophysics, high-energy physics, medicine, biophysics, and national 
security. The typical front-illuminated SiPM that was used in our experiments has a 
1 × 1-mm size with 400 subcells (subcell APD areas of 50 × 50 µm). The fill factor, 
a ratio of the active area (light sensitive) of a pixel to the entire area of the pixel, is 
about 60%. SiPM devices typically consist of 100–5000 subcells located on a com-
mon substrate of an area 1–25 mm2 and having a common anode. (The commercially 
available units are typically about 1 mm2.) Poly-Si resistors are used to decouple 
individual pixels from each other. The operational bias voltage is in the range 25–80 
V at room temperature. The typical gain of a SiPM is 105–106. For an efficient Geiger 
(self-sustained) discharge, the applied voltage is 15%–20% higher than the break-
down voltage. An incident photon initiates a Geiger avalanche process that starts 
to discharge the pixel capacitance until it achieves the voltage level equal to that of 
the breakdown voltage. The charges produced from individual pixels are summed 
at a common anode. Because of the identical topology of all pixels, they provide the 
same gain. The total charge is proportional to the number of pixels discharged. In 
turn, the output signal is proportional to the number of input photons, assuming that 
the device operates in the linear dynamic range.

3.14.1 FasT sCinTillaTors For use wiTh siliCon phoTomulTipliers (sipms)

Photon-counting X-ray imaging detectors can be constructed by combining a fast 
scintillator and an array of SiPMs to maintain the spatial relationship of radiation 
entering the imaging detector and to provide information about the number of X-ray 
photons and their energy level. The scintillator consists of numerous segments, each 
of which is physically aligned with a corresponding SiPM element (pixel) to detect 
light produced by the interaction of X-rays with that element’s scintillator. Optical 
reflectors between the scintillator segments reflect light back to the segment. We 
believe that imaging of very high X-ray photon flux utilizing photon counting and 
energy discrimination with scintillators optically coupled to SiPMs will be possible. 
This is due to the combination of the very fast decay time and the high light-yield 
emission of certain scintillators and the highly light-sensitive and extremely fast 
response of SiPM devices. In recent years, several novel scintillators have been dis-
covered such as LSO, LYSO, YAP, LuAP, and LaBr. These new scintillating materi-
als have characteristics that include

High light output•	
Very fast scintillation decay•	
High atomic number (high density)•	

Table 3.2 summarizes physical properties of the scintillating materials listed here. 
The requirement for an extremely low afterglow is not an important criterion for the 
selection of scintillation material in photon-counting CT. In photon-counting mode, 
the influence of the afterglow on the image can be eliminated by setting the electronic 
threshold above this signal or above an excess electronic noise due to this effect.
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The peak sensitivity of SiPMs is about 400 nm, which matches reasonably well 
with all the scintillators listed in Table 3.2. LYSO offers certain advantages over 
YAP because of its higher light output and better match of the peak wavelength with 
the peak of the sensitivity of SiPMs. However, YAP has faster decay time. The lower 
Z of YAP compared to LYSO will still provide sufficient efficiency at CT energies. 
Also, LSO and LuAP could be scintillators of interest. LaBr, despite having the 
highest light yield, is highly hygroscopic, which makes it impractical for use in dense 
segmentation applications.

3.14.2 experimenTal resulTs wiTh siliCon phoTomulTipliers (sipms)

Figure 3.30 shows the single-channel LYSO/MPPC X-ray detector that we fabri-
cated. The geometry of the scintillator matches a single segment. We have tested this 
device with various discrete electronic configurations to determine the maximum 
output count rate that can be obtained. Figure 3.31 shows the measured output count 
rate at the counter when the signal is amplified and shaped with an 18-in. delay line 
shaper connected to an ORTEC 579 amplifier. The maximum output count rate is 
approximately 16 × 106 counts per second per pixel. The high output rate is due to the 
fast signal response time and use of a fast scintillator (see Table 3.2).

The results of an experiment with 241Am and 137Cs sources are shown in Figure 3.32. 
The spectrum on the left clearly shows the 60-keV gamma-ray photopeak from the 
241Am source. The spectrum on the right shows the 32-keV Ba K X-ray photopeak 
from the 137Cs source. The separation of the Ba K peak from the electronic-noise 
shoulder indicates a very low electronic-noise level of about 7 keV. Despite this low 
electronic-noise level, the energy resolution is much worse than that possible with 
semiconductor detectors such as CdTe or CZT. The lower energy resolution is due 
to the basic phenomena related to the mechanisms that generate the signal in the 
scintillator and the multiplication noise in the SiPM.

3.15 suMMAry

The chapter presents novel detector structures that have been specifically developed 
or evaluated for photon-counting X-ray imaging applications. Most of our work was 

tAble 3.2
characteristics of candidate scintillator Materials for siPM-based X-ray Imaging

scintillator lso lyso yAP luAP labr

Density [g/cc] 7.4 7.1 5.4 8.3 5.3

Light yield [photons/keV] 27 32 21 10 61

Effective Z 66 64 31.4 65 46.9

Principal decay time [ns] 42 48 25 18 35

Peak wavelength [nm] 420 420 370 365 358

Index of refraction 1.82 1.8 1.94 1.95 1.88

Hygroscopic No No No No Yes
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FIGure 3.30 A 1-mm2 SiPM (Hamamatsu Model S10361-11-050C) light detector coupled 
to a 1 × 1 × 5-mm LYSO scintillator.
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FIGure 3.31 A 1-mm2 SiPM light detector coupled to a 1 × 1 × 5-mm LYSO scintillator 
with an 18-in.-long delay line shaper.
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concentrated on development of CdTe or CZT detector arrays; on the use of fast, 
low-noise ASIC readout electronics; and on solving the problems of interconnect-
ing the detectors and electronics to create modules that can be tiled together. The 
developed detector structures based on compound semiconductor detectors provide 
a signal response much faster than the transit time of carriers over the whole detec-
tor thickness. At the same time, the individual detector pixels exhibit good spectral 
performance at very short peaking times.

We have developed a fast and low-noise ASIC electronics readout that is opti-
mized for amplification and processing of signals from CZT and CdTe detector arrays. 
Detector modules containing crystals and ASIC electronics were specifically designed 
to fit into a commercial scanner and replace the conventional integrating scintillator 
detectors with fast and highly efficient photon-counting and energy-dispersive detec-
tors. The output count rate of 6 × 106 cps per 1-mm2 pixel in a fully functional CT 
detector module has been demonstrated. The first patient CT images were taken with 
these photon-counting, energy-dispersive detectors. Despite a relatively low X-ray 
flux, the images demonstrate good image quality, showing great promise for possibly 
decreasing the radiation dose to patients while also providing tissue decomposition 
capabilities. Detector arrays with parallel drift-detector structures, when optimized 
and combined with fast ASIC electronics, can provide a good developmental path for 
photon counting at the very high X-ray flux (≈100 Mphotons/mm2/s) that is currently 
used in typical CT exams with conventional integrating detectors.

We also investigated commercial SiPM (MPPC) devices coupled to a fast scintil-
lator (LYSO) for fast X-ray photon counting. The output count rate of 15 × 106 cps 
per 1-mm2 pixel has been achieved. However, energy resolution measured with these 
devices was much worse than that possible with semiconductor detectors such as CdTe 
or CZT. The higher resolution of CdTe and CZT is due to more efficient generation of 
the signal in the semiconductors and the use of conventional electronic amplification.
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4.1 IntroductIon

A radiation detector has been developed to be applied for nuclear imaging in nuclear 
medicine. According to Townsend’s latest review [1], nuclear imaging technology 
has been migrating into the field of nuclear medicine since the late 1940s. Today, the 
tomographic imaging of the human body using radioisotopes, such as positron emis-
sion tomography (PET), single-photon-emission computed tomography (SPECT), 
etc., is indispensable for visualizing the functions of biological mechanisms nonin-
vasively, e.g., metabolism or neurotransmitter. The progress of tomographic imaging 
tools relates strongly to the progress that has been made in scintillation detector 
technology, involving both advances of photodetector technology and the discovery 
of novel materials for scintillators. Recently, the advent of a hybrid system of PET/
SPECT and X-ray computed tomography (CT) achieved precise superimposition of 
the functional image on the anatomical image. This property of the hybrid system 
brought benefits to medical diagnosis, such as the whole-body health examination 
for cancer detection, and contributed significantly to the spread of nuclear imaging 
apparatus into clinical use.

The visualization technique using this hybrid system is called hardware fusion in 
contrast to software fusion. The hardware fusion makes it possible to superimpose 
the functional image acquired by nuclear imaging modality (PET, SPECT, etc.) on 
the anatomical image acquired by radiological imaging modality (X-ray CT). Both 
images are obtained under the same conditions, such as scanning axis, geometrical 
configuration of target, and so on. Besides the improvement in diagnostic accuracy, 
it becomes possible to avoid the need for an external sealed radioisotope, which saves 
cost and shortens the measurement time by utilizing the anatomical image for the 
attenuation correction.

Further sophistication of human whole-body PET has been obtained by 
using time of flight (TOF) information with fast scintillation detectors to secure 
improved signal-to-noise ratio in the image. Such sophistication requires develop-
ers of detector systems to design their products considering the whole measure-
ment system and how it is applied. Moreover, the requirement for progress in the 
development of hardware arises from expansion in the field of applications. Above 
all, nuclear imaging is expanding into molecular imaging, based on the knowledge 
of the specific genes and proteins involved in disease mechanisms. Nowadays, 
the molecular imaging requires not only nuclear-imaging methods, but also other 
medical noninvasive imaging methods, such as radiological imaging, including 
X-ray CT and magnetic resonance (MR), optical imaging with either fluorescence 
and/or bioluminescence, and ultrasound imaging, with new contrast agents. One 
can find detailed explanations [2, 3] on how these clinically employed imaging 
methods are utilized to visualize specific molecules and on the significance of the 
molecular imaging applications.

Among the various applications of molecular imaging, the development of new 
pharmaceuticals should be the most significant. From this viewpoint, the demand 
on imaging systems dedicated to in vivo animal studies is aiming for (a) preclinical 
evaluation of new pharmaceuticals using small laboratory animals and (b) research 
on the fundamental mechanisms of human diseases using new animal models that 
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mimic human disorders. Besides choosing either of these two approaches, the devel-
opment of target-specific molecular probes is considered to be most important. 
Nevertheless, continued progress in the development of new pharmaceuticals will 
not be possible unless the improvements in the development of detectors can keep 
up with the advances of the target-specific molecular probes, as these detectors must 
be able to visualize faint signals emitted from the probes. For this purpose, systems 
must be developed to provide dynamic and high-throughput measurements with suf-
ficiently high spatial resolution, sensitivity, and quantitative capability. However, 
some of the specifications conflict with each other, making it difficult to develop a 
system satisfying all requirements.

In an effort to resolve the problem, we divided those requirements into two 
groups and developed systems, each of which satisfies either of the requirements: 
One is a small-animal PET scanner, and the other is a planar positron imaging 
system (PPIS).

In this chapter, we describe in detail the total construction and fundamental spec-
ifications of PPIS [4] and PET [5] systems. Both systems are based on a common 
physical principle to detect a pair of almost simultaneously arriving gamma rays 
emitted in the opposite direction from electron–positron pair annihilation process, 
although the geometrical configurations of the systems and their derivative charac-
teristics are very different.

4.2 PPIs

4.2.1 inTroduCTion

Although the usefulness of PET is recognized, some animal experiments are inca-
pable of obtaining high-quality images because of the large statistical noise. This 
problem is particularly serious when the specific activity of the radiotracer is low, 
or when it is necessary to measure a series of short-period images for pharmacoki-
netic analysis of new drugs. In this kind of evaluation, an imaging system is often 
required to measure a large number of samples efficiently. Unfortunately, the small-
animal PET scanners available today have not been designed for high-throughput 
measurements.

Thus, a high-resolution planar imaging system was developed for small-animal 
experiments to evaluate new pharmaceuticals. Planar coincidence detectors have a 
long history, having been used in the early stage of PET systems development [6–8], 
and they have recently been used in PET/SPECT hybrid systems [9–14]. However, 
the new planar imaging system was designed to provide only focal-plane images 
instead of the transaxial images provided with PET scanners. Simplicity in the sys-
tem design includes several benefits such as high resolution, low cost, easy operation, 
and a high-throughput measurement capability. Also, it is suitable for measuring a 
subject in a short period of time or with very-low-activity tracers. Recent years have 
seen a surge in interest in imaging the function of biological phenomena occurring 
in living creatures such as plants, and studies with similar planar imaging systems 
will likely increase [15–22].



92 Electronics for Radiation Detection

4.2.2 sysTem ConsTruCTion and daTa proCessing

The planar imaging system is designed to detect radiation from a subject with two 
opposing detector heads. Figure 4.1 shows the construction of the detector head. To 
achieve sufficient spatial resolution, the detector heads have the following three-
fold hierarchical structure. Each detector head contains 2 (columns) × 3 (rows) of 
detector modules, where each detector module is composed of 2 × 2 block-detector 
units, each of which consists of 10 × 10 BGO (bismuth germanate) crystal arrays 
optically coupled to a metal-packaged PS-PMT (position-sensitive photomultiplier 
tube) (Hamamatsu R8520-00-C12) [23]. In the following discussion, we describe in 
detail the detector and circuit configuration in PPIS (Hamamatsu PPIS-4800).

4.2.2.1 detector Module
Figure 4.2 illustrates the construction of the detector module and its readout cir-
cuit, along with a schematic drawing of the detector unit. The BGO crystal elements 
(dimensions of each crystal element are 2 × 2 mm in cross-section and 20 mm in 
length) are optically isolated from each other with 0.2-mm-thick Teflon sheets to 
avoid inter-element cross talks. Once gamma rays from a subject strike a BGO crystal, 

Photomultiplier tube

BGO crystal array

18
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m

120.8 mm

11 mm

FIGure 4.1 Schematic drawing of the detector head consisting of 2 (columns) × 3 (rows) 
detector modules. This detector module is composed of 2 (columns) × 2 (rows) block-detector 
units, with each unit having a BGO scintillation array.
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they interact with heavy atoms to stochastically produce scintillation photons. The 
scintillation photons travel in the crystal element, undergoing multiple reflections at 
the element’s walls, and finally arrive at the photocathode of the PS-PMT. Here we 
describe in detail what occurs in the PS-PMTs. The incident photons are converted 
to photoelectrons at the photocathode [24], multiplied by 5 × 105–106 through chan-
nel-separated dynodes keeping positional information, and detected by 6(X) + 6(Y) 
crossed-plate anodes.

We can obtain information on the total energy of incident radiation and the posi-
tion from output signals of the PS-PMT as follows. The total energy of incident 
radiation is proportional to the total charge amount of the PS-PMT output. On the 
other hand, the position of an incident radiation is calculated as the centroid of the 
charge distribution on the plate anodes. To obtain the centroid information, the X- 
and Y-plate anodes of four PS-PMTs in the same module are connected to the com-
mon X and Y resistor-chains, respectively. The position signals in the X direction (X1, 
X2) and those in the Y direction (Y1, Y2) are amplified and fed into a signal-process-
ing unit. It is also noted that the outputs from the final dynodes of four PS-PMTs in 
one detector module are all summed to provide the timing information of incident 
photons (Figure 4.2).

4.2.2.2 detector head
The block-detector units in a detector head are arranged on a plane with a gap of 
11.0 mm between crystal arrays, which is equal to the width of five crystal ele-
ments. This arrangement of the block-detector unit with gaps enhances the effective 
field-of-view (FOV) area without generating any dead area on the focal imaging 
planes. The FOV area of 120.8 × 186.8 mm is obtained with a detector area of 
80 × 120 mm. Using this setup, we detect coincidence events between one module 
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and the 3 × 3 array of modules directly opposite it, assuming that the radiations 
from objects arrive at the corresponding pair of detector modules almost simul-
taneously. The dimension of the detector head is only 225 mm (height) × 180 mm 
(width) × 115 mm (length). Such a compact and simple structure of the detector 
head allows very versatile arrangement of detectors. For example, Figure 4.3 illus-
trates the horizontal- and vertical-mode positioning of the detectors, and Figure 4.4 
is a photograph of the PPIS.

FIGure 4.4 Photograph of PPIS.

FIGure 4.3 Photograph of the planar positron-imaging device. Left: Horizontal position-
ing of detectors. Right: Vertical positioning of detectors.
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In our setup, detector heads are not particularly shielded from external radiation. 
However, the side surfaces of each crystal array are covered with 1-mm-thick lead 
plates to suppress the oversensitivity of peripheral crystal elements to gamma rays 
directly penetrating their sides.

4.2.2.3 electronics
The position signals (X1, X2, Y1, Y2) and the timing signal from each detector module 
are fed to a signal-processing circuit, and the four position signals are summed to 
produce an energy signal. The position and energy pulses, which were shortened 
with 200-ns delay line clipping, are integrated with gated-integrator circuits and 
converted to 8-bit digital signals. The positions in the X and Y directions are cal-
culated from the digitized position signals with the help of position lookup tables 
(LUT) stored in read-only memory (ROM), and then converted to a crystal address 
code with the position-to-address conversion table in a flash ROM. The energy sig-
nal and the crystal address code are transferred to a flash ROM, where the energy 
windows are set corresponding to each crystal. When the energy signals match the 
preset energy windows, the timing and crystal codes are transferred to the following 
coincidence-detection circuits (Figure 4.2).

4.2.2.4 data Processing and Image reconstruction
Coincidence is detected when two timing signals arrive at the coincidence circuit 
within an interval of 20 ns. A pair of crystal codes detected as a coincidence event 
are acquired by a personal computer (PC) through a small-computer system inter-
face (SCSI). The acquired data is stored in a histogram memory during the preset 
frame duration and then stored onto a hard disk (HD), where two types of data stor-
age modes can be selected. The acquired crystal pair codes are directly stored in 
the histogram memory, or the crystal pair codes are accumulated in the histogram 
memory after being converted to the coordinate (X, Y) data on a focal plane. The 
stored data on the HD is then transferred to another PC through an Ethernet connec-
tion for image processing and data analysis.

The position (X0, Y0) of a positron annihilation in an observed object is deter-
mined as an intersection of the focal plane with the line connecting detection points 
(Xa, Ya) and (Xb, Yb) on a pair of directly facing detectors (i.e., coincidence line). A 
coincidence line is back-projected to be assigned a 1.1 × 1.1-mm square pixel on 
the focal plane. We can obtain a cross-sectional image as a density distribution 
of the back-projected pixels through the calibration based on the sensitivity varia-
tions of the detectors, which are determined from an image for the flat phantom, as 
described later.

The acceptance angle of the coincidence lines determines the spatial resolution of 
the system, i.e., a detection with a small acceptance angle improves the spatial resolu-
tion at the cost of detection efficiency. The present system has two mode-of-accep-
tance angles, which are called the wide mode and the narrow mode. The acceptance 
angle in the wide mode includes the coincidence events detected between one module 
and the 3 × 3 array of modules directly opposite it, and this is the maximum angle, as 
limited by the hardware. The acceptance angle in the narrow mode is limited to the 
coincidence events detected between one block-detector unit and the 3 × 3 array of 
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block-detector units directly opposite it, and is limited by the software. The narrow 
mode is used for evaluation of system performance and applicability, as discussed in 
the following section.

The focal-plane imaging is free from noise amplification in the tomographic recon-
struction process; hence, it provides plane images with a superior signal-to-noise ratio, 
even with a short period of data acquisition, and even for objects involving low-activity 
radiotracers. Finally, note that care is required when observing a thick object with the 
planar system. In this case, activities existing outside the focal plane are projected onto 
the focal-plane image as a blurred distribution to increase the background level on the 
focal-plane image, resulting in the degradation of contrast.

4.2.3 sysTem perFormanCe

Here we present the results of evaluating the system performance of PPIS.

4.2.3.1 spatial resolution
The spatial resolution for a point source on the focal plane is determined from the 
coincidence response functions (CRFs) of all possible crystal pairs back-projected 
onto the focal plane. The CRF for the gamma rays obliquely penetrating each crystal 
spreads widely as the angle of the coincidence line increases, leading to the degra-
dation of spatial resolution or so-called parallax error. Thus, the spatial resolution 
depends on the distance between a pair of opposing detector heads (referred to as 
the D-D distance in the following) and the acceptance angle. The spatial resolution 
also varies from position to position on the focal plane because of the geometrical 
arrangement of the crystals.

Next, we evaluated the relationship between the spatial resolution and the D-D 
distance. The measurement of the spatial resolutions was performed with a 22Na 
point source (1-mm diameter) placed at three different positions on the focal plane as 
a function of the D-D distance (Figure 4.5). Here, the acceptance angle was selected 
according to the narrow-mode operation. The measured spatial resolution was com-
pared with that obtained by the Monte Carlo simulations. In this simulation, the 
distribution of energy deposits in the scintillator was calculated for two gamma rays 
emitted from a 1-mm-diameter spherical source while considering the angular devi-
ation of the two annihilation gamma rays from 180 degrees.

Figure 4.5 shows the measured and simulated spatial resolutions at different 
positions on the focal plane and for different D-D distances. The discrepancy in 
the spatial resolution between the measured and simulated data was mainly due to 
the spatial resolution of the PS-PMT, as well as partly due to the effect of positron 
range. These phenomena were disregarded in the simulation, which indicated that 
the parallax error decreased as the D-D distance increased, and that the effect of 
angular deviation became dominant for D-D distances over 30 cm. Additionally, 
the dependence of the spatial resolution on the source position decreased as the D-D 
distance increased. From these results, we fixed the D-D distance to 30 cm in the 
following measurements.
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At a D-D distance of 30 cm, we measured the variations of the spatial resolutions 
on two column lines by scanning the point source with 5.5-mm steps, the results of 
which are shown in Figure 4.6. The spatial resolution in column B (on the line above 
the center of crystal blocks) was slightly improved compared with those in column 
A (on the line above the gaps between crystal blocks): The FWHM (full width at 
half of maximum) values of the spatial resolutions were 1.6 mm for column B and 
2.1 mm for column A.

Moreover, we evaluated the dependence of spatial resolution on the on-focal 
plane and on the off-focal plane for different source distances from the mid-plane 
between the two detector heads. A 22Na point source was placed at various distances 
(0–10 mm) from the mid-plane to measure the spatial resolution on the mid-plane 
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and that on the on-focal plane (the plane on which the source exists) for each source 
distance. Figure 4.7 shows the changes in the spatial resolutions versus the source 
distances. The spatial resolution for both the on-focal and off-focal planes deterio-
rated when sources were located at distances >6 mm from the mid-plane.

4.2.3.2 sensitivity and uniformity
The system sensitivity and uniformity on the mid-plane were measured using a flat 
uniform phantom filled with 18F− solution in the narrow mode. The flat phantom, 
which has inner dimensions of 3-mm thickness × 185-mm width × 250-mm height, 
contains a radioactive solution and is made of three acrylic plates (each 3 mm thick). 
The system sensitivity was found to be 107 cps (counts per second) per kBq/mL in 
the narrow mode. Figure 4.8 demonstrates the focal-plane image measured by the 
flat phantom filled with 18F− solution (so-called flood image) and the profiles, where 
the image is corrected for the density of coincidence lines back-projected onto the 
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focal plane. The crosshatch pattern on the flood image is caused by the low sensi-
tivities registered at the peripheral regions of detector units. The sensitivity pattern 
measured for the flat phantom was used to correct the focal-plane images of the other 
objects to be measured.

The sensitivity can be improved by decreasing the D-D distance or by increasing 
the acceptance angle for the coincidence lines. On the other hand, the spatial reso-
lution and its uniformity deteriorate by increasing the sensitivity, as mentioned in 
Section 4.2.3.1. In some measurements for objects having very low-activity tracers, 
it may be preferable to increase the sensitivity at the cost of spatial resolution.

4.2.3.3 count-rate Performance
Figure 4.9 demonstrates the count-rate performance of the system measured using 
the flat phantom filled with 18F− solution, where the effective rate is obtained by 
subtracting the accidental coincidence rate from the measured one. The maximum 
effective coincidence count rate was about 20 kcps at an activity concentration of 
500 kBq/mL for a 3-mm-thick plane in the narrow mode. If the activity concentra-
tion exceeds this condition, the coincidence count-rate increment against the con-
centration saturates, leading to count loss. The count loss at this high-activity region 
is corrected by comparing the measured count rate with the ideal count rate, as 
extrapolated from the measured rates at low activities.

4.2.4 planar imaging appliCabiliTy

We demonstrate here by presenting examples of a rat image observed using PPIS. An 
anesthetized rat was fixed on an acrylic plate and placed on the mid-plane between 
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the two opposing detectors arranged in a horizontal mode (Figure 4.3A). [18F]fluoro-
deoxyglucose (FDG), a short-lived F-18 isotope (t1/2 = 110 min, 8.3 MBq/300 g) was 
injected intravenously into a rat from the tail vein. The data were acquired with a 
10-sec frame interval for the first 10 min after the FDG injection, with a 1-min frame 
interval for the next 20 min, and with a 10-min frame interval for the last 60 min. 
Three different frame time images are presented in Figure 4.10. The 10-sec frame 
images in the upper row demonstrate the capability of this system for a very short 
period of data acquisition: in the first frame, the introduction of radioactivity from 
the tail vein was visualized. The subsequent distributions could be clearly seen to 
be transferred from the liver toward the bowel and then toward the bladder via the 
kidneys.  Thus, a clear image of the radioactivity distribution could be seen from the 
beginning of the study and the dynamic changes in the activity distribution in a rat 

FIGure 4.8 Flood image and profiles. Flood images were measured with a flat phantom 
filled with 18F− solution. The bottom and side figure are the profiles for the mid-column and 
the mid-row, respectively. (© 2004 by Elsevier B.V. With permission.)
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FIGure 4.10 Dynamic change of [18F] FDG distribution in a rat. Each image in the upper 
row was measured with a 10-sec frame interval for the first 10 min after the FDG injection.  
The 1-min frame images for the next 20 min and the 10-min frame images for the last 60 min 
were shown in the middle row and the lower row, respectively. 
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model were well measured. The radioactivity injected in this animal was sufficiently 
low (27.66 MBq/kg) compared with two to five times higher radioactivity required in 
conventional animal PET devices [25].

Finally, the planar image obtained with the present system was compared with 
a transaxial image measured by a conventional PET system (SHR7700) [26]. This 
comparison was performed for rat brain images using a brain-receptor imaging 
drug, [11C]SCH23390, and the results are shown in Figure 4.11. The rat brain images 
by the planar and PET systems were obtained by accumulation from 41 to 60 min 
after the administration under the injected dose conditions of 88.6 MBq/kg and 
136.2 MBq/ kg, respectively. The discrepancy between the outline of both images 
shows that the planar image suffers from activities existing outside the focal plane as 
blurred distribution. However, as seen in Figure 4.11, the new device provides almost 
comparable image quality with PET images, suggesting that PPIS can provide better 
images for lower radioactivity and for a shorter period of imaging time.

4.2.5 ConClusion

Our compact planar imaging system provided superior quality of focal-plane images. 
The performance of the new planar device was evaluated through experiments using 
a point source of 22Na and a flat phantom. The appropriate performance of the new 
device for the in vivo imaging of small animals was also confirmed by the dynamic 
measurements of rats. The FOV of the system was large enough to measure the whole 
body of a rat without scanning. The system offers high-quality images even over a 
short time frame of measurement. Thus, there is great potential for this new planar 
imaging system in the high-throughput screening of drugs, as well as for pharma-
kinetic studies of new drugs with small animals. Moreover, the simple design of the 
proposed device allows for very versatile use by simply changing the detector posi-

(a) (b)

Striatum Striatum

FIGure 4.11 Rat brain images by (A) the planar imaging system and (B) the PET system. 
The images were obtained after the i.v. injection of a brain receptor agent [11C]SHC23390. 
This drug accumulated in the striatum, as can be seen in both images taken after accumu-
lating for the last 20 min in the 60-min scan. (Dose administered: 88.6 MBq/kg [a] versus 
136.2 MBq/kg [b]). The radioactivity accumulated in the upper area over the striatum might 
be that of the intraorbital exocrine gland or lacrimal gland.



Planar and PET Systems for Drug Development 103

tion. The compactness and low price of this system are expected to enable its use in 
a wide range of institutions from drug companies to research laboratories.

Finally, the planar image includes information on activities existing outside 
the focal plane as a blurred distribution, which is different from transaxial images 
obtained from computed tomography. The planar system, however, is thought to 
have enough advantages to make up for this weakness.

4.3 sMAll-AnIMAl Pet scAnner

4.3.1 inTroduCTion

PET dedicated to small animals is one of the powerful tools for molecular imaging, 
which is required to have high spatial resolution and high sensitivity, resolving the 
fairly low radiotracer concentration within the target in a small animal. The scanner 
with the larger solid angle is more suitable for achieving the desired higher sensitiv-
ity. However, there is a trade-off between getting the larger solid angle and increas-
ing parallax errors.

The depth of interaction (DOI) information gives the solution for this trade-off. 
Several ingenious schemes have been proposed to determine the DOI of gamma 
rays in the scintillator crystals. One of these techniques involves the use of a phos-
wich detector, which can evaluate the DOI by the use of different fluorescence decay 
times in scintillators [27, 28]. Another method is to control the light sharing between 
scintillation crystals [29, 30]. DOI information can also be extracted by using the 
signal ratio from scintillator crystals sandwiched between two detectors [31]. These 
schemes require additional special electronics or structural complexity. Thus, we 
proposed a simple detector structure for DOI measurement. The proposed detector 
consists of a position-sensitive photomultiplier tube (PS-PMT) and a double-layer 
array of crystals [32, 33]. This method has also been applied to positron emission 
mammography [34, 35].

In the following discussion, we introduce a newly developed small-animal PET 
scanner (Hamamatsu SHR-41000) using the previously mentioned DOI detector to 
demonstrate its performance.

4.3.2 sysTem ConsTruCTion and daTa proCessing

The small-animal PET scanner also works similarly with PPIS; the difference is in 
its detector configuration and reconstruction procedure. In the PET scanner, detector 
modules are aligned to form a cylindrical shape that surrounds a subject. Here, the term 
axial direction denotes the direction on the surface of the detector module correspond-
ing to the axis of the cylindrical configuration, while the term transverse direction 
denotes the direction corresponding to the circumference of the base of the cylinder.

4.3.2.1 detector Module
A detector block of the small-animal PET scanner is equipped with a double-layer array 
of lutetium-yttrium oxyorthosilicate (LYSO) crystals (provided by Photonic Materials, 
Ltd.), which are coupled to three flat-panel PS-PMTs [36] (Hamamatsu R8400-
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00-M256) through a 1.0-mm-thick glass plate. By using the glass plate as a light guide 
from the LYSO crystal array to the PS-PMTs [37], we can remove crystal gaps between 
the PMTs to achieve uniform spatial sampling in the axial direction. To provide the DOI 
detection capability, 32 (transaxially) × 53 (axially) crystal elements are optically cou-
pled to 32 × 54 crystal elements with a shift of half the element pitch in the axial direc-
tion of the LYSO crystal array. The dimensions of each crystal element are 1.275 mm 
(transaxially) × 2.675 mm (axially) × 7 mm (in depth). Since the centroid of the output 
light distribution for each crystal element is located at a different position, the crystal 
element can be identified on the image plane derived from the centroid calculation.

The flat-panel PS-PMT has 12 stages of metal-channel dynode and 16 × 16 mul-
tiple anodes in a 52.0-mm2 × 14.7-mm-high metal-can package. The effective area 
of the bialkali photocathode is 49.0-mm2, which provides an approximately useful 
area ratio of 90%. Since there are still dead spaces between PMTs, a 1-mm-thick 
glass light guide is placed between the crystal elements and the three PS-PMTs to 
eliminate the dead area in the axial direction. The detector module—which consists 
of DOI detectors, voltage dividers, and preamplifier boards—is assembled inside a 
lightproof case, as shown in Figure 4.12.

Practically, the output signals from multiple anodes of the PS-PMTs distribute 
nonuniformly, even when detector modules are uniformly illuminated, because 
there is a nonuniform variation of sensitivity for each anode channel and because the 
crystal elements generate nonuniform scintillation photons. To compensate for the 
nonuniform outputs from multiple anodes of the PS-PMT, application-specific inte-
grated circuits (ASICs) having 64-channel variable-gain amplifiers and summing 

FIGure 4.12 Photograph of a detector module consisting of DOI detectors, voltage divid-
ers, and preamplifier boards assembled inside a lightproof case. (© 2008 by IEEE. With 
permission.)
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amplifiers are adopted to the front-end circuits. The 256-channel anode outputs from 
a PS-PMT are fed into four ASICs, in which each anode output is tuned through the 
variable-gain amplifiers. Figure 4.13 shows the construction of the readout circuit 
along with a schematic drawing of the detector module.

The position signals and the timing/energy signals from the 12 ASICs in the mod-
ule are all combined to form position signals ([X1, X2], [Y1, Y2]) and a timing/energy 
signal from the detector module. In the case of a typical detector module, the energy 
resolution varies for each crystal element from 19% to 45% with a mean of 25%, 
where 90% of the crystal elements have energy resolution better than 30%. FWHM 
of the coincidence timing resolution is measured typically as 2.6 ns using a reference 
BaF2 detector composed of a 20-mm-diameter × 20-mm crystal and a fast PMT 
(Hamamatsu R1668) under the choice of the energy window as 350–750 keV.

4.3.2.2 detector ring structure and Gantry
In the present small-animal PET system, 12 DOI detector modules are positioned on 
a 182-mm-diameter ring to form 107 detector rings with a 1.4-mm pitch. The total 
crystal number is 41,088 (384 per ring), as shown in the detector ring (Figure 4.14). 
The FOV forms a cylindrical regime of 100 mm in diameter and 151 mm in the axial 
length, which is sufficient for covering the whole body of the mouse. The computer-
controlled bed for animal subjects is vertically and horizontally adjustable, with an 
accuracy of 0.1 mm. To obtain higher sampling density and to fill the gaps between 
the detector modules, the detector rings can be rotated between 0 and 30 degrees, 
where the angle-adjustable range is equal to the angle between the adjacent mod-
ules in the circumference direction of the detector ring. The minimum period of the 
rotation scan is 10 s, which is sufficiently short for most dynamic studies with small 
animals. The data for the normalization of the detector sensitivity are obtained by 
helically scanning a 10-MBq 68Ge–68Ga rod source having dimensions of 3-mm 
diameter and 2-mm length. The rod source is shielded to protect the detector modules 
from unnecessary irradiation. The shield is geometrically designed to provide only 
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the coincidence lines inside the FOV. Figure 4.15 shows a photograph of the gantry, 
while Table 4.1 lists major specifications of the system construction.

4.3.2.3 electronics
Four position output signals (X1, X2, Y1, Y2) and an energy/timing signal from the 
detector module are fed into a position analyzer circuit in the gantry, through coaxial 

SHR-41000

FIGure 4.15 Photograph of a small-animal PET scanner.

Ring diameter: 182 mm

FOV

Transaxial : 100 mm
Axial : 151 mm

FIGure 4.14 Schematic picture of the detector ring exhibits the circular structure of 12 
modules and provides the geometrical information of rotating transmission source.
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cables. The energy/timing signal is separated into an energy signal E and a timing 
signal T in the position analyzer. The position output signals and the energy signal 
E are integrated over a 200-ns period and digitized with 10-bit ADCs and an 8-bit 
ADC, respectively. Finally, the positions x and y are calculated from those outputs 
according to the following relations:

 x = X1/(X1 + X2)

 y = Y1/(Y1 + Y2)

The crystal coding for 3,424 crystals in the detector block is performed by LUT 
in flash memory. The energy window setting for each crystal is performed using 
an individually defined LUT. The timing signal T is fed into a constant-fraction 
discriminator (CFD) that generates a time-mark signal indicating the arrival of a 
gamma ray. The time-mark signal is used to generate the digitized event time in 
reference to the system master clock, with 2-ns resolution. To adjust the timing of the 
signal from each detector module, a programmable delay line having 500-ps time 
resolution was implemented for each detector module. Each data set consists of a 
crystal address and time stamp data from 12 detector modules. Any of the 7 opposite 

tAble 4.1
Major Aspects of a small Animal Pet scanner
(hamamatsu shr-41000)

detector
Crystal material LYSO

Crystal size 1.275 mm × 2.675 mm × 7 mm

Crystal pitch 1.4 mm

PMT type flat panel PS-PMT
(Hamamatsu R8400-00-M256)

Number of crystals 41,088 (384/ring)

Number of PMTs 36

ring geometry
Number of rings 107

Ring diameter 182 mm

Ring pitch 1.4 mm

Transaxial FOV 100 mm

Axial FOV 151 mm

Gantry
Detector rotation small angle rotation (0–30 deg.)

Positioning laser projector

Source spiral orbiting 68Ge-68Ga rod source

Motion of bed 300 mm horizontal
50 mm vertical
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detector modules are treated as detector pairs to detect coincident signals. The width 
of the coincidence time window can be changed electronically from 6 ns to 18 ns, 
with 4-ns steps, and is set to 10 ns for LYSO detectors.

4.3.2.4 data Processing and Image reconstruction
The coincidence data for all axial acceptance angles are transferred to a data acquisi-
tion unit consisting of a commodity personal computer operated with LINUX, where 
the coincidence data are stored in “list mode.” The list mode data are binned into 
the sinograms defined by the axial coordinate and the ring difference, while taking 
account of the DOI information. For two-dimensional (2-D) reconstruction, the list 
mode data are combined to a three-dimensional (3-D) data set, and the 3-D data set 
is converted to 213 slices of 2-D sinograms through a Fourier rebinning algorithm 
(FORE) [38], restricting maximum ring difference as δ = ±25 with the compression 
of span 3, or δ = ±42 with that of span 5. The axial sampling distance is 0.7 mm. 
Images are reconstructed from the 2-D sinograms with standard 2-D filtered back 
projection (FBP) or a fast iterative-reconstruction algorithm, 2-D DRAMA (Dynamic 
RAMLA) [39]. For the 3-D direct reconstruction, 3-D DRAMA and subsetized list 
mode EM (SLEM) [40] are adopted into the system.

To normalize the detector sensitivities, a component-based normalization 
(CBN) method is used [41]. The attenuation and scatter corrections are not yet 
implemented.

4.3.3 perFormanCe evaluaTion

The evaluation of the PET system performance has been standardized for a whole-
body PET by NEMA NU2-2001. However, since the NEMA test procedure cannot 
be applied to small-animal PET scanners, we prepared small-sized phantoms for a 
rat for evaluating the present small-animal PET system. The procedures, such as 
data processing and analysis, mostly followed the NEMA protocol. The experiments 
described below were performed with a 10-ns coincidence time window width, set-
ting the energy window to 350–750 keV.

4.3.3.1 detector-Pair resolution
We evaluated the limitation of spatial resolution by determining, from the hardware 
specifications of the detector module, the detector-pair resolution. The dimensions 
of the crystal elements located on the detector rings are 1.275 mm in the transverse 
direction (i.e., the direction of circumference of the detector ring) and 2.675 mm in 
the axial direction. The intrinsic spatial resolutions of the detector pair were mea-
sured in the two orthogonal directions. The measurements were performed by scan-
ning a 1.0-mm-diameter 22Na point source from the center of the FOV (CFOV) with 
0.2-mm steps in the transverse and axial directions. The coincidence count rate was 
plotted as a function of the source position and was fitted with a Gaussian function, 
whose FWHM value gives the detector-pair resolution. Figures 4.16(a) and 4.16(b) 
show the response curves in the transverse and axial directions, respectively.

The measured FWHM values in the transverse direction ranged from 1.75 to 
1.90 mm, with an average of 1.83 mm (Figure 4.16a). On the other hand, the FWHM 
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values in the axial direction revealed the systematic difference for signals origi-
nated from upper- and lower-layer crystals: the FWHM for the upper layer ranged 
from 2.82 to 2.86 mm with an average of 2.84 mm, whereas that for the lower layers 
ranged from 3.19 to 3.35 mm with an average of 3.26 mm. Additionally, the axial 
detector-pair resolutions for the crystals on the PMT gaps in the axial direction were 
slightly poorer than those for the crystals right on the PMTs. The total FWHM val-
ues involving the effects of layer dependence and PMT gaps ranged from 2.82 to 
4.08 mm with an average of 3.37 mm.

4.3.3.2 spatial resolution of the system
We describe here the system’s total resolution, including the previously mentioned 
detector-pair resolution and the effects of reconstruction. Note that the term transaxial 
resolution denotes the spatial resolution evaluated from the cross-sectional images.

To evaluate the transaxial resolution, we prepared a line source by filling a glass 
capillary (0.3-mm inner diameter) with 18F− solution. The transaxial resolution was 
measured with the line source placed at 0, 5, 10, 20, 30, and 40 mm from the center 
along the central axis of the gantry hole. The data were acquired with and without 
detector rotation for comparison. The scan period was 5 min at each position to col-
lect events of more than 100k counts. The list mode data were rebinned into 2-D sino-
grams by FORE with δ = ±25 and reconstructed by FBP with a ramp filter. For the 
measurement of the spatial resolution, the image was reconstructed as a 256 × 256 
matrix with a bin width of 0.4 mm, and the FWHM values of the profiles were deter-
mined in the directions perpendicular to the line source using linear interpolation. 
The FWHM values were calculated for 11 adjacent direct planes and averaged to 
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obtain the mean resolution value. The axial resolution was measured with a 40-mm-
long line source filled with 18F− solution placed radially at the CFOV. The source was 
then moved along the axis of the plane in steps of 0.175 mm. Figure 4.17 shows the 
resolution (FWHM) in the radial and tangential directions with and without detector 
rotation scan, as well as that in the axial direction. The transaxial resolution at the 
CFOV is less than 2.0 mm, and the axial resolution is around 2.8 mm in the whole 
FOV. The resolution in both the radial and tangential direction is improved by the 
detector rotation scan.

4.3.3.3 sensitivity
The source for the sensitivity measurement was a glass capillary (1.0 mm in diam-
eter × 2.0 mm in length) filled with 0.47-MBq 18F− solution. The activity was suf-
ficiently low so that the dead-time loss was negligible. The source was located at the 
CFOV, and the coincidence counts for all axial acceptance angles were collected. The 
absolute system sensitivity was 8.1% at the CFOV owing to the large axial FOV.

4.3.3.4 scatter Fraction and noise-equivalent count rate
The scatter fraction and the count-rate performance were measured for a rat-sized 
solid acrylic cylindrical phantom whose diameter and overall length were 6 and 
15 cm, respectively. The rat-sized phantom had a 2-mm-diameter hole drilled paral-
lel to the central axis of the cylinder at a radial distance of 1.5 cm. A glass capillary 
(1.0-mm inner diameter and 15-cm long) filled with 18F− solution was inserted into 
the hole. The phantom, whose initial activity was 17.0 MBq, was located at the center 
of both transaxial and axial FOV in the scanner using the animal bed. The data were 
acquired in list mode to generate sinograms for each acquisition frame and for each 
slice. The oblique sinograms were collapsed into a single sinogram by single-slice 
rebinning. The coincidence background noise due to the intrinsic radioactivity of 
176Lu contained in LYSO was subtracted from the measured coincidence events. The 
count rate of the coincidence background noise was about 1.5 kcps and was indepen-
dent of the activity in the phantom.
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The scatter fraction (SF) was derived using the final acquisition data to give an 
averaged SF of 34.6% for the phantom. The noise-equivalent count rate (NECR) 
was calculated from the true coincidence (T), random coincidence (R) measured by 
delayed coincidence technique, and scatter coincidence (S) as follows:

 NECR = T2/(T + S + 2fR)

The constant, f, is the fraction of a projection subtended by the phantom [42], and 
f = 0.6 for this phantom. Figure 4.18 shows the true count rate, random count rate, 
and NECR curves. The peak count rate of NECR was 72.6 kcps at 30.7 kBq/mL.

4.3.3.5 In vivo Imaging studies of Animals
To demonstrate the image performance of the scanner, a Sprague-Dawley (SD) rat (8 
weeks, 266 g) was measured with the tracer of 18F−. The images were reconstructed 
using both FORE + FBP and SLEM with finite-resolution modeling, where no atten-
uation and scatter corrections were employed.

Figure 4.19 shows the maximum intensity projection (MIP) views of bone images of 
the rat, measured at three bed positions. Data acquisition was started 72 min after the 
injection of 8.0 MBq of 18F− and continued during 20-min duration at each bed posi-
tion. In SLEM, finite-resolution effects (such as positron range, photon noncollinear-
ity, and intrinsic detector resolution) can be modeled by shift-invariant kernels; hence 
SLEM with finite-resolution modeling gives sharper images than other methods.

4.3.4 disCussion

We introduced a newly developed small-animal PET scanner (Hamamatsu SHR-
41000) using DOI detectors with large detection areas and evaluated its initial 
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performance. The large axial FOV of 151 mm sufficiently covers the whole body of 
a mouse and can measure a rat with two or three steps of the bed. Because the pres-
ent PET scanner has higher sensitivity owing to its larger solid angle, it is possible to 
perform animal experiments with small doses of radiotracers, as the NECR charac-
teristic shows. On the other hand, the maximum NECR is limited to 72.6 kcps for the 
rat-sized phantom at the cost of the large detection area of the detectors.

The spatial resolution of 2 mm at the CFOV is larger than that expected from 
the crystal size. This is caused by the incompleteness of crystal separations brought 
from current preamplifiers in the system. The current ASICs still have some elec-
tronic noise. Of the outputs from the 12 ASICs, 48 are used for the position cal-
culations, while the signal information is mainly included in only 4 outputs. The 
capability to identify each crystal segment is degraded by summing the electronic 
noise from the ASICs.

One of the benefits expected with the use of the DOI detector is to suppress the 
degradation of the spatial resolution in the radial direction. We compared the reso-
lutions with and without the use of DOI information, but there is no difference, not 
even in the periphery. This is also caused by the event crosstalk between the upper 
and lower crystal segments, again due to the incompleteness of crystal separations. 

FIGure 4.19 The bone image of a whole body of a 256-g rat. The left image was recon-
structed using FORE + FBP, and the right image was reconstructed using SLEM. (© 2008 by 
IEEE. With permission.)
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Additionally, the light spread caused by the propagation via the light guide between 
the crystal array and PMTs can also degrade the crystal separations. We have rede-
signed the circuit to utilize the signals more efficiently, for example, by using thresh-
old amplifiers [43]. Figure 4.20 shows the flood images of the detector block under 
uniform irradiation of 511-keV gamma rays. We compared the use of the current 
preamplifiers and the redesigned preamplifiers including new ASICs with threshold 
amplifiers. The crystal separations are significantly improved with the use of the 
threshold amplifiers. Moreover, the preamplifier circuits were redesigned to increase 
the high-voltage supply for PMTs for the purpose of improving the signal-to-noise 
ratio. We are presently attempting to improve the threshold amplifier function of the 
new ASICs, with the expectation of improving the DOI measurement capability and 
the spatial resolution.

The initial evaluation results and demonstrated images for animal studies indicate 
that the new small-animal PET scanner should prove to be a useful device for in vivo 
molecular imaging. There is still much room for improvement in both the system 
design and the software; nevertheless, better performance is expected in the future.

FIGure 4.20 The flood images of the detector block. The left image was obtained with the 
current preamplifiers, and the right image was obtained with the redesigned preamplifiers. 
(© 2008 by IEEE. With permission.)
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4.4 suMMAry

In this chapter, we have described in detail the system construction and fundamental 
specifications of the planar positron imaging system (PPIS) and the small-animal 
PET scanner. While the systems and the detectors continue to improve, both sys-
tems have already been adopted in practical use. In the case of the PPIS installed 
at the PET Center of Hamamatsu Photonics K.K., a feasibility study of quantitative 
imaging has been performed for further system evaluation [44]. The PPIS has also 
been used to study the use of radiotracers as tumor-imaging agents [45]. In the case 
of the small-animal PET installed at the Biomedical Imaging Research Center of 
Fukui University, a feasibility study of probes for in vivo monitoring of adenoviral-
mediated gene therapy has been conducted [46]. Molecular imaging using both sys-
tems has been studied independently and complementarily. Each system has its own 
advantages and disadvantages, which suggests that their combined use would be 
much more effective in developing new drugs.
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5 PET Front-End Electronics

Christoph Werner Lerche and 
Vicente Herrero Bosch

5.1 IntroductIon

Most of the gamma-ray detectors employed in positron emission tomography (PET) 
applications provide output signals that need further amplifying and processing to 
carry out an optimal analog-to-digital conversion. Front-end electronics implement 
all the necessary analog processing from the detector’s output to the input of the 
data-acquisition and control (DAC) system. A typical front-end architecture usually 
includes an input preamplifying stage and an output shaping stage.

Preamplifiers collect the detector’s output signals, which, due to their reduced 
amplitude and thus high sensibility to noise, must be carefully amplified as soon as 
possible. Occasionally, the preamplifying stage is omitted if the signal-to-noise ratio 
provided by the detector is high enough and there is no need to isolate the detector 
from the other parts of the front end.

The shaping stage produces the slow-changing signals required by analog-to-
digital converters (ADCs), thereby overcoming bandwidth limitations. Obviously, 

contents

5.1 Introduction .................................................................................................. 117
5.2 Preamplifying Stage ..................................................................................... 118

5.2.1 Equivalent Models of Detectors ....................................................... 118
5.2.1.1 Photomultiplier Tube Detector Equivalent Circuit ............ 119
5.2.1.2 Silicon Photomultiplier Detector Equivalent Circuit ......... 121
5.2.1.3 Direct Detector Equivalent Circuit .................................... 122

5.2.2 Effect of Signal Characteristics on Preamplifier Selection ..............124
5.2.2.1 Event-Oriented Preamplifiers ............................................124
5.2.2.2 Integrating Amplifiers ........................................................ 127

5.2.3 Noise Analysis .................................................................................. 129
5.2.3.1 Equivalent-Noise Charge Calculation ................................ 130

5.3 Introduction to Charge-Division Circuits ..................................................... 132
5.4 Implementation of Charge-Division Circuits ............................................... 136
5.5 Systematic and Statistical Errors .................................................................. 143
References .............................................................................................................. 146



118 Electronics for Radiation Detection

the desired characteristics of output signals should remain unaltered throughout the 
shaping process.

Some kinds of detectors, such as position-sensitive photomultiplier tubes 
(PSPMTs), make use of charge-division circuits between preamplifying and shap-
ing stages, which reduce the number of channels to be converted in DAC. This 
reduction allows a decrease in the front-end complexity, especially when dealing 
with the latest high-resolution position-sensitive detectors. Basically, these charge-
division circuits make an analog computation to obtain some information related to 
the gamma event detected, such as its position on the detector’s surface or its depth 
inside the scintillator crystal [1].

Due to differences among the available detector types, the front-end electronics 
must be custom designed in order to obtain the best performance. An equivalent 
model of the detector will help throughout the design process.

5.2 PreAMPlIFyInG stAGe

PET-oriented detectors must work in pulse mode, sometimes called photon counting, 
to obtain information about energy, timing, etc., of the detected event. The nature of 
the pulse signal generated by the detector determines the architecture of the pream-
plifier’s input. The first step in the design procedure will be to characterize the detec-
tor, which eventually will end up with its electrical equivalent model. Depending 
on the temporal behavior of the detector-preamplifier system, two different types of 
scenarios arise:

Preamplifier just follows the input signal with a high degree of fidelity up •	
to a certain bandwidth.
Preamplifier integrates the input signal, giving information about the •	
pulse area.

There are two types of detector architectures: direct and indirect. The main dif-
ference between them lies in the physical procedures involved. The direct detector 
changes incident gamma photons into an electrical charge that is captured by the 
preamplifier. The indirect detector is composed of two blocks: a scintillator com-
ponent and a visible-light detector. The scintillator absorbs the gamma photons 
and emits visible-light photons, which are captured by the photodetector. Also, 
there are several types of photodetectors that basically differ in the amount of 
electrical charge produced. Photomultipliers produce a high amount of charge, 
which can be processed as a current magnitude. Other devices such as APD (ava-
lanche photo diode) produce small amounts of charge due to their lower gain. 
This fact makes necessary an amplification procedure similar to that employed in 
direct detectors.

5.2.1 equivalenT models oF deTeCTors

In this section, some electrical equivalent models of detectors are introduced. 
Two different types of photomultipliers are covered: photomultiplier tubes (PMT) 
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and silicon photomultipliers (SiPM). Also, a general model of direct detectors is 
explained that can be applied to APD-based indirect detectors, although in the latter 
case the amount of charge obtained is higher.

5.2.1.1 Photomultiplier tube detector equivalent circuit

The equivalent circuit of this device is quite simple (Figure 5.1). Current source gives 
the output pulse signal, and Ca models the equivalent capacitance of the output anode 
of the PMT. The circuit also applies to PSPMT, where each output needs an individual 
model. Anode capacitance values are in the range of picofarads to tenths of picofar-
ads. PSPMTs show a wide dispersion in their parasitic capacitances, which can reach 
50%, thus affecting temporal response of the device as a function of spatial position.

The current source has to model the behavior of the scintillation crystal and the 
electron-multiplying process carried out by the PMT [2]. The scintillation light gen-
erated by the crystal can be approximately described by Equation (5.1)

 I I e
t

= −
0

λ  (5.1)

This exponential law has a decay constant λ, which depends on crystal composition 
and a nearly zero rise time. This approximation can be made with no loss of accuracy 
if the front end’s time constant is larger than the light-pulse rise time. Following the 
signal chain, the PMT can be treated as just an amplifying photosensor that holds 
true for TTS* lower than the scintillator decay time constant. This means that photons 
reaching the PMT’s surface are converted to a certain number of electrons following 
the same arriving order. Output current signals are composed by superposition of the 
individual PMT responses to each visible-light photon. As a consequence, consider-
ing a mean photon flow and a fast response of the PMT,† the resulting output current 
pulse can be described as

 i t i e t( ) = −
0

λ  (5.2)

* Transit, time spread: statistical dispersion of electron transit time in electron-multiplying stage in 
PMTs.

† Rise times of most PMTs are on the order of 1 to 2 ns.

Cai(t) Ceq Req

PMT Front-end

FIGure 5.1 Equivalent circuit of PMT connected to front end.



120 Electronics for Radiation Detection

where i0 is the initial and maximum current that can be obtained from the total 
amount of charge-generated Q as

 Q i t dt i e dt
it= = =

∞ ∞
−∫ ∫

0
0

0

0( ) λ

λ
 (5.3)

 i Q0 = λ  (5.4)

Finally, Equation (5.5) is a fair approximation of an output current pulse obtained 
from an indirect detector based on a PMT.

 i t Qe t( ) = −λ λ  (5.5)

If a PSPMT is used, each output will have a model like Figure 5.1. However, the 
amount of charge-generated Q will depend on the light distribution on the detector’s 
surface. This light distribution can be estimated [1] as

 L
d

x x y y d
=

− + − +
eff

eff
2( ) ( )0

2
0

2
 (5.6)

where deff is the depth of the impact of the gamma ray; x, y is the location of the point 
where we want measure the light; and x0, y0 is the position of impact on the detec-
tor’s surface.

To develop a study of the influence of the front end on output signal characteris-
tics, the expression of anode output voltage is obtained from Equation (5.5) as

 i t i iC R( ) = +tot eq  (5.7)

where Ctot is the sum of Ca and Ceq, which models parasitic capacitance from the 
front end, cables, connections, etc.

 i t C
dV t

dt
V t
R

( )
( ) ( )= +tot

eq

 (5.8)

 
dV t

dt R C
V t

Q
C

e t( )
( )+ = −1

eq tot tot

λ λ  (5.9)

Resolving this last differential equation with initial condition V(0) = 0, we obtain

 V t
Q

C
e et t( ) ( )=

−
. −− −1

λ θ
λ θ λ

tot

 (5.10)

where θ = 1
R Ceq tot

 is the time constant of the whole circuit—detector plus front end. In 
the following sections, a characterization of the preamplifier behavior will use both 
θ and λ time constants.
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5.2.1.2 silicon Photomultiplier detector equivalent circuit
Semiconductor-based photomultiplier devices show promising features and could 
become a real alternative to traditional PMTs in the near future [3–5]. Their intrinsic 
equivalent model is somewhat more complicated than that shown in Figure 5.1 due to 
the complexity of their structure [6]. However, a simpler model can be derived while 
sacrificing very little accuracy.

A single-pixel SiPM is composed of an array of photodiodes that work near 
the breakdown region. A series-quenching resistor attached to every diode takes 
it quickly out of breakdown when needed (Geiger mode). Each photodiode with its 
quenching resistor is called a microcell. As a result, when a photon is absorbed by 
a microcell, a fast-current pulse of a fixed amplitude is generated. Consequently, 
the sum of all microcell outputs gives a pulse signal proportional to the number of 
activated microcells and is thus proportional to the number of photons absorbed by 
the SiPM. This behavior is modeled in Figure 5.2, where Rq is the quenching resistor 
with its parasitic capacitance Cq, and Cd and Cg are the capacitances associated to 
the microcell and the connections. The values of these capacitances are in the range 
of 30–50 fF, which, due to the high number of microcells, will give capacitances up 
to hundreds of picofarads.

The avalanche mechanism that takes place in the diode is very fast, which makes 
it possible to model its contribution as a charge Dirac delta whose amplitude is

 Q V C C= ∆ +( )d q  (5.11)

where ∆V is the overvoltage due to photon absorption in the Geiger-mode diode, 
which equals the difference between breakdown voltage and applied bias voltage. 
Thus, current generated by a microcell that absorbs a photon in time t0 is

 i t Q t t( ) ( )= −δ 0  (5.12)

Active Microcell

i(t)

Cd

Cg

Cd.(N-1)

Cq.(N-1)CqRq Rq/(N-1)

Other Inactive
Microcells

FIGure 5.2 Equivalent circuit of SiPM.
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This model is valid for a single microcell activation that can be extended by super-
position to describe SiPM behavior. Summing up all microcell contributions along a 
reduced period of time (a few nanoseconds), the pulse current is

 i t Q t t
n

ntotal ( ) ( )= −∑ δ  (5.13)

In the case where a current buffer with low input impedance is used as a front end, 
an equivalent circuit can be simplified, as shown in Figure 5.3. This approximation 
holds true if Rp << (Rq /N), where N is the number of microcells.

Repeating the same voltage analysis at the input of the front end that led to 
Equation (5.10), a new expression is obtained

 V t
QR

e e
t t

( ) ( )=
−

− + −− −p

r p

q p

p

r q

r

p r

τ τ
τ τ
τ

τ τ
τ

τ τ  (5.14)

where τp = Rp(Cg + Ceq), τr = Rq(Cd + Cq), τq = RqCq, and C N C C
C Ceq

d q

d q
= −

+
( )1 . Also, τp and τr 

are the time constants of the preamplifier circuit and the subcell (also known as recov-
ering time). Bearing in mind that the charge generation in a SiPM is almost instanta-
neous (depending solely on the avalanche process), it redistributes between Cd and the 
series equivalent of capacitances Cq and Ceq + Cg. As a consequence, at time zero

 Q Q
C

C C
V

Q

C C
p

q

q d

p

eq g

≅
+

→ ≅
+

( )0  (5.15)

However, this voltage value will be observable at amplifier output, depending on its 
bandwidth and slew-rate characteristics.

5.2.1.3 direct detector equivalent circuit
The morphology of direct detectors is simple enough to obtain a very compact equiv-
alent model. However second-order effects, such as charge trapping and transit-time 
spread, strongly affect their behavior and cannot be well modeled. This fact makes 
it difficult to fully rely on electronic simulation data when dealing with these types 
of detectors.

Rq Cq
Cd

i(t) Ceq Cg

iq

iq Rp

+ V(t)

FIGure 5.3 Simplified equivalent circuit of SiPM connected to a current buffer.
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A simple equivalent model such as that shown in Figure 5.4 can be applied to 
any semiconductor-based direct detector [7]. Capacitance CD and resistance RD cor-
respond to that of the semiconductor crystal measured between anode and cathode. 
As in PSMT, the same model can be applied to every detector’s output if a position-
sensitive direct detector is being modeled.

The current pulse produced by the detector, modeled by i(t) source, is generated 
by charge induction in detector terminals due to movement of charges (electrons and 
holes) obtained in the absorption process (Shockley-Ramo theorem [8, 9]). In order 
to obtain information about current expression, the first step is to calculate the move-
ment of charges along the lines of the electric field applied to the detector. Electric 
field 



E  can be obtained from applied voltage, the detector’s geometry, and the resis-
tivity of the semiconductor compound. Assuming vd



 as a linear function of 


E  and μ 
(charge mobility inside the semiconductor),

 v E v
dr t

dt
r Edtd d

  

 

 

= → = → = ∫µ µ( )
 (5.16)

As shown by the Shockley-Ramo theorem, given a weighting field associated with 
the detector’s terminal (see Figure 5.5), the induced current is

 i t qE v( ) = − ⋅w d

  

 (5.17)

To obtain total induced charge, Equation (5.17) has to be integrated for the time 
needed by the charge to get to the terminal (transit time). Nevertheless, Equation 
(5.17) shows that the contribution of a single charge and the number of charges 
obtained from an absorption process can be quite high. To calculate the full amount 
of the charge generated in a detector’s output terminal, two approximations can be 
assumed. First, all of the charges are generated in the same point of the semiconduc-
tor; second, it takes the same time for all of the charges to get to the output terminal. 
That way, Equation (5.17) only has to be multiplied by the number of charges and by 
the mean transit time.

As noted previously, second-order effects can invalidate some of the assumed 
approximations. For example, some charges may get trapped if a semiconductor’s 
crystal fails for a certain amount of time τD. If this time is much smaller than the front 
end’s collecting time, no effect will be observed. Otherwise, the collected charges 
will be less than those generated, and the detector’s results may be affected.

CD
i(t) RD

FIGure 5.4 Equivalent circuit of a direct detector.



124 Electronics for Radiation Detection

5.2.2 eFFeCT oF signal CharaCTerisTiCs on preampliFier seleCTion

The shape of the signal at the input of the preamplifying stage depends not only on 
detector characteristics, but also on the interaction between both. Changes in tem-
poral characteristics of the pulses can be foreseen using equivalent circuits of the 
detectors and input impedance characteristics of the preamplifiers. In the specific 
case of direct detectors, where output signal magnitudes are so small and sensitive 
to external noise, charge amplifiers are used in order to collect every charge gener-
ated. These types of preamplifiers increase the charge measurement precision, but 
on the other hand, they change the shape of the pulse signal, modifying its temporal 
characteristics.

Depending on the specific application and detector type, two kinds of preamplifiers 
can be used: those that follow detector output as linear amplifiers and those that col-
lect charge during a specific time window. The former ones will be named as event-
oriented preamplifiers, while the latter will be named as integrating preamplifiers.

5.2.2.1 event-oriented Preamplifiers
The main feature of these types of preamplifiers lies in their temporal response. 
A study by Knoll [2] covers this fact, although it is focused on current-to-voltage 
conversion with transresistance amplifiers. In this section, the discussion will be 
extended to current amplifiers, which show a more faithful response with lower dis-
tortion of input signal.

In the following discussion, the equivalent circuit of a PMT will be used, although 
the final conclusions apply to any kind of detector. In Equation (5.10), the λ parame-
ter corresponds to the inverse of scintillator decay time constant, and a is the inverse 

– +Ew

Ew

x v

E

–

FIGure 5.5 Weighting field.
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of the time constant of the whole circuit. Two different situations will be exposed, 
depending on whether θ is higher or lower than λ.

5.2.2.1.1 High Circuit Time Constant
In the situation where θ << λ, that is, when the circuit time constant is higher than the 
scintillator decay time constant, the original Equation (5.10) can be approximated as

 V t
Q
C

e et t( ) ( )≅ −− −θ λ  (5.18)

Figure 5.6 shows a typical representation of a measured pulse under these condi-
tions. Due to the high θ value in Equation (5.18), the second part of this expression 
dominates

 
( ) ( ) ( )t V t

Q
C

e t


1
1

θ
λ→ ≅ − −

 
(5.19)

Current Source Output in PMT Model
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FIGure 5.6 Typical pulse signal in detector. Voltage and current at preamplifier input.



126 Electronics for Radiation Detection

After a certain time, the total behavior is that of the first exponential term, as the 
second exponential has vanished

 t V t
Q
C

e t


1
λ

θ





 → ≅ −( )  (5.20)

In this situation, the rising part of the pulse is given by the time-decay constant 
of the scintillator. The faster the scintillator, the lower is the rising time of the output 
signal. On the other hand, the pulse tail is given by the circuit time constant (1/θ). 
The voltage pulse amplitude is given by Q/C, but it can only be achieved if θ << λ. 
However, current pulse amplitude is given by (Q/RC) under the same conditions.

Several conclusions can be stated from these results. The first is that the ampli-
tude of the voltage signal is maximized at the expense of a longer pulse length, and 
the peak value does not directly depend on amplifier characteristics. The second 
important conclusion is that the current signal depends on the input impedance of 
the preamplifier. Increasing the pulse length increases the pileup probability, which 
can be very important at high input rates.

5.2.2.1.2 Low Circuit Time Constant
If the circuit time constant is lower than the scintillator decay time (θ >> λ), the situ-
ation is opposite to the previously discussed scenario. In this case, Equation (5.10) 
can be approximated as

 V t
Q
C

e et t( ) ( )≅ −− −λ
θ

λ θ  (5.21)

Repeating the study in similar conditions, the first and the last part of the pulse 
are given by

 t V t
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The corresponding current signals are

 t i t Q e t
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 t i t Qe t
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 → ≅ −( )  (5.25)

Now the rise time depends on the time constant of the circuit, which in most cases 
is lower than the decay time of the scintillator. The pulse tail has the same response 
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as the detector’s output pulse. The voltage peak value is quite low and depends on 
capacitance and preamplifier input impedance. Its value is (λQ/θC), lower than that 
obtained with λ << θ. However, if current is the magnitude chosen, the peak value is 
λQ, which turns out to be the maximum value obtained from the detector.

Some conclusions can be stated from this study: Most detector applications show 
a low time-constant behavior. As a consequence, any signal processing at the output 
of the detector should be carried out in current mode to avoid signal-to-noise ratio 
losses. Any voltage conversion may need higher time constants in order to obtain 
higher amplitudes, thus degrading the temporal response. Unfortunately, a final cur-
rent-to-voltage conversion is always needed before analog-to-digital conversion. At 
that point, there is a trade-off between voltage amplitude and pulse length. A long 
pulse leads to a higher amplitude, but on the other hand, it increases the pileup prob-
ability in high data-rate applications.

5.2.2.2 Integrating Amplifiers
The use of direct detectors is always affected by two factors. First are the signal 
characteristics, which basically are charge pulses whose length is on the order of 
hundreds of nanoseconds or below. Second are the capacitive nature and its high 
equivalent impedance (RD has a very high value of 4). Under these conditions, 
front-end electronics must collect all of the charge generated (which is sometimes 
quite low) and turn it into voltage signals that can be further manipulated. Due to 
the capacitance of the detector, the preamplifier should show a very high equivalent 
capacitance, which would allow it to do the charge collection in an efficient way.

An integrating preamplifier based on a capacitive negative feedback is definitely 
the best choice for this situation. The design of the basic open-loop amplifier is of 
main importance to enhance the features of the final front end. Its gain should be 
high enough for the preamplifier to work with any detector capacitance. Also, the 
noise level should be low enough, since the amplifier will integrate this noise along 
with the charge signal.

The working principle of the integrating amplifier (Figure 5.7), also known as a 
charge amplifier, relies on small voltage variations at the input of the open-loop invert-
ing amplifier. These small changes translate into large opposite voltage variations at 
the output, which allow charge collection in capacitor, Cf. The feedback mechanism 
guarantees a very low input voltage, which means that almost every charge generated 
by the detector will end up in Cf, independent of the Cd value. Finally, Cf shows a volt-
age proportional to the obtained charge, which turns out to be output voltage. Once the 
feedback capacitance is charged and the voltage is read, it has to be discharged to get 
ready for another input pulse. There are several ways to do this. The easiest way is to 
use Rf, which is constantly discharging Cf at a much lower rate than the input pulse. It 
can affect pulse amplitude reading if the RfCf time constant is not much longer than 
the pulse length. It will also take a lot of time to discharge Cf, which might be a seri-
ous issue with high rate inputs. There are several ways to overcome this problem [10], 
and these can be classified in two groups: The first group uses a switch to discharge Cf, 
which will need a synchronous mechanism to start and stop measurements. The sec-
ond group uses continuous discharging techniques, sometimes based on low-frequency 
feedback loops to stabilize baseline voltage [11].
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In order to obtain a detailed expression of output voltage, a Laplace transform can 
be applied to an ideal amplifier response. The integrating process between 0 and t0 
can be written as

 Q s Q
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1 0

 (5.26)

The transfer function that establishes the relationship between the integrated charge 
and the output voltage can be modeled as an integrator with a first-order response
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where τf is the time constant of the feedback element (τf = CfRf) (supposing a continu-
ous discharge architecture). The output voltage expression in the Laplace domain is
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Applying an inverse Laplace transform to Equation (5.28), the output voltage in 
the time domain can be obtained for two different temporal segments:
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FIGure 5.7 Charge amplifier.
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The results are quite similar to those obtained in event-oriented preamplifiers with 
high time constants. Although in this case, the maximum peak value depends on Cf 
and not on total parasitic capacitance. This confirms an idea introduced later. Charge 
amplifiers are best used with detectors that generate low charge levels because the 
output voltage does not depend on parasitic capacitance.

5.2.3 noise analysis

The preamplifiers are important elements in the noise chain. As the first amplify-
ing elements, they should have the best noise figure of the whole system in order to 
obtain a good signal-to-noise ratio. Noise will affect in a different way, depending 
on measured magnitudes and measurement methods. There are three main types of 
noise that have to be considered throughout the design process:

Shot noise: This noise has its origin in statistical charge fluctuations on a cer-
tain current signal. Current magnitudes are defined by a mean value of 
charges that flow at a certain time through a chosen measurement point plus 
a certain deviation that is given by Equation (5.31)

 i qI f2 2= ∆  (5.31)

Noise spectral density is constant (i f2 ∆ ) and depends proportionally on 
current mean value I. This value can be calculated as the sum of a detec-
tor’s dark current ID (mean current when no events are detected) plus 
preamplifier leakage current IL. Instantaneous amplitude of noise signal 
has a Gaussian shape distribution, so standard deviation is

 σ = ∆2qI f  (5.32)

which means that, most of the time, noise amplitude is below ±3σ. This 
kind of noise is a major issue with bipolar devices.

Thermal noise: This kind of noise is associated with thermal movement of 
charges inside resistive elements, so equivalent current and noise quadratic 
values can be obtained. Noise spectral density is proportional to kT, where 
k is the Boltzmann constant and T is temperature:

 v kTR f2 4= ∆  (5.33)

 i kT
R

f2 4
1= ∆  (5.34)

As in shot noise, spectral density is constant and distribution is Gaussian 
shaped. This kind of noise can be quite dangerous when dealing with high 
resistive values or low resistive values associated with even lower or higher 
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input impedances. This combination makes the preamplifier system very 
sensitive to this type of noise.

Flicker noise: This noise is generated by defects and inhomogeneities in semi-
conductor crystals. Mosfet devices are very sensitive to this type of noise. 
Its most important characteristic is related to its frequency behavior, since 
its spectral density is proportional to 1/f. It is mainly associated with current 
magnitudes:

 i K
I
f

f
a

2
1= ∆  (5.35)

where a is a constant in the range 0.5–2 and K1 depends on device tech-
nology. In the CMOS process, pMOS devices usually have K1 factors that 
are much lower than nMOS devices. Also, the K1 constant is proportional 
to 1/WL, which makes larger devices less noisy than smaller ones. These 
two reasons make pMOS devices a good initial choice for input stages, 
though other specifications such as gain or area must be fulfilled. Another 
important factor to bear in mind is that this kind of noise will affect low 
frequencies more intensively. The frequency where flicker noise reaches the 
thermal noise level is called the corner frequency and establishes the limit 
of flicker noise influence.

5.2.3.1 equivalent-noise charge calculation
Noise effect on our system must be calculated in the design process to identify which 
parameters affect noise performance. Every detector together with its preamplifier 
configuration will have a certain noise response that will depend not only on total 
equivalent noise, but also on measurement methods. For instance, event oriented 
preamplifiers behave as classical linear amplifiers, so electronic noise contribution 
can be calculated as explained by Gray et al. [12]. Noise value in this cases corre-
sponds to an uncertainty in a measured pulse amplitude. Integrating preamplifiers 
measure the total generated charge, so noise will also need to be integrated along the 
measurement time window.

Although conventional noise analysis can be applied, sometimes a more intui-
tive study is required to compare two different front ends. A general scheme with a 
simplified detector and front end is shown in Figure 5.8. The final goal is to obtain 
the different noise contributions as equivalent charge generated by the detector. This 
way, noise can be easily compared to signal magnitudes generated by the detector 
and also among different front-end configurations.

Shot noise from a detector appears in Figure 5.8 as source ind. Capacitance Cd 
includes detector capacitance as well as any other parasitic capacitances present in the 
preamplifier input. Equivalent resistor RP represents detector impedance (in the case 
that a direct detector is used), possible biasing elements, and preamplifier input imped-
ance. This resistance acts as a thermal noise source filtered by Cd. It is important to 
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bear in mind that the quadratic mean of voltage in this case is independent of resistance 
value, since bandwidth is fixed by its own value:
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All series impedance present in the detector and preamplifier connection is mod-
eled by RS. Its thermal noise contribution is:

 e kTRS S
2 4( )ω =  (5.37)

Finally, enA and inA represent an equivalent-noise model of the preamplifier, which 
can be obtained analytically or by simulation. This source will include thermal, shot, 
and flicker noise contributions.

Equivalent-noise charge (ENC) is defined as the charge needed to obtain the same 
output signal in a noiseless model as that obtained from a noisy circuit. Following 
Radeka’s work [13], ENC factor can be obtained as the sum of the variances of the 
outputs generated by each noise source under a normalized system response. The 
most important noise contributions are the following:

Parallel white noise: Corresponds to all the shot and thermal current noise 
sources. The expression of its contribution is

 ENCPW P
2 21

2
=

−∞

∞∫W h t dt( )  (5.38)

where WP is the noise spectral density of each source, and h(t) is the impulse 
response of the system. For example, for a detector shot noise source, 
W0 = 2qI, the integral term can be approximated by a proportional estima-
tion based on impulse response length τ, where the aF1 factor depends on 
the exact shape of that response

 I h t dt aFP = ⋅
−∞

∞∫ 2
1( )  τ  (5.39)

–

+
inA

enA

enS

inP

RS

RPCd
ind

FIGure 5.8 Simplified model for equivalent noise charge calculations.
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Series white noise: Is associated with the voltage noise source of the preampli-
fier and also with any series impedance between detector and preamplifier. 
Its expression is

 ENCSW S
2 21

2
= ′

−∞

∞∫W h t dt[ ( )]  (5.40)

In this situation, the voltage mean square value has been transformed in a 
current mean square value. In order to do it, instead of using a Dirac delta 
train to model noise current, d′(t)Cd

* functions will be used, so that finally 
W e CS S d= ⋅2 2. The integral term can also be approximated as

 I h t dt
aF

S = ′
−∞

∞∫ [ ( )]2 2


τ
 (5.41)

where the aF2 factor also depends on the exact shape of that response.
Series flicker noise: Convolution of 1/f noise source with impulse response 

generates a noise contribution that is independent of impulse response 
length [14]. This source contribution is given by Bertuccio, Pullia, and De 
Geronimo [15]:

 ENC πSF f d
2

3
2= a A CF  (5.42)

Finally, an ENC expression can be obtained summing up all noise contributions as

 ENC
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L
d
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2
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2
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2 4= ⋅ + + + + +τ
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a
kT
R

qI i
a C

kTR eF nA
F

nA( ) ( ) aa A CF3
2π f d  (5.43)

5.3 IntroductIon to chArGe-dIvIsIon cIrcuIts

Position-sensitive particle detectors are indispensable for nuclear medical imaging 
and experimental particle physics. Charge division by means of resistive electrodes, 
resistive networks, and capacitive networks has been widely used for this purpose. 
It divides the ionization current or the photocurrent from a detector by having two 
paths to earth, with the resistance or capacitance of each path depending on the posi-
tion of the electrical discharge.

The first detector using this principle was built by Wallmark [16] in 1957. He 
described a photocell able to detect the position of a small light spot at this cell. In 
1978, Petersson and Lindholm [17] improved this photocell to measure not only the 
position of light spots on the x- or y-axis, but to allow also for a positioning of light 
spots at arbitrary locations on the detector surface. They also referred to Emmons 
[18], who pointed out that this lateral photovoltage had been observed by Schottky 

* Convolution of δ′(t) with impulse response h(t) is h′(t).
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in 1930 [19]. However, Schottky studied the origin of photoelectrons in photocells 
and did not recognize the practical significance of this effect for position detection. 
Alberi and Radeka [20] also attribute the first observation of charge division in resis-
tive electrodes of photodetectors to Schottky.

The first time that charge division was used for position estimation in nuclear 
medicine was in 1958, when Anger developed the first scintillation camera [21]. Five 
years later, he presented the first positron camera [22]. Anger used both resistive 
and capacitive charge-division circuits for the position determination [23]. The use 
of charge division for particle detection with semiconductor devices was first pro-
posed by Lauterjung et al. [24] in 1963. Subsequently, the method was also used with 
spark chambers by Charpak, Favier, and Massonnet [25] and with Geiger counters 
by McDicken [26] in 1963 and 1967, respectively. Since these initial applications, 
charge-division configurations have been used in a huge number of experiments, par-
ticle detectors, and medical-imaging devices. (See for instance [20, 27–29] and refer-
ences therein.) Charge-division networks even found their way into artificial vision 
systems [30, 31] and were used as analog computers in solving complex boundary 
value problems [32, 33] and for analog simulation of physical media (see Vittoz [34] 
and references therein).

The signal propagation along the lossy transmission line of Figure 5.9 is well 
described by a coupled set of two first-order partial differential equations for the 
voltage u(x,t) and the current j(x,t), both functions of the position x along the line 
and the time t.

 ∂
∂

= − ∂
∂
+





=
x

j x t c x
t

g x u x t( , ) ( ) ( ) ( , ) 0  (5.44)

 ∂
∂

= − ∂
∂
+





=
x

u x t l x
t

r x j x t( , ) ( ) ( ) ( , ) 0  (5.45)

x0
x

0

j(x, t)

u(x, t)

qδ(x − xo) δ(t)

lr

cg

L

Zin Zin

FIGure 5.9 Schematic representation of the components of a general transmission line.
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In Equations (5.44) and (5.45), r(x) and l(x) are, respectively, the distributed resistance 
and inductance per unit length; c(x) is the distributed capacitance between the conduc-
tors; and g(x) is the conductance of the isolating material separating both conductors.

Differentiating Equations (5.44) and (5.45) with respect to x and t and by doing 
some manipulation, one obtains a set of two uncoupled second-order partial dif-
ferential equations for the voltage u(x,t) and the current j(x,t). These equations are 
known as the telegrapher’s equation.
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The first term in Equations (5.46) and (5.47) represents electromagnetic wave 
propagation, the second term represents diffusion, and the third term represents 
attenuation. General solutions for Equation (5.47) in the case that the conductance 
g(x) vanishes and a charge q is injected at x0, i.e., u x x xq

c( , ) ( )0 0= −δ  can be found in 
Radeka and Rehak [35] and Masoliver, Porrà, and Weiss [36], among others. If the 
inductance l(x) of the resistive electrode can also be neglected, Equations (5.46) and 
(5.47) become pure diffusive equations. Solutions for this case, have been given by 
Alberi and Radeka [20] and Borkowski and Kopp [28].

For practical particle detectors, one will not measure the signal distribution along 
the electrode, since this would lead to a huge amount of necessary analog-to-digital 
conversion (ADC) and therefore an expensive and complex data-acquisition system. 
Instead, one wants to encode a minimal number of signals with all relevant informa-
tion, e.g., energy, position, transition time, and others. As will be seen, the currents 
j(−L/2,t) and j(−L/2,t) flowing out of the electrode at both ends can be used for this 
purpose. In many cases, photodetectors or particle detectors show a nontrivial tran-
sient response. For this reason, the asymptotic charges flowing out from each end 
are of special interest. These charges are obtained by integration of the currents at 
x = −L/2 and x = −L/2

 Q j L t dt
t

1 = − / ,
∞∫
0

2( )  (5.48)

 Q j L t dt
t

r = / ,
∞∫
0

2( )  (5.49)

where t0 is the starting moment of the injection of the charge with density q(x). For 
the sake of simplicity and because the transient response of particle detectors and 
photodetectors are not objects of the present discussion, we assume that q(t) = qδ(t). 
For a maximum dynamic range of the position signal, one preferably adjusts the input 
impedance Zin of the charge amplifiers at the ends of the line to be very low. This 
leads to the boundary conditions u(–L/2,t) = u(L/2,t) = 0. If the line was discharged 
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before the injection of the charge, then we obtain for the voltage distribution at this 
moment u0(x) = u(x,t = t0) = q(x)/c(x). Furthermore, in all practical applications for 
medical imaging, the terms g(x)u(x,t) and l(x)∂tj(x,t) can be neglected. A vanishing 
conductance is preferred in order to achieve lossless charge collection. The induc-
tance can be neglected, since it is very small for a charge divider for medical imag-
ing. We then obtain, by integrating Equations (5.44) and (5.45) with respect to x and 
t and some manipulation [35], the following equation:
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For the special case that r(x) = R/L = const., and since u0(x) = q(x)/c(x), we obtain
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where Q q x dxL
L= ∫ − /

/ ( )2
2  is the total charge that has been deposited on the wire. From 

Equation (5.52) it is easy to derive that
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i.e., the charge divider computes the first moment (centroid) of the charge distribu-
tion q(x) and simultaneously the total deposited charge Q. The centroid is also known 
as the center of gravity.

Gaseous detectors with resistive wire electrodes are rarely used for γ-ray imag-
ing due to their low detection efficiency. Typical γ-photon energies in medical 
applications are 140 keV and 511 keV. Detectors build with scintillation crystals 
and segmented photodetectors are generally used for these energies. A general dis-
cussion of a discrete capacitive and resistive charge-division circuit was given by 
Pullia et al. [37]. The discrete resistive charge divider is shown in Figure 5.10. Cp 
is the (parasitic) capacitance of one segment of the position-sensitive photodetec-
tor. The whole charge divider can be considered as a chain of n1 + nr elementary 
cells connected to the outputs of a photodetector with a one-dimensional array of 
n pixels. Each elementary cell (dotted box in Figure 5.10) consists of a resistance 
R and two capacitors with half the capacitance of the photodetector segment. The 
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current jr(t) that will be observed at the input of the right amplifier (ZT ≈ 0) if the 
charge qk(t) = qkδ(t) is injected at position k can be derived to be
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in the frequency domain, with s being the Laplace variable. Equation (5.54) can be 
shown to only have simple poles. Therefore, the Heaviside expansion theorem (see, 
e.g., Davies [38]) can be used to perform the inverse Laplace transform for obtaining 
the transient response of the discrete transmission line
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where nr and nl are clear from Figure 5.10, n + 1 is equal to nl + nr, and τ = RCp is the 
time constant of a single cell of the charge divider (dotted frame in Figure 5.10). The 
current to the left is obtained by substitution of k by n + 1 − k. Pullia et al. [37] found 
that the charge transfer of the corresponding fraction of qk is not complete before 
approximately 0.5n2τ. The charge collection at the right amplifier for a divider with 10 
cells is shown in Figure 5.11 to the left. The charge loss due to incomplete integration 
of the current in Equation (5.55) is shown in the same figure to the right. In the case 
that the data-acquisition system is built with charge-integrating ADCs, the network’s 
processing time of ∆proc ≈ 0.5n2τ does not introduce significant errors as long as the 
integration time is larger. However, free-running sampling data acquisition systems 
will introduce important positioning errors when the position is derived from the 
maximum of the charge pulse (see Herrero et al. [39]).

5.4 IMPleMentAtIon oF chArGe-dIvIsIon cIrcuIts

A one-dimensional implementation for a discrete charge divider is therefore given 
by a chain of resistors, as shown in Figure 5.10. Integration of the currents jr(k, t) and 
jl(k, t) with respect to time significantly simplifies Equation (5.55) and gives the fol-
lowing result for the relative position of the single charge qk at position k:

−

+

−

+
Cp

Cp
2

Cp
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∆x nl
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FIGure 5.10 Schematic representation of the components of a general transmission line.
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Thus, if we assume a charge-integrating data-acquisition system with an integra-
tion time larger than 0.5n2τ, we can neglect the effects from the capacitances Cp, and 
the charge divider behaves like a simple resistor chain with static currents Jk, Jr(k), 
and Jl(k). If several charges qk (or currents) at distinct positions k are injected into the 
divider, the currents will be superposed and we obtain for the position
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where we shifted the index k by −(1 + n)/2 in the next-to-last step. The quotient 
of sums is just the centroid of the currents Jk that are injected at the inputs of the 
divider. If we take the pitch ∆x of the pixels into account, we finally get
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FIGure 5.11 Left: Charge transfer time dependency to the right end of the discrete trans-
mission line of Figure 5.9. Right: Errors in the case of incomplete charge collection, i.e., 
insufficient integration time.
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The circuit in Figure 5.10 can be used with multiwire anode position-sensitive 
photomultipliers. Photodetectors with a regular matrix of detector segments require 
adaptation of the charge-division principle to the two-dimensional case. Anger pro-
posed to use four resistors for each pixel (i, j) with appropriate values. The current 
fractions of the input current Jij will be fed into four independent buses Jl, Jr, Ju, and 
Jd, as in Figure 5.12, that are connected to a charge amplifier with low input imped-
ance. The x and y centroids can then be computed by virtue of
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where the resistor values are given by
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Note that there is no constraint for the aij. They actually can have any value without 
affecting the correct charge division.

Borkowski and Kopp [28] and Siegel et al. [29] proposed a multidimensional 
charge divider based on resistor chains, as shown in Figure 5.12 to the right. This 
network can be used with a position-sensitive photodetector with n × m outputs, and 
a circuit analysis of it gives that the x and y position can be computed by
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with ∆x and ∆y being the pitch of the detector segments in the x- and y-directions, respec-
tively. For correct positioning, the horizontal resistors of the first and last columns, i.e., 
Rhl, have to fulfill the condition R R l l m Rh h vl = + − −1

2 1( )  with l ∈ [1, 2, . . . , m] [29].
Hybrid solutions that combine Anger’s approach and one-dimensional resistor 

chains are also possible. Siegel et al. [29] proposed a hybrid network that performs 
the primary charge division by means of a one-dimensional resistor chain and the 
secondary division by a one-dimensional Anger logic. This topology is shown in 
Figure 5.13. For this implementation, the positions can be computed using Equation 
(5.62), if the resistances at the end of the vertical chains are given by
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Popov, Majewski, and Welch [41] and Olcott et al. [42] use the reverse order by first 
applying a one-dimensional Anger logic that feeds the current fractions through a 
buffering amplifier into a one-dimensional resistor chain, as shown in Figure 5.14. 
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As in the case of the ai,j for the Anger logic, there is no constraint for the resistor 
values Ri,j of the primary divider. Using this topology, the positions can be computed 
by means of Equation (5.60).

The difference in the positioning behavior of the first three solutions (Figures 5.12 
and 5.13) was studied by Siegel et al. [29]. They found their performance to be very 
similar. As for the second hybrid solution, Olcott et al. [42] report that the dynamic 
ranges of the charge divider’s output currents are approximately five times larger 
for the network that uses exclusively proportional resistor chains (Figure 5.12, right) 
when compared to the fourth solution (Figure 5.14), while its root mean square noise 
is only half as large as for the solution by Olcott et al.

An advantage is the fact that several distinct position-sensitive photodetectors can 
combined with a single charge-division circuit. (See for instance Seidel et al. [43] 
and Zhang et al. [44].) This allows a significant reduction in the number of signals to 
process and hence simplifies electronics complexity. The disadvantage of connecting 
several position-sensitive photodetectors to a single network is that the count-rate 
independence of each photodetector is lost. The event rate seen by the ensemble of 
photodetectors connected to a single charge-division circuit is the sum of event rates 
seen by each single detector, raising the probability of pulse pileup.

It was also found that all discrete charge dividers discussed so far can be extended 
to allow measuring the standard deviation of the current/charges from the photode-
tector segments [1, 45]. For the illustration of this property, consider the one-dimen-
sional proportional resistor chain as shown in Figure 5.15 for a one-dimensional 
detector with n detector outputs. If a single current Jk is injected at an arbitrary node 
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FIGure 5.13 Circuit for the two-dimensional hybrid charge dividing readout. It uses m 
horizontal resistor chains for the x-centroid and Anger-type charge division scheme for the 
other spatial direction.
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of index k n n∈ [ ]− −1
2

1
2; , it will generate voltages Uk,o at all nodes o n n∈ [ ]− −1

2
1

2; . The 
voltage Uo observed at position o is the superposition of all Uk,o, i.e., Uo = ΣkUk,o. One 
observes that the current Jk at the point xk will sustain an impedance
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the right. The voltage Uk,k seen at this same position is simply the product of current 
Jk and the impedance Zk:
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FIGure 5.14 Alternative hybrid implementation of a two-dimensional hybrid charge 
dividing readout.
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The required quadratic weights are therefore inherently available within this 
charge-division circuit. However, an attached analog adder, as in Figure 5.15 (below), 
does not give the sum of all Uk,k generated by the currents at different i because the 
resistor chain acts as a voltage divider and induces fractions of Uk,k at all o with o ≠ k. 
Since all resistors in the chain have the same value Rd, the voltage fractions Uo≤k,o and 
Uo>k,o to the left and right of the injection position i are given by

 U U
o n
k n

U U
o n
k

o k o k k o k o k k≤ , , > , ,= + +
+ +
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1 2
1 2

1 2
1 2
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As a consequence of the superposition principle, the adder sums up all of the 
voltage fractions Uk,o (including Uk,k) of all Jk. As long as R R R ks k

l
k
r n n

 ∀ ∈ [ ]− −1
2
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2;  , 

each summand Uk,o will be amplified by the weight −Rf /Rs, and gives rise to the 
output voltage
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where the sum over o is given by
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This result is important, since it states that the contribution of this partial sum to 
the complete sum of Equation (5.67) reduces to the same constant factor (n+1)/2 inde-
pendently of the position k, where the current Jk is injected. Using Equation (5.65) 
and evaluating the sum over k gives
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where gJ is the gain for the electronic channels for the currents Jr and Jl, and g∑ is 
the gain for the electronic channel for the sum U∑. By solving the equation for the 
second-order moment and using xk = k∆x, one obtains

 x
x J

J
x

n g R
g R R

U
J J

k
k k

k
k

J s

f d r l

2

2

2
21

4
2= ≈ ∆ + −

+






∑
∑

( )

Σ

Σ



  (5.70)

Finally, σ2 = 〈x〉2 − 〈x〉2 can be computed from Equations (5.59), (5.69), and (5.70). 
This result is of special interest for positron emission tomography. The rather high 
energy of the annihilation photons requires thick scintillation crystals, even in the case 
that scintillators with high density and effective atomic numbers are used. Although it 
is possible to estimate the positions parallel to the photodetection plane with charge-
division circuits, the normal component of the photoconversion position cannot be 
obtained without additional information. Since it has been observed by different 
groups, e.g., Rogers et al. [46] and Matthews et al. [47], that this third component 
and the width of the scintillation light distribution are strongly correlated, Equation 
(5.70) can be used to estimate the depth of interaction of the γ-ray. Note, however, that 
Equation (5.70) requires particle detectors with monolithic scintillation crystals, while 
the position measurement also works with an array of small scintillator pixels.

5.5 systeMAtIc And stAtIstIcAl errors

Important sources for systematic errors are discretization effects and, in the case of 
monolithic scintillators, border effects. The first are a consequence of the sampling 
of an arbitrary signal distribution that enforceably includes its discretization. Almost 
always, this destroys existing symmetries of the distribution. Border effects arise 
because it is impossible to realize detectors of infinite spatial extension, and this also 
leads to breaking of the symmetries of the signal distribution. On the other hand, one 
faces (a) signal fluctuations that are inherent to the detection process and (b) in the 
case that a scintillator and a photodetector are used, a quantum detection efficiency 
smaller than 100%.

Fluctuations in the signal distribution are caused by various underlying processes. 
In the case of a scintillation detector, the signal generation starts with the photo-
conversion of the γ-ray into one or more electrons within the scintillation crystal. 
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Depending on the underlying process, e.g., the Compton effect, photoelectric effect, 
or pair production, one or more primary electrons are generated. These primary 
electrons produce the scintillation light via the decay of excited scintillation centers. 
Together with these random processes, inhomogeneities of the material and nonpro-
portional energy dependency lead to important fluctuations in the total light output 
of the scintillator. While this affects all detector segments by the same amount, the 
distribution of the finite number of these scintillation photons over the sensitive area 
of the detector leads to fluctuations that differ for all detector segments. When the 
scintillation light arrives at the photodetector, the photons will be converted inde-
pendently and one by one to photoelectrons. This is a Poisson process and probably 
the most important cause for segment-dependent signal fluctuations for photomulti-
pliers. Finally, the fluctuations will lead to uncertainties dP〈x〉 and dP〈y〉 in the cen-
troid measurements 〈x〉 and 〈y〉, which can be estimated by error propagation. The 
subscript in dP〈x〉 indicates that this error contribution is due to the Poisson nature 
of light detection. Consider a set {qk}, k = [1, 2, . . . , n] of n charges that represent 
the signals of the n detector segments. Straightforward computation gives for the 
x-centroid error
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where the centroid is given substituting the currents {Jk} by the set of charges {qk} in 
Equation (5.59). Due to the Poisson nature, the fluctuation by δqk is proportional to 
√qk, and we can write δqk = α√qk, where α is the proportionality constant character-
izing the photodetector. Inserting this in Equation (5.71), we obtain
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with σ being the standard deviation of the input distribution and Q being the integral 
input charge.

This result is not unexpected. Since the standard deviation gives an idea of the 
dispersion of the set of variables {qk}, Equation (5.72) states that the error of the cen-
troid decreases as the signal distribution narrows. Furthermore, the error also scales 
with the square root of the sum of all signals {qk}, e.g., the total amount of charge 
produced by the incoming scintillation light photons. One therefore expects a bet-
ter position estimate from the center-of-gravity algorithm for scintillators with high 
light yield and narrow light distributions.

For the discrete implementation of charge-division circuits, the set of n signals 
{qk} has to be provided by a photodetector that samples the scintillation light dis-
tribution. Normally, this sampling is done by integrating the distribution piecewise 
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over many small and equidistant intervals, where these intervals correspond to the 
detector segments of size ρ.
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This sampling can be considered as a convolution [48] of the real distribution φ(x) 
with the boxcar function Π(x) of width ρ leading to a new, effective distribution:
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The set of input charges values {qk} is then given by the value of qeff(x) at the 
positions of the pixels x = xk. i.e., qk = qeff(xk). It is clear from Equation (5.74) that the 
resulting distribution qeff(x) has to be wider than the original distribution φ(x), since 
one always has ρ > 0 for any real photodetector. As a consequence, the pixel size 
of the photodetector can also limit the spatial resolution in the case that monolithic 
scintillation crystals are used. In the case of segmented scintillators, the intrinsic 
spatial resolution is given by the size of the scintillator segment. As an example, we 
consider the projection of the normalized one-dimensional inverse-square law onto 
the abscissa x,

 ϕ( )
( )

x
dJ

x d
=

+π 2 2  (5.75)

to study the influence of the detector pixel size ρ on the width of the sampled distri-
bution qeff(x). While the undisturbed distribution in Equation (5.75) has a full width 
at half maximum (FWHM) width equal to 2d, the sampled distribution qeff(x) will 
have the width 2 42 2ρ / + d . For small d and small ρ, the standard deviation of 
qeff(x) can be estimated to be
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and represents the centroid error due to finite size effects of the detector and its 
pixels. Equation (5.76) depends on the size L of the detector, because this parameter 
defines the lower and upper limit for the computation of an arbitrary moment μk of 
the distribution φ(x)

 µ ϕk
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L
kx x x dx( ) ( )=

− /

/∫
2

2

 (5.77)

(Note that the relation FWHM = 2.35σ cannot be applied to 2 42 2ρ / + d , since 
it only holds for Gaussian distributions.) Equation (5.77) only leads to error-free 
moments for the case that the integration interval [−L/2, L/2] covers the support of 
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the distribution, which is not the case for the inverse-square law. Apart from the error 
observed at the center of the detector from Equation (5.76), one will find additional 
discretization errors for the case that the unimodal distribution does not take its 
maximum at the center of the interval [−L/2, L/2]. These errors have been studied by 
Landi [48], who found that the centroid can be written as
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where F(ω) is the Fourier transform of φ(x), and x0 is the position of the maximum 
of the distribution and hence the position of the γ-ray photoconversion. From the 
Fourier series of the centroid discretization error, it can be seen that the amplitudes 
(−1)hF(2πh/ρ)/h of the spatial frequencies ωh = hx0/ρ scale with the sampling interval 
ρ. Evidently, the discretization error completely vanishes for all x0 = ρn/2, that is, 
for all those cases when x0 is located exactly over the center of one pixel or exactly 
between two pixels. At these special points, the symmetry of the distribution will be 
correctly reproduced by the detector (disregarding the effect of the finite dimension 
L). If φ(x) converges to the Dirac d-function, the discretization errors reach their 
maximum values. This is intuitively expected because the exact position of the Dirac 
d-function over one pixel cannot be determined. We can compute the Fourier trans-
form of the sample distribution given in Equation (5.75) and obtain for the ampli-
tudes the values
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With this result, one can easily find an upper limit for the discretization error 
in Equation (5.78), since e d− / /2 2π τ π  emphasizes the series in Equation (5.78). 
Computing the alternating harmonic series, one obtains the following equation:
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The overall error in the centroid—in the case of scintillation detectors with mono-
lithic crystals and position-sensitive photodetectors—is the geometric sum of the 
three contributions from Equations (5.72), (5.76), and (5.80).
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6 Design Considerations 
for Positron Emission 
Tomography (PET) 
Scanners Dedicated to 
Small-Animal Imaging

Rejean Fontaine

6.1 IntroductIon

Positron emission tomography (PET) aims to quantitatively measure the distribution 
of a radiotracer injected into a subject. The injected tracer is generally chosen to tar-
get bioprocesses of interest occurring in specific cells or tissues.1 Among tracers, the 
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most widely used in PET is indisputably the fluorodeoxyglucose (FDG) for cancer 
studies and diagnosis.2 Currently, researchers focus on new tracers aimed at better 
understanding human gene properties or disorders and support development of new 
drugs.3 The imaging research under this perspective is better known as molecular 
imaging, where animal models play a crucial role.4 According to the results of a 
2003 survey,5 discoveries in this research field are so important that molecular imag-
ing has been considered among the 10 technologies that will most affect human 
health. Since 2000, many small-animal PET scanners have been proposed to answer 
genomic and proteomic requirements.6,7 In contrast with clinical PET, small-animal 
imaging faces two major challenges originating from (a) the animal model’s small 
internal organ sizes and from (b) geometric side effects caused by the scanner’s 
small diameter. Many issues such as spatial resolution, sensitivity, and high count 
rates, along with the ability to support multimodality imaging, depict the modern 
challenges where trade-offs are constantly and carefully considered.

In this race to acquire the clearest image at the lowest cost, the detector and elec-
tronic front end are among the important factors limiting the ideal performances 
of PET scanners. Research teams or companies able to handle the many aspects of 
the scanner (detectors, electronics, real-time signal processing, computer engineer-
ing, nuclear physics, nuclear medicine, and end users such as biologists or applied 
research physicians) generally better succeed at building performing systems. Even 
if medical research is the utmost goal of scanner design, this chapter will focus on 
the detector and sensitive electronics required to meet medical imaging expecta-
tions. The first section will give a physics overview to understand how images can be 
obtained from PET scanners; the second section will focus on scanner design trade-
offs chosen to meet imaging performance requirements; and the third will present 
front-end electronics associated with various detectors. As the current state of the 
art is mostly focused on application-specific integrated circuit (ASIC) design and 
performance, the discussion of electronics will be oriented in this way. The chapter 
concludes with a discussion of multimodality challenges.

6.2 PhysIcs oF Pet scAnners

Many of the trade-offs taken when building a small-animal PET scanner come from 
physics phenomena such as Compton scattering, electronic noise, and the charac-
teristics of the selected photodetectors. Even if some phenomena present negligible 
effects, their combination makes PET troublesome to master. An understanding of 
these phenomena helps in maximizing the scanner performance.

A PET image acquisition is initiated with the injection of a tracer in a subject. 
After a certain amount of time, the tracer reaches the targeted cells or tissues where 
it will be metabolized. In PET, the tracer—called a radiotracer—is composed of 
a molecule such as glucose, protein, peptide, etc., in which one of its constituents 
has been substituted with a radioisotope (18F, 15O, 13N, 11C). The PET camera reports 
quantitatively the distribution of the radioisotopes carried by the tracer. The radioiso-
topes disintegrate themselves with a half-life decay time specific to the radioactive 
atom (18F ≈ 110 min, 15O ≈ 2 min, 13N ≈ 10 min, and 11C ≈ 20 min).8 In the case of 
PET, the radioisotope nucleus ejects a neutrino (v), some energy, and a positron (β+), 
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an antimatter particle. The positron, which is the only part of interest in PET, loses 
its kinetic energy in collisions with neighboring atoms until it annihilates with a sur-
rounding electron. The mean distance traveled before the positron annihilation is a 
function of the β+ energy at its ejection from the nucleus (18F ≈ 0.5 mm, 15O ≈ 0.4 mm, 
11N ≈ 0.5 mm). This displacement generates an uncertainty in the location of the dis-
integration and thus defines a physical limitation in spatial resolution for PET.

The annihilation generates two 511-keV photons emitted collinearly with an uncer-
tainty of ±0.25° (Figure 6.1). The annihilation photons are generally stopped by scin-
tillating crystal-based detectors (Figure 6.2) spread on a camera ring (Figure 6.3). 
The scintillators are made of heavy materials such as lutetium, gadolinium, or 
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FIGure 6.1 The disintegration of a radioisotope generates a positron that annihilates with 
an electron in the environment to give two 511-keV photons emitted collinearly.
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FIGure 6.2 A BGO crystal array coupled to a pack of four PMTs is used to stop 511-keV 
photons and generate an electric pulse needed to extract relevant information in PET.
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bismuth (Figure 6.2). The crystal’s characteristics influence the performance of the 
scanner in terms of timing and energy resolution, which, in turn, affect the contrast 
and the spatial resolution.

The camera ring, with a diameter D and an axial length L, tries to match inter-
cepted photons—called events or singles—in pairs using three conditions: a coinci-
dence timing window (0.5 to 20 ns), a bounded energy range (200 to 650 keV), and 
a field of view within the detector ring (usually 60 degrees from each detector’s per-
spective with the opposite side) (Figures 6.2 and 6.3). Matched event pairs are called 
coincidences.

Three different cases can occur when measuring the singles (Figure 6.4). The first 
one is seen when two 511-keV photons issued from the same annihilation deposit 
all their energy as a photoelectric effect in a scintillating crystal of the camera ring 
(Figure 6.4a). The two individual photons, called singles, create a true coincident 
event represented as a line of response (LOR). This forms the ideal case and repre-
sents the desired data required for image reconstruction.

In the second case, the two singles detected are not coming from the same dis-
integration. One must understand that annihilation is isotropic, and only photons 
traveling toward the scanner ring can be intercepted. Other photons simply escape. 
If only one of the two annihilation photons of two distinct disintegrations reaches 
the camera ring, a false coincidence—called random coincidence—is detected 
(Figure 6.4b). Unlike singles in true coincidences that are time correlated because 
they are issued from the same annihilation, photons in random coincidence pairs 
have no timing relationship. This means that the probability of detecting a random 
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FIGure 6.3 A ring of detectors of diameter D and axial length L intercepts the annihila-
tion photons. Detection of two photons within a determined timing window creates a coin-
cidence pair.
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coincidence is the same for any time difference, whether it is 1, 10, or 100 ns. So, the 
random rate is uniform regardless of the timing window width, as can be seen on 
the edges of a timing-resolution spectrum (Figure 6.5), where the timing difference 
of events picked up by two detectors is charted on a histogram. What is seen in this 
figure is the sum of the trues (the Gaussian shape) and the randoms (flat floor). The 
problem is that trues and randoms are indistinguishable using the detectors or the 
three criteria. The whole detected coincidences are thus referred to as prompts. The 
timing resolution, which corresponds to the width of the Gaussian shape, is generally 

(a) (b) (c) (d)

FIGure 6.4 Three types of coincidence: (a) true coincidence, (b) random coincidence, (c) 
Compton scatter in the subject, and (d) Compton scatter in the crystal detector.
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FIGure 6.5 The timing-resolution spectrum is built by charting the timing difference of 
coincidence event pairs in a histogram. The spectrum contains two sections: the Gaussian-
like shape issued from true coincidence and a flat floor issued from the random coincidence.
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expressed as a full width at half maximum (FWHM)* value in units of nanoseconds. 
The timing resolution is a factor of the detector and the electronic noise, as will be 
discussed in the next section. Random coincidences can be statistically estimated, 
but it is preferable to narrow as much as possible the timing window to reduce their 
number at the source. Reducing the timing window will also reduce the count rate in 
the scanner and relax the requirements of the output data links.

In the third case, an annihilation photon produces a Compton scatter within the 
subject or within the crystal detector (Figure 6.4c,d). The original annihilation pho-
ton then deviates from its original trajectory with an angle θ, leaving a part of its 
energy to the environment (Figure 6.6). This phenomenon can be described by the 
Klein-Nishina equation9

 ′ − = −λ λ θh
m ce

( cos )1  (6.1)

where λ and λ′ are the wavelengths before and after the scattering, h is Planck’s con-
stant, me is the mass of the electron, and c is the speed of light.

When occurring inside the subject, Compton scatter generates a false LOR 
(Figure 6.4c). An energy threshold is often applied to limit the coincidences to sin-
gles without Compton effects. The Compton scattering can be observed on an energy 
spectrum, where the measured energy of individual events is charted on a histogram 
(Figure 6.7). Such a spectrum in scientific papers contains, most of the time, four 
sections. The first one is the photopeak, which contains the events that make pho-
toelectric interactions. The Gaussian shape is centered at 511 keV. Since a Compton 
scatter is not possible over 350 keV, a valley exists between the photopeak and the 
Compton events. At low energy, the electronic noise is added to the Compton scatter, 
which makes a negative slope on this part of the spectrum. Unlike timing resolution, 
the energy resolution is calculated in percent by computing ∆E/E, which corresponds 
to evaluating the FWHM divided by the mean of the Gaussian. Energy resolution 
depends not only on the detector used, but also on the system noise. For this reason, 
many papers will add a fourth component to the spectrum, corresponding to fake 
events generated with a pulser. In this case, the pulser energy is selected to be higher 
than the photopeak and its Gaussian width (in FWHM) is only related to the noise 
in the system. Using this information, one can estimate how the system degrades 
performance, and one can also deconvolve the system noise from the measurement 
to obtain the energy resolution associated to the detector itself with

 σ σ σmeasure = +2 2
noise detector noise system  (6.2)

This section presented the main physical phenomena related to PET. The basics 
of timing resolutions and energy resolutions were also discussed in an effort to better 
understand how to avoid undesirable coincidences in images. The next section will 
focus on a higher level, which is the PET scanner itself. Many trade-offs related to 

* FWHM is an equivalent measurement of the standard deviation. FWHM is ≈2.35 SD.
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the physics covered in this section will be highlighted, with the focus on how these 
are related to scanner performances.

6.3 trAde-oFFs In scAnner desIGns

In addition to physical phenomena, the design of a scanner must also deal with many 
trade-offs to maximize image resolution and sensitivity or minimize cost. Current 
scanners can hardly manage all of these trade-offs at the same time, and choices 
must be made that will affect final performance or to minimize costs.

One of the main advantages of PET over other imaging modalities is its ability to 
quantitatively measure bioprocesses down to picomolar concentrations. This mea-
surement is obtained with the reconstruction of an image composed of pixels depict-
ing the distribution of the radiotracer within a subject slice. The contrast in the image 
provides information about radiotracer’s concentration. As small-animal organs are, 
indeed, “small,” pixels must be scaled accordingly. However, the pixel size cannot 
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be indefinitely reduced. Spatial resolution is defined in PET as the smallest voxel* 
containing quantitative information, set by9

 FHMW a d b D r= ( ) + + +2 0 0022
2

2 2 2( . )  (6.3)

where a is a factor related to the image reconstruction algorithm (1.1 < a < 1.3); d 
is the detector size (i.e., the crystal in our case); b is a coding factor, 0.0022, the 
uncertainty of the collinearity of the disintegration; D is the diameter of the scanner; 
and r is the mean positron displacement before annihilation. D and r are physical 
constraints one must live with, the scanner diameter sized to the animal to be stud-
ied, and the positron displacement associated with the radiotracer that must be used 
for the experiment. However, the crystal size d and the coding factor b can play an 
important role for spatial resolution, and judicious choices can be made to maximize 
scanner performance.

As seen in Equation (6.3), the smaller the crystal size is, the better the theoretical 
spatial resolution will be. On the other hand, this parameter can cause other prob-
lems, as will be seen later, and cannot be infinitely reduced. Moreover, cost is an 
issue, as thin crystals are hard to manufacture. Another issue is that PET is limited 
by the positrons’ diffusion. The spatial resolution of scanners will always be bound 
by the latter factor, and it is not worth designing detectors with intrinsic spatial reso-
lution better than the positron diffusion.

The coding factor b is a consequence of the detector type used. Many scanners 
rely on a block detector composed of a photomultiplier tube (PMT) coupled to a 
pixelated matrix of crystals (Figure 6.2).10 A decoding scheme similar to Anger logic 
is used to calculate the center of gravity of the interaction. The Anger logic scheme 
consists of measuring the ratio among the four PMT outputs (W, X, Y, Z).1 The ratio 
determines in which “individual” crystal the interaction occurred, and the sum of 
the PMT signals corresponds to the energy deposited in the crystal. The presence of 
Compton scatter as well as the uncertainty in the localization of the interacting pho-
ton increases the b factor, which leads to a degradation in the reconstructed image. 
More recently, some research teams have proposed coupling crystals individually 
to a light detector such as an avalanche photodiode (APD).11–12 Such an approach 
reduces the b factor to almost zero at the cost of an increase in electronic channels 
and in system architecture complexity.

The small size of rat and mouse organs, together with the arrival of new radiotrac-
ers that are very specific to certain cells or tissues, require the measurement of very 
low radioactivity concentrations. The scanner must then be able to intercept as many 
annihilation photons as possible in a reasonable amount of time to create a useful 
image. This parameter, called scanner sensitivity, is estimated by the number of 
detected true coincidences divided by the number of expected disintegrations. The 
number of true coincidences is a factor of the solid angle seen by a source localized 
in the middle of the scanner.1 A longer scanner will cover a higher solid angle and 
thus possess a higher sensitivity, but it will require a larger budget to purchase the 

* A voxel is a three-dimensional pixel.
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extra detectors. The crystal length can be another factor, but it is usually chosen to 
stop >95% of annihilation photons. However, short crystals could be used in PET/
MRI (PET/magnetic resonance imaging) systems where the PET rings are inserted 
inside an MRI tube. In this case, the limited maneuvering space margin inside the 
MRI enforces the use of short crystals to leave enough room for the mouse to be 
scanned, to the detriment of sensitivity.

Crystal size also plays a crucial role in sensitivity through the packing fraction. 
A highly pixelated matrix of crystals usually contains crystals individually covered 
with reflecting foils that produce voids in the matrix13,14 where photons can slip 
through. This phenomenon is also present between neighboring crystal matrices. 
The ideal scanner would be a crystal tube with detector matrices, which is costly and 
hard to manufacture. However, many scanners tried to maximize the solid angle by 
employing large monolithic crystals, where a decoding scheme is used to the detri-
ment of the spatial resolution (i.e., high decoding factor b).15

Highly pixelated crystals may also affect scanner sensitivity through losses caused 
by Compton scatter. In practical scintillating crystals (i.e., lutetium oxyorthosilicate, 
LSO), only ≈30% of first interactions produce a photoelectric effect; the remaining 
≈70% generate a Compton scatter. As the crystal size reduces, the probability of stop-
ping the second interaction within the same crystal gets smaller. One must under-
stand that two Compton scatters within the same crystal are indistinguishable, and 
the energy measured will be the sum of the two scatters. The performance loss can 
appear in two ways, depending on the crystal detector used. When a block detector 
is used, the total energy is detected, but a decoding error will occur that will reduce 
the spatial resolution. In the same conditions, when individual crystals are coupled 
to an APD, both Compton scatters found in nearby channels can be under the energy 
threshold and thus be discarded, which will reduce sensitivity. To circumvent these 
aforementioned limitations, research projects are attempting to reduce the energy 
threshold and localize the Compton scatters in a pixelated matrix to introduce them 
in the image along with the true coincidences.16

The sensitivity could also be affected by dead time, a phenomenon where events 
near in time are lost for different reasons. Dead time follows a mix of two behav-
iors: paralyzable and nonparalyzable.9 Paralyzable dead time occurs when piled-up 
events are detected and the system cannot accept a new event until the dead time 
associated with the last event in the pileup is completed. A pileup event occurs 
when the rate of events is higher than the recovery time, i.e., the time for the elec-
tronic front end to get back to a steady state. The paralyzable dead time is associ-
ated, most of the time, with the detector and the accompanying electronics. For 
example, if a simple threshold is used and a second photon interacts in the crystal 
before the signal comes back under the threshold, the system will only see the 
first photon. Large detectors are more sensitive to paralyzable dead time. On the 
other hand, nonparalyzable dead time is associated with data processing. One can 
see nonparalyzable dead time as a first-in–first-out buffer that does not accept any 
more events when the buffer is full. The system can process one event, but if two 
events are received, one of them is discarded regardless of its occurrence relative 
to other events.
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To meet spatial resolution performance, the crystal detectors used in small-animal 
PET scanners are usually long, thin, and pointed toward the center of the field of view 
(FOV) (Figures 6.2 and 6.4). Since all lines of response are positioned by default at the 
crystal tip located in the center of the scanner, the non-null size of the crystals gener-
ates what is called a parallax effect. When the disintegration arises in the periphery 
of the scanner, the depth of interaction (DOI) of the annihilation photon in the crystal 
exacerbates the uncertainty about the localization of the interaction. This effect creates 
a disparity in the spatial resolution within the field of view, where the spatial resolution 
is maximal in the center of the scanner and degrades radially. Although there are many 
techniques available to mitigate DOI, all of these methods are expensive, and DOI is 
often relegated as a secondary concern in scanner designs. Among these methods, 
three are of interest for their trade-offs between resolution, complexity, and cost.

In the first scheme, the DOI is estimated with the varying pulse decay time issued 
from a crystal having a gradient of cerium concentration along the crystal.17 When 
coupled to an appropriate signal processor, the DOI can be approximated with a 
resolution <2 mm. However, this technique is not popular, since it is still hard to 
produce such crystals.

The second scheme measures the difference of light intensity on both ends of the 
crystal tips,18,19 It is accomplished by using two detector sets. Commonly, one detector 
is a PMT and the other is an APD. The APD is used on the tip pointing toward the 
scanner to ensure a good solid angle—PMT being large and long compared to APD. 
This technique is not cost effective because it uses twice the electronics compared to 
other solutions. However, resolutions ≈1.5 mm can be reached with this scheme. The 
same solution can be used in the axial direction by using DOI measurements to deter-
mine the axial position. Many very long crystals are placed side by side, where both 
crystal ends are read out with a PMT (Figure 6.8).20 In this scheme, the axial localiza-
tion is determined by the ratio of the energy measured at both tips of the crystal, while 
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FIGure 6.8 Photodetectors at each end of the crystal matrix perform a DOI measurement 
to localize the position of the interaction along the crystal in the axial direction.
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the radial DOI is determined by the crystal that has scintillated in the matrix. Good 
spatial resolution of ≈1.5 mm can also be obtained using this approach.

The final scheme uses a stack of crystals with different scintillating character-
istics named phoswich.21,22 A light detector such as an APD or a PMT reads the 
light emitted by the stack, and signal processing identifies the scintillating crystal. 
This approach requires only one detector at the crystal end and, when coupled with 
adequate signal processing, obtains high performance in the localization of the scin-
tillating crystal. However, the DOI is limited to the crystal length used.

Scanner design involves many trade-offs to accommodate the physics effects dis-
cussed here. Choices made on the mechanical architecture of detectors as well as 
the type of detector affect the scanner performance. The next section will give more 
details about the electronics required to maximize scanner performance.

6.4 tyPIcAl electronIcs chAIn For Pet

Many scanners have been designed with the ultimate goal of localizing the positron 
annihilation. Different techniques, like wire chambers23 or crystal scintillator-based 
systems,24,25 present their own pros and cons for manufacturability/cost and ease of 
use. The scintillator-based system is the most widespread, and the next few subsec-
tions will focus on this particular system.

A PET electronic chain is essentially a light-to-voltage amplifier. The basic prin-
ciple of a scintillator-based system consists of transforming the energy of an anni-
hilation photon into a bunch of visible photons required to generate electrons in a 
photosensitive detector. Normally, the shape of the electron pulse follows an expo-
nential shape with a decay time of τ (Figure 6.9). A transimpedance amplifier, or 
a charge-sensitive preamplifier (CSP), transforms the electron pulse into a voltage 
pulse, depending on the quantity of electrons issued from the detector, the CSP being 
a very low noise amplifier. The voltage pulse can be shaped/filtered to maximize 
signal-to-noise ratio and improve timing and energy measurements. Prior to these 
measurements, the signal is DC-adjusted in a baseline restoration circuit to maxi-
mize the performance of the other electronic stages.
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FIGure 6.9 Typical data-acquisition chain for a PET scanner.
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The timing measurement can be relative or absolute. In the case of relative timing 
measurement, the event trigger opens a timing window and looks on the opposite 
side of the scanner to see if there is another event within the determined time. If so, 
digital data for both channels, such as detector addresses, are sent to the data stor-
age, regardless of the event type. The first scanners used this approach for its lower 
complexity, although to the detriment of scanner flexibility. In the case of absolute 
timing, individual events receive a digital time stamp directly at the detector. This 
time stamp, together with the energy measurement and the address, is sent to a coin-
cidence engine that parses the data and sends the coincidence events to a data storage 
unit for subsequent image reconstruction. This approach has the highest flexibility 
but requires complex electronics and an early digitization of information.

PET images rely on two principal measurements: the energy of the photon and 
the time of occurrence. Time-of-occurrence measurements are based on evaluat-
ing when a signal crosses a voltage threshold (Figure 6.10). The noise in the signal 
affects the timing resolution through the signal slope, where the uncertainty on the 
signal amplitude is projected on the timing axis. Figure 6.10 presents signals with the 
same noise amplitude with different slopes, showing that the steeper the slope at the 
threshold crossing, the better is the timing resolution.

This phenomenon can be expressed mathematically as

 σ σ
δ

δ
t V

t
= noise

 (6.4)

where the numerator is the quadratic sum of all noncorrelated noise (described in 
Section 6.4.2.3), and the denominator is the slope of the signal at the crossing of the 
threshold. The designer’s objective will be both to reduce the amount of noise and to 
increase the slope at the threshold crossing.

The energy measurement is made by integrating the number of the collected 
charges and measuring the maximum on the shaper-out signal (Figure 6.9). If the 
integration constant is long enough compared to the crystal’s decay time, there is no 
ballistic deficit, and the voltage obtained at the output of the integrator is proportional 
to the energy deposited in the crystal. However, noise is still present at this maximum 
point, and uncertainty on the energy measured will decrease the energy resolution.

Noise σs Noise σs 

Timing uncertainty σt 

Threshold, Vth

Timing uncertainty σt
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FIGure 6.10 The effect of the slope on timing resolution in the presence of noise. A steeper 
slope represents a lower uncertainty for the same noise variance.
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The next subsections will describe each stage of a typical electronic chain for 
PET in greater detail, how to extract relevant information from annihilation events 
as depicted in Figure 6.9, and what the major contributors to noise are.

6.4.1 The CrysTal

Scintillating crystals stop annihilation photons and transform their energy into light. 
The NaI (made in 1948)26 crystal has been the reference for many decades, but it has 
slowly been replaced by the cerium-doped lutetium oxyorthosilicate (LSO) since 
the early 2000s. LSO has a high stopping power at 511 keV, a fast decay time, and 
similar light output to NaI. Many crystals are derived from the original LSO recipe, 
where different impurities such as gadolinium, yttrium, etc., give different optical 
properties to the scintillating crystal. Table 6.1 presents the key properties of com-
mon scintillating crystals.27

The shape of light emission in a scintillating crystal follows an exponential decay 
time ( )A e t⋅ − τ  highly contaminated with noise. The variance (σs ) of this noise comes 
from two uncorrelated noise sources, σe and σi

28

 σ σ σs e i= +2 2
 (6.5)

where σe is a statistical variance with a Poisson distribution, and σi is the intrinsic 
crystal resolution. The quantity σe can be expressed as

 σe
s
N

= 2 35. F
 (6.6)

where Fs is the excess noise due to statistical fluctuations in APD gain (see Equation 
[6.11]), and N is the effective mean number of primary photoelectrons created in 

tAble 6.1
Generic Properties of common scintillators

lGso lyso lso bGo

Decay time (ns) 65–75 40 40 40–300

Fast/slow ratio (1/10)

Light output (APD) a 45 85 75 30

Light output (PMT) a — 75 75 15

Peak emission (nm) ≈415 420 420 480

Index of refraction ≈1.8 1.81 1.82 2.15

Density (g/cm3) 6.5 7.19 7.35 7.13

Absorption coefficient at 511 keV (1/µm) 14.3 12.6 12.3 11.6

Effective Z 58 63 64 73

Probability of PE (%) ≈30 ≈28 34 44

a Relative to NaI(Tl).



164 Electronics for Radiation Detection

the APD. The intrinsic crystal resolution σi originates from inhomogeneities in the 
crystal and other variations in the light collection, such as crystal defects, inhomo-
geneous surface coating, photon traps, and depth of interactions of the annihilation 
photon. The total combined noise elements highly distort the temporal distribution 
of photons, and the pure exponential decay time as depicted in Figure 6.9 will never 
be seen. Rather, the waveforms always slightly differ from one another. For this 
reason, a shaper is used to integrate the signal and smooth/filter the noise as much as 
possible without deteriorating the signal-to-noise ratio at the frequency of interest. 
All these noise sources affect timing and energy measurements in different ways, as 
will be discussed later.

Photon emission decay time in crystals plays an important role in scanner perfor-
mance, as can be seen in Figure 6.9. In the Laplace transform domain, the shaper-
out signal can be seen as the multiplication of the crystal’s impulse response and the 
shaper’s impulse response, which is equivalent to a convolution in the time domain. A 
fast decay time produces shaper-out signals with steeper slopes (i.e., includes higher 
frequencies), which allows better timing measurement, as seen in Equation (6.4). 
Moreover, a fast decay time generates shorter shaper-out pulses, which enable higher 
count rates and may help to increase sensitivity. As shown in Table 6.1, common decay 
times for different crystal species vary from 600 to 300 ns for BGO. New crystal breeds 
such as Luteium ortholuminate can now obtain decay times down to 17 ns, but these 
are not always suited to be coupled with all photodetectors such as APD. Finally, the 
decay time can be modified with the introduction of some impurities such as cerium in 
some crystal breeds since emission wavelength may not be compatible.

Decay time is not the only factor contributing to scanner performance; the light 
output, expressed in units of photons per MeV (Ph/MeV), is also an important param-
eter. The first photons—called the primary photons—emitted by the crystal contain 
most of the timing information. Having a high number of primary photons generates 
a shaper-out signal with higher amplitude and thus a steeper slope at the threshold 
crossing. In this case, the number of photons represents the exponential’s integral 
and not its amplitude at t0+. For this reason, the literature presents the amplitude of 
the exponential as

 p e
t

=
−( )*

*
Ph/MeV photon energy

τ
τ  (6.7)

where the photon energy is 511 keV in the case of PET, and τ is the decay time of the 
crystal. The reader can perform the exponential integration to verify that the total 
number of photons is correct.

Matching a crystal with a photodetector must be done carefully because the emis-
sion wavelength of the crystal and the absorption wavelength of the photodetector 
may be different. For this point, the APD is particularly selective compared to PMT. 
Table 6.1 presents peak emission wavelengths for different crystal species, where 
LSO (≈420 nm) is well suited for APD. A bad crystal coupling regarding the wave-
length would produce only a few electrons at the output of the photodetector and is 
equivalent to a low-light output.
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Many crystals presented in the literature are hygroscopic, e.g., NaI. These crystals 
must be hermetically sealed in an enclosure to avoid water absorption, which makes 
the crystal literally melt. LSO-like crystals are very attractive because they are not 
hygroscopic and because of their fast decay time and light output property.

Crystal matrix assembly is a science in itself. One simple way involves cutting 
trenches in a monolithic block, as illustrated in Figure 6.2. The depth of the trenches 
is carefully controlled to minimize optical cross talk between pixelated crystals 
while ensuring a good light collection. This assembly is used for block detection, 
where the position is decoded with an Anger logic scheme. For highly pixelated 
photo detectors like APD, the assembly of individual crystals is preferred. In this 
case, the surfaces of individual crystals receive a special treatment to reflect, collect, 
or diffuse light. The available surface treatments include mechanical polish, chemi-
cal polish, and usage of diffusing/reflecting foils between crystals.29,30 A coupling 
material such as an optical glue or grease with adequate refraction index is also used 
to maximize the light transfer between the crystal and the photodetector.

6.4.2 Common deTeCTors in peT

The PMT is indisputably the most widely used photodetector in PET. However, the 
new challenges associated with small-animal imaging compel the designers to look 
at new photodetectors. Recently, the APD has been used in commercial scanners, 
and the scientific community is very enthusiastic about the silicon photomultiplier 
(SiPM). The following subsections describe these photodetectors and their associ-
ated electronics in greater detail.

6.4.2.1 the Photomultiplier tube and Its Amplification stage
The PMT is a vacuum tube sensitive to light, with a detection efficiency of ≈40%. 
It is composed of a photocathode, several dynodes, and an anode housed in a glass 
envelope (Figure 6.11). The incident photons strike the photocathode material, where 
electrons are emitted by photoelectric effect. Electrons are accelerated toward the 
first dynode by a high-voltage electrical field. By the time they reach this dynode, 
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FIGure 6.11 A photomultiplier tube is composed of a cathode, multiple dynodes, and an 
anode housed in a glass envelope.
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they have accumulated sufficient energy to generate secondary low-energy electrons, 
which in turn are accelerated to the subsequent dynode stages. The anode converts 
the amplified electron surge into an electric-pulse signal wired toward subsequent 
signal-processing stages. The PMT geometry is designed to create a cascade of elec-
trons and enable amplification factors of up to 106–107 with a high signal-to-noise 
ratio. These characteristics make the PMT a detector of choice for clinical PET 
imaging. In fact, most clinical and a few small-animal PET scanners are based on 
PMT detector blocks, as shown in Figure 6.2.

Initial detector blocks evaluated the interaction position through an Anger logic 
scheme, but modern PMT with multiple anodes (called position-sensitive PMT, or 
PSPMT)31 simplify the decoding, as the charge distribution can be directly deter-
mined and read out without complex circuitry. As PMTs have excellent signal-to-
noise ratios, the electronics used to transform the output signal is straightforward and 
usually made of cascaded, simple operational amplifiers (OPAMP) in transimped-
ance mode. The only OPAMP characteristic requirement is a band-pass frequency 
wide enough to meet adequate rising edges, thereby achieving good timing resolu-
tions. Some PMTs can achieve timing resolution ≈160 ps, a characteristic suited for 
clinical time-of-flight (TOF) PET.32

Other decoding schemes were proposed to localize the annihilation-photon inter-
action within block detectors. Among them, the artificial neural network (ANN)33,34 
is of interest because it could replace the matrix by a continuous crystal, which 
reduces the manufacturing costs of the detector at the expense of a higher complex-
ity in the back-end electronics.

The block-detector approach engenders inexpensive scanners, since many “opti-
cal” channels (i.e., the individual crystal pixels) share four electronic amplifiers 
(the PMTs) with minimal and low-cost supporting electronics. Therefore, back-end 
electronics sections such as constant-fraction discriminators (CFD) are also shared. 
Moreover, as the signal-to-noise ratio (SNR) is very high, excellent timing reso-
lutions (<1 ns) can be obtained. However, as discussed in Section 6.3, the spatial 
resolution suffers from the decoding scheme, and small crystals of 1.5 × 1.5 mm 
produce the same spatial resolution as crystals of 2 × 2 mm with direct crystal–
APD coupling. Furthermore, because pixels are multiplexed, block detectors suffer 
from pileup problems at high count rates, unlike individually coupled detectors (i.e., 
APD). Finally, the relatively large size of PMT is not well suited to the high density 
electronics of small-animal scanner rings.

Partly because of their better detection efficiencies, new detectors such as APD 
and SiPM should slowly replace PMT. But the major blow comes from multimodal-
ity scanner-design considerations, specifically for PET/MRI, where PMTs cannot 
be used because they contain magnetic materials and are too large for small animal 
scanners. And rather than making a PET system tailored for MRI, it is more cost 
effective to design one architecture that fits them all.
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6.4.2.2  Avalanche Photodiode-based detectors 
and their Amplification stage

The avalanche photodiode (APD) is a silicon-based detector. It is composed of a p–n 
junction operated in reverse voltage. Roughly, an APD has an absorption region, 
where photons generate carriers (electrons), and a high-voltage bias multiplication 
region.35 Gains of 100, and more recently 200,36 obtained from APD contrast with 
PMT gains of four to five orders of magnitude greater. Unlike PMT, the APD has a 
good detection efficiency (≈70%), which makes it more sensitive to photon detection. 
APDs are insensitive to magnetic fields and can be easily pixelated with sizes down 
to the square millimeter (mm2), which makes them suitable to be coupled to indi-
vidual pixel crystals. However, the low gain of APD combined with the noise gener-
ated with the reverse p–n junction makes them difficult to work with. The APD’s 
performance is limited by its leakage current and the shot noise coming from the 
presence of a reverse voltage. The shot noise in the p–i–n (PIN) diode is a statistical 
Poisson fluctuation of the dark current, described by

 i qBIn D= 2  (6.8)

where q is the electronic charge, B is the system bandwidth, and ID is the dark cur-
rent fluctuation. In APD, the bulk leakage current (IDB) is unfortunately multiplied 
by the gain M.

 I I I MD DS DB= +  (6.9)

then

 i q I I M F Bn DS DB= + ⋅ ⋅ ⋅2 2( )  (6.10)

where F is the excess noise factor coming from the statistical nature of the ava-
lanche38 and is computed as

 F Mk
M

keff eff= + −



 −2

1
1( )  (6.11)

where keff is the effective ionization ratio. The multiplication of the bulk leakage cur-
rent with the gain makes the APD a noisy detector. Combined with the detector’s low 
gain, APD signals have little amplitude with a relatively poor signal-to-noise ratio 
compared to PMT. These problems make APD-based systems hard to design, and 
special care must be taken within the first electronic stages. Advanced noise-control 
techniques applied to APD systems are described in the next subsection.

6.4.2.3 noise Issues for APd-based detectors
In APD-based systems, the measurements are all affected by the presence of noise, 
which can be seen as a local variation of the amplitude (in voltage) of the signal. Even 
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if noise amplitude is bounded, it is always expressed in term of spectral density. As 
the different noise contributions are not correlated, they can be square-root summed, 
as shown in Equation (6.12)

 σ σ σ σnoise s photostatistic electronit t t( ) ( ) ( )= + +2 2
cc t2 ( )  (6.12)

where σs(t) is calculated using Equation (6.5)

 σ α ω α αphotostatistic photot qFM I t d2 2 2( ) ( ) ( )= −
−∞

+∞

∫  (6.13)

and

 σ σelectronic ENCt( ) =  (6.14)

where Iphoto is the current induced by the scintillation light,37 ω(t) is the weighting 
function extracted from the shaper filter,38 and σENC is the equivalent noise charge 
from the electronic front end.40 The photostatistic variance, σ2

photostatistic(t), as pre-
sented in Equation (6.13), is reported before the APD (Figure 6.9) and is defined by 
the convolution of the current generated with the light emitted from the crystal with 
an exponential shape, as in Equation (6.7), and the weighting function to the square. 
Indeed, the weighting function is determined by the normalized impulse response 
of the shaper.

From Equation (6.13), one can see that the noise variance is time varying. This 
means that the noise changes in time and obtains its maximum value at the maximum 
of the weighting function. The shaping filter type and order play an important role in 
timing resolution, as they shape the slope of the shaper-out signal and influence the 
quantity of photostatistic noise at the threshold crossing (Figure 6.10 and Equation 
[6.4]). Faster shapers enable shaper-out signals with higher slopes. However, if the 
choice of the integration constant is too small compared to the crystal decay time, 
there is a risk of a ballistic deficit9 for the energy measurement. On the other hand, 
the integration constant must be too long to introduce undesired dead time in the 
scanner. Good timing resolution reduces the number of random events, and good 
energy resolution reduces the Compton scatter. This clearly demonstrates the trade-
off between the timing resolution and the energy resolution.

Unlike the photostatistic noise, the equivalent noise charge (ENC) is time invari-
ant. It can be seen as fluctuations of carriers in the electronic front end, whose parts 
are CMOS (complementary metal oxide semiconductor) technology. These carriers 
inject uncorrelated time pulses. Moreover, the ENC noise is permanently present in 
the shaper-out signal, in contrast to the photostatistic noise, which is only present when 
a pulse is present. The ENC noise has three uncorrelated components called parallel 
noise, serial noise, and 1/f noise. The parallel noise, also called shot noise, represents 
the fluctuations in the number of carriers emitted in the APD. As the APD is a reverse 
p–n junction, the carriers flow in one direction caused by the applied electric field 
and present noise pulses at the input of the CSP. The parallel noise is modeled with a 
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current source in
2 in parallel with the APD (Figure 6.12). The spectral density of the 

parallel noise is significant at low frequency and can be computed with

 ENC ENC
q

qI kTp APD leak feedback n fe= +






+− −
2

2
1

2( α eedback m peak pg Afeedback )τ  (6.15)

where ENC2
APD is the equivalent noise from the APD, Ileak is the leakage current on 

the feedback circuit in the CSP, αn−feedback is a parameter depending on the transistor 
type and its operating region, gm is the transconductance seen from the feedback 
circuit, τpeak is the peaking time of the shaper filter, and Ap is a parameter related 
to the kind of filter used. These parameters and equations are well covered in the 
literature.39–40 One important note is that the parallel noise is not affected by the 
input transistor, unlike other noise sources. Usually, the APD noise dominates the 
parallel noise.

The serial noise, also called thermal noise, is dominated by the thermal pro-
cesses in the resistors created by the conducting channels of the electronic front 
end. The CSP topology must be carefully chosen to ensure that the input transistor 
noise dominates over the noise from subsequent amplification stages. The folded 
cascade topology is a candidate of choice in this case.41 Unlike parallel noise, the 
serial noise is not unidirectional, and noise fluctuations can be positive and negative. 
Serial noise spectral density is negligible at low frequency and more pronounced at 
high frequency. A voltage source en

2 in series with the CSP input models both the 
serial noise and the flicker noise described in the next paragraph. The serial noise 
can be estimated with

 ENC
q

kT

g
C C

A
s

n input

m

s

peakinput

= +−1 2 2α
τ

( )det in  (6.16)

where Cdet is the detector capacitance, Cin is the input capacitance of the CSP, and 
As is a parameter related to the shaper filter used. One can notice that serial noise 
increases with the size of the input transistor through Cin and decreases with the 
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FIGure 6.12 The noise model for an APD-based detector consists of a current source in 
parallel with the APD detector and a voltage source in series with the CSP.
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transconductance of the input transistor. As gm differs depending on whether the 
transistor is in strong, moderate, or weak inversion, the size of the input transistor 
must also introduce this parameter in the whole equation.

Finally, the third noise source, called the flicker-noise (or 1/f noise), also comes 
from the input transistor and is also modeled with a voltage source en

2 in series 
with the input of the CSP. The flicker noise appears as charge fluctuations in the 
gate–channel interface, which influences the conduction in the transistor channel. 
The flicker noise can be estimated with

 ENC
q

K

C WL
C C Af

f

f

ox
1

21= +π ( )det in  (6.17)

where Kf is the 1/f noise coefficient of the input transistor (technology dependent); 
W and L are the width and length of the transistor channel, respectively; and Af is 
a parameter related to the shaper filter used. The flicker noise is dependent on the 
transistor type (pMOS or nMOS), with nMOS transistors having more 1/f noise than 
pMOS. One can notice that the bigger the transistor is (i.e., W and L are large), the 
smaller the flicker noise will be. This fact contrasts with the minimization of the 
serial noise, and a trade-off must be made to minimize the overall noise of the elec-
tronic front end.

As noted previously, the ENC noise is frequency dependent. A better way to pres-
ent this information consists in plotting the ENC versus the peaking time of the 
shaper filter (Figure 6.13). As the shaper function also affects the photostatistic noise 
through the slope of the shaper-out signal, it is easier to find the best solution to tim-
ing and ENC using Figure 6.13.

Unlike PMT, APD-based detectors are hard to design. However, APD systems 
offer the possibility to individually couple a pixel crystal, a photodetector, and an 
electronic chain thanks to highly integrated CMOS circuits, thereby reducing the 
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decoding factor b to zero. This approach maximizes the spatial resolution at the 
expense of more complex electronics.

6.4.2.4 silicon Photomultipliers (siPMs)
Silicon photomultipliers are actually the latest trends in the scientific community. 
They consist of APD detectors tied in parallel and operated in Geiger mode. They 
present the same advantage of APD (size, nonmagnetic materials) but with a gain 
varying from 105 to 107, like PMT. SiPMs of limited size are currently available and 
present excellent timing resolution (<1 ns). The operation mode is quite simple; the 
junction is biased above the breakdown voltage. When a photon hits the sensitive 
region, an electron-hole pair is generated. If the high electric field is strong enough, 
both the electrons and holes generate avalanche effects. Upon detection of the ava-
lanche, a passive or active quenching circuit reduces the biasing under the break-
down voltage to stop the avalanche process before the cell’s destruction. The number 
of generated charges is equal to the cell capacitance multiplied by the overvoltage 
(i.e., biasing voltage minus breakdown voltage).

 Q C V Vbias Breakdown= −( )  (6.18)

The output signal is proportional to the number of cells that fired. For this rea-
son, SiPM presents drawbacks. The number of cells must be selected according to 
the number of light photons that may hit the SiPM. There must be more cells than 
expected photons; otherwise, a signal saturation occurs, and the energy measure-
ment becomes nonlinear. For a certain number of photons to be detected, the cell 
size cannot be infinitely reduced, as a dead area surrounds every cell. To evaluate 
this phenomenon, the notion of photodetection efficiency (PDE) has been created. 
The PDE is expressed as

 PDE QE Ptrigger= ⋅∈⋅  (6.19)

where QE is the quantum efficiency, ∈ is the ratio of the sensitive area versus the 
total area, and Ptrigger is the probability that an incoming photon triggers a break-
down. The number of cells that may fire can then be expressed as

 N N efiredcells Total

N PDE
N

Photon
Total= −





⋅
1  (6.20)

A second set of drawbacks to SiPM includes the presence of dark count rate and 
cross talk. The dark count rate is issued from carriers trapped in the silicon. These 
carriers are released for several microseconds (μs) after the pulse signal. Optical 
cross talk occurs when a photon crosses the cell boundary and triggers an adjacent 
one. An optical isolation is mandatory to avoid this problem. These drawbacks limit 
the recovery time of SiPM and significantly affect the overall count rate perfor-
mance of the detector.
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Unlike APD, SiPM does not need complex front-end electronics. A simple trans-
impedance amplifier is sufficient to transform the charge pulse into a voltage pulse. 
However, the remaining back end is still very similar to APD design, as individual 
SiPM channels may be coupled to an individual electronic channel. The electronics 
complexity then remains very similar to that of APD systems.

6.4.2.5 baseline restoration and holding

The shape-out signal usually contains a DC component originating from electronic 
bias or from leakage current present in the detector. As these circuits are usually 
built in ASIC, an intermediate stage is required to adjust the DC level to optimize 
timing and energy-measurement performance in subsequent electronic stages. At 
first glance, a simple adjustment of the DC baseline would seem sufficient to correct 
the situation. However, pulse pileup can affect the DC level of the shaper-out signal. 
To counter this case, an analog memory is used to maintain the DC level even in 
presence of pileup at high count rates. Two approaches are available: the baseline 
restorer and the baseline holder.

The former approach uses a simple capacitor as analog memory to maintain the 
DC level. In this scheme, the DC component of the signal without pulse is main-
tained in a capacitor and presented at the input of a comparator used to trigger the 
time of occurrence.42 When a pulse is detected, a switch removes the signal from the 
comparator input and leaves only the DC component stored in the capacitor. This 
practice requires high-frequency circuitry that can generate noise in the surrounding 
electronics. The latter approach uses a feedback circuit that compares the shaper-out 
signal to a voltage reference (Vbaseline). A low-pass filter with a very low frequency 
generates a current signal at the input of the CSP43 or at the input of the shaper44 
through a transconductance circuit (Figure 6.14). Between these two solutions, the 
second is preferred because the transconductance can be seen as noise in parallel 
with the detector or the shaper input. In the second solution, the impact on the signal-
to-noise ratio is less important, as the pulse signal is already amplified by the CSP. 
The feedback approach requires only low-frequency components, which minimizes 
the power consumption of large systems and ensures a stable baseline to the timing 
comparator, which is required to trigger the time of occurrence in the next stage.
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FIGure 6.14 The baseline holder uses a feedback circuit.
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6.4.2.6 energy and timing Measurement
Energy measurement with PET electronics is usually carried out by sampling the 
pulse’s maximum amplitude as seen at the shaper’s output (Figure 6.15a). This 
method requires an analog-to-digital converter (ADC), which is usually unsuitable 
for large systems because it requires a large area and considerable power consump-
tion. A second method uses time-over-threshold (TOT), which is a measure of the 
pulse’s time spent over a fixed threshold.45 This ADC-free approach requires high-
resolution time-to-digital converters and a conversion table, because the measure-
ment is not linear.

Energy measurement performance is tied to the type of shaper used and to the noise 
present at the shaper-out’s sampling point, i.e., the maximum amplitude. Shapers 
may be of different type and order: CR-RCn, semi-Gaussian, bipolar, or monopo-
lar.9,46 Depending on the design objective, either bipolar or monopolar filters can be 
used. Bipolar filters offer the advantage of fluctuating around a stable DC level. In 
this case, the timing information is triggered at the crossing of the stable DC level 
(Figure 6.16a). However, the bipolar filter requires more time to return to a stable 
state compared to a monopolar filter,9 which may affect the scanner dead time.
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FIGure 6.16 Pulses with different shapes produced by (a) a bipolar shaper and (b) a 
monopolar shaper.
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Applying a simple threshold for timing extraction with monopolar filters is not 
desirable, as timing is affected by the signal’s energy (Figure 6.16b, different crossing 
points for two simultaneous events). Two main options are used to correct the energy 
variation with monopolar filters. The first one consists of measuring the energy with 
a TOT and then correcting the time of occurrence accordingly. This circuit requires 
the minimum electronics, as the same time-to-digital converter can be used for both 
the timing and the energy measurement. The second method relies on a constant-
fraction discriminator (CFD).9,47 A CFD generates a fraction of the shaper-out signal 
and subtracts it from a delayed version. The resulting bipolar signal crosses the DC 
level independently of the original signal’s amplitude. However, CFD delay lines are 
hard to implement on ASIC, and one CFD can serve only a few electronic channels 
without generating dead time in the scanner. For these reasons, CFDs are not used 
on scanners with complex electronics like APD-based systems.

6.5 MultIModAlIty

Up to now, PET/CT scanners have demonstrated their superiority in obtaining better 
diagnostics compared to single-modality scanners.48 For this reason, other multi-
modal scanners were proposed starting in 2000, where the PET scanner was coupled 
to a morphological scanner such as MRI or computed tomography (CT). The many 
combinations of PET, SPECT, DOT, MRI, and CT were explored, but PET/MRI 
and PET/CT scanners are the most widely used. PET/MRI is valued for its ability to 
image soft tissues (like the brain) and to minimize the X-ray dose injected into the 
subject, and PET/CT is preferred for high speed imaging, i.e., heart gating.

Designing and building a multimodal scanner is an order of magnitude more 
challenging than constructing monomodal scanners, as new requirements emerge 
from the new apparatus. For example, the PMT detectors commonly used in PET 
system cannot be used in PET/MRI systems, as they are large and contain mag-
netic materials. New detectors based on APD are being designed for this purpose. 
Another example can be found in PET/CT systems applied to molecular imaging. 
This field requires ultra-low-dose X-ray imaging to minimize interaction with the 
bioprocess under scrutiny. Conventional CT modality, based on the integration of 
the photon flux, induces a significant dose and must be rethought. In this case, 
the photon-counting approach of PET can be advantageously used to reduce the 
X-ray dose without compromise on the image contrast but with lower image reso-
lution compared to conventional CT. Photon-counting-based X-ray uses the same 
electronic chain to acquire both the PET photon (511 keV) and X-ray photon (30–
120 keV). These systems reach a high electronic complexity, which is inherent for 
detectors individually coupled to an electronic chain. The multimodality will now 
pave the way to the next generation of PET.

6.6 conclusIon

This chapter presented the challenges related to scanner design, including physical 
phenomena and detector selection, along with accompanying electronics. Choices 
made in the early stages of the design process greatly influence the final performance 
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of the scanner. Many trade-offs must be closely considered when matching the elec-
tronic front end with the detector, depending on its type and its features. These deci-
sions greatly influence the scanner architecture, functionality, and flexibility. Beyond 
front-end electronics, other questions remain. Should the electronic circuits include 
real-time computation or push the workload off-line? Is the scanner a portable or 
a fixed machine? How can calibration be automated for biasing, energy threshold 
adjustment, or estimation of random coincidence? These kinds of questions may 
inflate the complexity of the overall architecture. One must not forget that small-
animal scanners are built to help the scientific community in biology, genomics, and 
pharmacology to understand bioprocesses at the base of life. Operating a scanner is 
not a straightforward task, and everything must be done to simplify calibration and 
maintenance tasks for the end users. This is usually where the commercialization of 
such equipment succeeds or fails.

Designing a PET scanner requires the management of many trade-offs involving 
particle physics, nuclear medicine, electronics, as well as electrical engineering. The 
main challenge involves managing a multidisciplinary team, where the contribution 
of every member is of the utmost importance.
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7.1 MotIvAtIon

Nuclear medicine imaging systems, like positron emission tomography (PET) and 
single-photon-emission computed tomography (SPECT), rely on the use of scintilla-
tion detectors, which consist of inorganic scintillation crystals, and a photomultiplier 
tube (PMT). Visible light emitted by a scintillation crystal, due to its interaction with 
incident radiation, is converted into an electrical signal by a photocathode. This sig-
nal is then amplified by a strong electric field between the cascading electrodes of a 
PMT, which is the most common type of photodetector used in the high-energy phys-
ics and medical imaging fields, and has been for more than 70 years (Figure 7.1a). 
However, PMTs are expensive, because many of their mechanical components are 
handmade. Furthermore, in the case of combined MRI and PET or SPECT units, 
PMTs must be intensively shielded from magnetic fields.

The avalanche photodiode (APD) is a semiconductor that also provides signal 
amplification following the interaction between incident radiation and a scintillation 
crystal, though in this case the amplification is due to the a cascade of electron-hole 
pairs (Figure 7.1b). APD detectors have attracted the attentions of those developing 
fully integrated PET/MRI systems because they are insensitive to the magnetic fields 
generated by MR units, and because they are substantially smaller than PMTs, which 
is an important practical consideration. However, current APD-based PET/MRI sys-
tems are limited by a relatively low gain (ca. 1000), which requires the incorporation 
of a low-noise preamplification system, which increases PET detector volume and 
slow response time. Accordingly, much research effort has been directed at develop-
ing photodetectors with much higher gains and faster responses than those possible 
with current APDs.

The recently developed Geiger-mode APDs (G-APDs) are solid-state detectors 
with almost the same gain as PMTs (Figure 7.1c). G-APDs are composed of an array 
of micro APDs operated in Geiger mode at bias voltages above the breakdown volt-
age. Although individual Geiger-mode microcells do not provide a proportional out-
put, they do provide a signal proportional to the energy of incident radiation when 
configured in parallel. Furthermore, because G-APDs operate in Geiger mode rather 

(c)(b)(a)

FIGure 7.1 Photodetectors: (a) photomultiplier tube (PMT), (b) conventional avalanche 
photodiode (APD), and (c) Geiger-mode APD (G-APD) (© Hamamatsu Photonics. With 
permission.)
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than in proportional mode, they provide more gain than conventional APDs. They 
are also relatively compact and cheap. Therefore, G-APD technology is viewed 
favorably by those developing integrated PET/MRI and SPECT/MRI systems. In 
this chapter, we introduce the approaches used to develop G-APD PET detector sys-
tems for use in PET/MRI units, and we compare PMT and APD technologies.

7.2 IntroductIon to Pet/MrI

7.2.1 peT and peT/CT

7.2.1.1 Pet
Modern medical imaging methods can be categorized as anatomic or functional 
modalities. Anatomic modalities include those that image morphological abnormali-
ties, such as X-ray computed tomography (CT) and magnetic resonance imaging 
(MRI). On the other hand, functional modalities image physiologic, functional, 
or biochemical characteristics, such as cerebral blood flow, oxygen and glucose 
metabolism, and the binding of ligands to receptors. Nuclear medicine imaging (or 
radioisotope imaging) is currently the most widely used type of functional imaging 
technology. Furthermore, PET is the most advanced nuclear medicine imaging tech-
nology, and has many physical and biochemical advantages over other functional 
imaging modalities, such as planar scintigraphy and SPECT.

Prior to PET scans, a small amount of radioisotope or radio-pharmaceutical (a 
pharmaceutical bonded to a radioisotope) is usually injected into a vein. The injected 
radio-pharmaceutical (tracer) then targets and is localized at regions where the bio-
chemical process of interest is undertaken. At a set time after injecting the tracer, a 
PET scan is initiated, and emitted gamma rays are detected. The data so obtained is 
then processed to produce tracer distribution images.

The nuclei of the radioisotopes used for PET scans are intrinsically unstable, and 
they decay by simultaneously ejecting a positron (a positively charged antimatter 
equivalent of an electron) and neutrino to form a stable nucleus. Emitted positrons 
lose kinetic energy due to interactions with surrounding matter and come to rest 
within ≈10−9 s, whereupon they interact destructively with electrons in a high-energy 
process that results in mutual annihilation and the emission of two 511-keV gamma 
rays in opposing directions.

PET scanners detect these gamma ray pairs and provide spatial and temporal 
information on the distribution of the positron-emitting tracer. The most commonly 
used gamma ray detection device is the scintillation detector, in which pixelated 
scintillation crystals, such as BGO, LSO, or LYSO, are coupled with photodetec-
tors. To detect emitted gamma rays, these crystals have higher densities and con-
tain elements with higher atomic masses than the NaI(Tl) crystals used in gamma 
cameras. The electronic components in PET scanners analyze scintillation “events,” 
and determine whether gamma-ray pairs are detected simultaneously using a coin-
cidence circuit. This circuit rejects gamma ray pairs that are detected with a time 
interval longer than a certain threshold (the timing window), which is usually set 
from a few hundred picoseconds to several nanoseconds.
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7.2.1.2 Pet/ct
By combining PET with anatomical imaging modalities like CT or MRI, one can 
synergistically enhance the clinical information obtained; for example, accurate 
anatomic localizations, correlation studies, partial volume correction, and statistical 
reconstruction are possible. Before the development of integrated multimodal imag-
ing modalities, only software fusion was possible (e.g., Lee et al. 2005), and although 
software fusion technology is used in brain imaging research, its clinical usefulness 
is limited because it is time consuming and user unfriendly. More importantly, soft-
ware fusion technology is often less than satisfactory when applied extracranially 
because of movement artifacts during the time delays between scans using different 
modalities.

On the other hand, PET/CT units use an integrated hardware system in a single 
gantry (Beyer et al. 2000). Thus, PET and CT images are acquired sequentially, 
reconstructed, and finally superimposed to produce combined images that provide 
accurate anatomical information regarding abnormal lesions detected by PET. This 
is inherently limited in the stand-alone PET because it has low spatial resolution 
and signal-to-noise ratio, and thus insufficient anatomical information. In addition to 
providing anatomical information, CT also provides information on photon attenu-
ation, and the resulting CT-based attenuation correction reduces whole-body scan 
times by up to 40% and provides essentially noiseless attenuation correction factors 
(Townsend 2008).

Shortly after the introduction of the first commercial integrated PET/CT systems 
in 2000, they overtook stand-alone PET systems in terms of numbers sold.

7.2.2 mri

MRI is a truly amazing imaging technique that continues to defy the limitations 
placed on the spatial resolutions of conventional optical instruments by diffraction. 
If its spatial resolution were limited by diffraction, it would achieve resolution on 
the order of several meters, that is, at approximately the wavelength of the radiofre-
quency (RF) radiation used. MRI achieves its exquisite spatial resolution by locating 
the origins of RF waves to much smaller volumes than those allowed by RF wave-
lengths by using nuclear magnetic resonance.

Nuclei with a spin of ½, such as, 1H, 13C, and 19F, can adopt two energy states 
in a magnetic field, namely, a low-energy “spin-up” state and a high-energy “spin-
down” state; the populations of nuclei in these states can be determined using the 
Boltzmann relation. Furthermore, nuclei in the low-energy state are “flipped” to the 
higher-energy state by RF of energy equal to the difference between the energies of 
the spin-up and spin-down states, and nuclei that are flipped into the spin-down state 
subsequently return to the spin-up state by emitting an RF photon at a time deter-
mined by the surrounding material. Thus, MRI can better differentiate soft tissues 
than CT. Furthermore, in addition to the magnetic field and RF waves, the origins of 
RF waves are also located using a magnetic field gradient, which restricts the region 
of magnetic resonance. Thus, depending on how and when RF waves and gradient 
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fields are applied (commonly referred to as pulse sequences), MRI can produce quite 
different images of the same subject.

The excellent spatial resolution of MRI and its ability to differentiate soft tis-
sues and surrounding material have resulted in its preferred use for applications as 
diverse as disease diagnosis, cognitive brain functional investigations, and molecular 
imaging. Nevertheless, the sensitivity of MRI is five or six orders lower than that of 
PET, because differences between the fractions of nuclei in high- and lower-energy 
states are on the order of one per million, even at magnetic field strengths of several 
tesla. Research activities in the MRI area are focused on increasing sensitivity using 
high magnetic fields, reducing scan times, and broadening its field of application to 
molecular imaging by using nanoparticle-based contrast agents.

7.2.3 peT/mri

Although many of the benefits of PET/CT over stand-alone PET are well appre-
ciated, several limitations of PET/CT have also been identified. Physiological and 
voluntary motions of the body and organs that occur between CT and PET scans can 
cause artifacts in fused images due to the sequential scan protocols used; simultane-
ous acquisition is not allowed because the high flux of X-ray photons required for CT 
imaging can saturate PET scintillation detectors.

Higher levels of radiation exposure during PET/CT examinations as compared 
with stand-alone PET or CT are also problematic, although the currently performed 
PET/CT studies are justified on the basis of potential medical benefit. The additional 
radiation dose requirement imposed by CT can be reduced to under 5 mSv if low-
dose CT is performed for attenuation correction and anatomical localization only. 
Nevertheless, this amount of radiation is still of concern; for example, the current 
ICRP (International Commission on Radiological Protection) recommended limit 
for the general public is 1 mSv/year.

The soft tissue contrast provided by CT is considerably lower than that pro-
vided by MRI, and this higher contrast provided by MRI means better diagnostic 
accuracies, particularly in brain studies. Furthermore, it is useful for local tumor 
assessments and whole-body staging, where the higher soft tissue contrast of MRI 
is beneficial.

In principle, simultaneous PET and MR imaging is possible, because MRI uti-
lizes nonionizing RF waves, which do not affect PET scintillation crystals, and 
conversely, PET gamma rays are not detected by MRI receiver coils. Thus, simulta-
neous PET/MR imaging has several obvious advantages over PET/CT. In particular, 
correlative assessments of function and anatomy, and multidimensional evaluations 
of functional, biochemical, and molecular processes are likely to be possible using 
PET/MRI. The simultaneous assessment of metabolism or neuroreceptor/ligand 
interactions by PET and biochemical contents by MR spectroscopy (MRS) is an 
example, and comparative studies of cerebral blood flows determined by H2

15O PET 
and BOLD (blood-oxygen-level dependent) signals determined by functional MRI 
(fMRI) will undoubtedly provide valuable information on the physiological basis of 
cognition in the brain. Furthermore, dual-modality molecular imaging with several 
imaging probes introduces many other possibilities.
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Furthermore, because it requires less radiation exposure than PET/CT, PET/MR 
imaging would be particularly useful for pediatric studies and for treatment monitoring. 
Breast-specific PET/MRI is also a better proposition than PET/CT for diagnostic and 
screening purposes, because breast tissue is highly sensitive to penetrating radiation.

7.3 other Photodetectors used In Pet/MrI unIts

7.3.1 The phoTomulTiplier Tube

7.3.1.1 structure and Principles
From a technical perspective, scintillation detectors, which consist of inorganic scin-
tillation crystals and photodetectors, are of central importance to PET. Visible and 
ultraviolet (UV) photons emitted by these crystals should be converted into electri-
cal energy by low-noise, high-internal-gain photodetectors, which are necessary to 
reduce the complexity and cost of the electronic readout circuits. Currently, photo-
multiplier tubes (PMTs) are usually used as photoelectric converters in PET scanners. 
These units convert light energy into electron movement using a photocathode, and 
this electrical current is subsequently amplified by applying high voltages between a 
series of cascading dynodes.

The main advantage of PMTs is the high gain achieved (106–107), which enables 
the use of standard electronics for signal processing. PMTs also have excellent tim-
ing properties; the rise time of signal output range from 0.5 to 3 ns, and variances 
in electron transit times between the photocathode and anode can be reduced to less 
than 300 ps. PMTs are also relatively insensitive to temperature and operating volt-
age changes.

However, PMTs are expensive to manufacture, because mechanical components 
within PMT vacuum tubes are largely handmade. Furthermore, PMTs are highly sen-
sitive to magnetic fields, which is of obvious concern when one is considering PET/
MRI or combination techniques involving scintillation cameras and MRI. Essentially, 
Lorentz forces, generated by applied magnetic fields, deflect photoelectrons from their 
original trajectories and much reduce output signal strengths. The suitability of PMTs 
for use in PET/MRI applications is also limited by the space available within MRI 
scanners. For these reasons, the placement of PET detectors within the MR magnet is 
not a practical possibility, though several methods of reducing magnetic-field signal 
disruption and PET data-acquisition interference have been investigated.

7.3.1.2 Integration of separate scanners
A PET/MRI system with the current PET/CT configuration (sequential scans using 
a parallel machine arrangement) has been developed by Cho and colleagues at the 
Gachon Medical School, Korea (Cho et al. 2008). According to this approach, a 
Siemens HRRT PET (a brain-specific unit) and a 7.0-T MRI scanner are placed and 
operated independently in neighboring rooms. A mechanically precise table transfer 
system is used to shuttle patients between the units; the fronts of the two gantries 
face each other, and the table is rotated through 180° during transfer (Figure 7.2a). 
This design allows the two systems to be operated under optimal operating condi-
tions without electromagnetic interference. However, this required the installation of 
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≈500 tons of steel magnetic shielding to reduce the strength of the field produced by 
the nonself-shielded superconducting magnet of the 7.0-T MRI unit to achieve under 
0.5 gauss at the PET unit.

Philips Medical Systems adopted a similar design concept when it developed a 
clinical whole-body PET/MRI system. Time-of-flight (TOF) PET and 3.0-T MRI 
scanners, which are the most advanced systems among the clinically used equipment 
operated there, are combined (Schulz 2008) (Figure 7.2b). Because of the lower level 
of electromagnetic interference induced by the self-shielded 3.0-T MRI magnet and 
the use of additional shielding materials around individual PMTs and the PET gan-
try, these two scanners can be operated in one room, provided a minimum distance 
of ≈2.5 m is maintained between gantry surfaces. This system also uses a foot-to-foot 
arrangement and rotating bed, like the Gachon unit. Furthermore, because whole-

(a)

HRRT-PET 7.0T MRI

Magnetic Shield Magnetic Shield

(b)

FIGure 7.2 The integration of PMT-based PET and a high-field MRI scanner; (a) brain-
dedicated PET and 7.0T MRI scanners require neighboring rooms (Reprinted from Cho et al., 
2008. With permission.), whereas (b) time-of-flight PET and a self-shielded 3.0T MRI can be 
accommodated in the same room. (© Philips Medical System. With permission.)
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body imaging systems are integrated, this system can be applied in any clinical field, 
including oncology and cardiology.

A combination of whole-body PET/CT and 3.0-T MRI is also being undertaken 
at the Korea Institute of Radiological and Medical Sciences (KIRAMS). In contrast 
to the previously mentioned systems, the PET/CT and MRI scanners are located 
parallel to each other in adjoining rooms. This system is being developed to provide 
hybrid whole-body PET/MR or PET/CT/MR images clinically with high-accuracy 
image registration. The use of widely available whole-body PET/CT and MRI sys-
tems and minimal modification enables the lower cost development of hybrid whole-
body imaging systems, as compared with the systems mentioned previously. This 
development at KIRAMS also involves the development of data acquisition and pro-
cessing procedures required for fully integrated PET/MRI systems.

Currently, the shortcomings of these systems that receive the most attention are 
the longer acquisition time required and the lower patient throughputs associated 
with the use of separate scanners.

7.3.1.3 Approaches using optical Fibers
The use of long optical fibers to isolate PMTs from strong magnetic fields offers 
another approach to the design of PMT-based PET systems. According to this 
scheme, only scintillation crystals are located inside the MRI magnet, and scintilla-
tion light is transferred via optical fiber to PMTs located outside (Figure 7.3).

Shao et al. (1997) proposed this method and acquired PET/MR images with a 
prototype detector system using 4-m-long double-clad optical fibers connected to the 
sides of 2 × 2 × 10 mm3 LSO crystals in a crystal ring and the individual pixel of a 
multichannel PMT; PMTs and readout electronics were enclosed in a shielded box. 
Similarly, Marsden et al. (2002) improved PET detection sensitivity without degrad-
ing resolution uniformity by arranging LSO crystals, coupled to PMTs with optical 
fibers, in four concentric rings (Figure 7.3a).

Fiber

(a) (b)

PMTs

PMTs

FibersLSOGradient coil

PMT

RF coil
Shields

FIGure 7.3 Examples of PET/MRI designs using optical fibers between scintillation crys-
tals and PMTs: (a) light readout from the side of a crystal, (b) readout from the back surface of 
a crystal. (Reprinted from Marsden et al., 2002 and Lucas et al., 2006. With permission.)
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Using these approaches, only one imaging slice was possible because optical fibers 
were attached to the side surfaces of the crystals. To overcome this limitation, Yamamoto 
et al. (2005) proposed the use of a block detector that allowed the axial and radial inter-
action positions of scintillation crystals (slice location and depth-of-interaction [DOI] 
positions, respectively) to be measured for multislice imaging. In this approach, the 
light-sharing method devised for jPET at the National Institute of Radiological Science 
in Japan was applied (Orita et al. 2005). This method allows slice numbers to be further 
increased by combining the light-sharing method with other DOI measurement meth-
ods, such as that involving the stacking of multiple scintillation crystals with different 
decay times (Inadama et al. 2006; Hong et al. 2008a). However, the axial extent of this 
block detector is limited to a few centimeters because of increased light output nonuni-
formity due to the greater total lengths of the crystals used.

Researchers at West Virginia University and at the Thomas Jefferson National 
Accelerator Facility coupled 90 degree bending, 2.5-m-long optical-fiber bundles to 
the backs of crystals of dimension 5 × 5 × 1.5 cm3 in order to increase the number of 
slices and the axial field of view (Raylman et al. 2006). They used a flat-panel PMT 
less sensitive to magnetic fields due to its compact dynode structure, and also added 
a proximity electron-focusing scheme.

The advantage of the optical fiber approach is that it allows the use of proven, robust 
PMT-based scintillation detectors with minimal modification. However, it degrades 
energy, timing, and spatial resolutions due to light losses during optical transmission, 
which can reduce PET image quality because these performance reductions increase 
the rates of scattered, random, and mispositioned coincidences.

Thus, the minimization of light losses caused by the lengths of and bends in 
optical fibers is the most important outstanding technical issue in the optical fiber 
approach. One of the methods used to reduce fiber length involved the use of a split 
magnet (Lucas et al. 2006) (Figure 7.3b). Within the 80-mm gap between the actively 
shielded 1.0-T magnet structure, PET detector modules of a Siemens microPET Focus 
120 system (Kim et al. 2007) were inserted after design modification. The original 
10-cm-long optical bundle was replaced with a 120-cm bundle, and PMTs were then 
located outside the magnet, where the magnetic field strength was ≈30 mT. The use 
of this relatively shorter optical-fiber length, as compared to previous approaches, 
allowed better energy and timing resolutions (25% and 3.6 ns, respectively) to be 
obtained (Hawkes et al. 2008).

7.3.2 avalanChe phoTodiode

7.3.2.1 structure and Principles
Semiconductor photodetectors have several advantages over PMTs for PET/MRI use 
because they are not sensitive to magnetic fields, are compact, and have high quan-
tum efficiencies. PIN (p-i-n) diodes are rarely used in PET scintillation detectors 
because they do not have internal gain, whereas avalanche photodiodes (APDs) are 
similar to a typical PIN diode but have a more complicated internal structure, and 
they amplify scintillation signals by utilizing a cascade of electron-hole pairs that 
are created by photons impacting the p-layer of APDs. The free electrons generated 
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are accelerated by a high potential (100–200 V in silicon) and generate secondary 
electron-hole pairs, which generate an electron avalanche. Nevertheless, APDs only 
offer a gain of ≈103, which is much smaller than ≈106, the gain of PMTs, and thus 
APDs require low-noise amplifiers.

7.3.2.2 Array-type APds
Several groups, including the Technische Universität München, Sherbrooke University, 
and the Brookhaven National Laboratory, have devised small-animal PET imaging 
systems based on array-type APDs. APD arrays are suitable for small-animal PET 
systems that require fine spatial resolution because APDs can be coupled to indi-
vidual crystals. LabPET was the first APD-based PET scanner commercialized and 
was developed by the Sherbrooke University group and commercialized by Gamma 
Medica and General Electric.

The APD detector has also attracted interest as a means of developing PET/MRI 
systems, because it is compact and unaffected by magnetic fields (Figure 7.4). The 
sizes of PET systems used in PET/MRI units are important because magnet prices 
are highly dependent on magnet bore.

Pichler et al. (1997) showed that the LSO-APD detector is suitable for PET/MRI 
applications if bias voltage and temperature are stabilized, and they found that the 
gain and energy resolutions of their LSO-APD detector were unaffected by a 9.4-T 
magnetic field. In addition, the direction of the electrical field of p–n crossing of 
the APD relative to the magnetic field had no effect. An MR-compatible PET insert 
based on the LSO-APD detector was developed by this group for preclinical imaging 
using a 7.0-T MRI scanner (Pichler et al. 2006; Judenhofer et al. 2008). PET detector 
modules—consisting of a 12 × 12 crystal array, a 3 × 3 APD array, and preampli-
fier electronics—are enclosed in individual copper-shielding housings and inserted 
between the gradient and RF coils. Simultaneous PET/MR imaging was possible 

(a) (b)

PET brain insert MR tunnel

Patient bed

Head
coil

FIGure 7.4 APD-based PET inserts for simultaneous PET/MR imaging; (a) for small ani-
mal imaging and (b) for human brain imaging. (Reprinted from Woody et al., 2007 and 
Schlemmer et al., 2008. With permission.)
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using this system without significantly degrading the physical performance or image 
quality of either imaging modality.

Researchers at the Brookhaven National Laboratory also developed an APD PET 
insert based on the technology used for their RatCAP (Rat Conscious Animal PET) 
scanner (Woody et al. 2007) (Figure 7.4a). This system was originally designed for the 
simultaneous acquisition of the PET and MR images of small-animal brains, and is 
currently being extended to breast imaging applications (Ravindranath et al. 2008).

Siemens Medical Systems has also integrated APD detector technology with a 
clinical 3.0-T MRI unit to enable the simultaneous and isocentric PET/MR imaging 
of the human brain (Schlemmer et al. 2008) (Figure 7.4b, Figure 7.5), and is cur-
rently developing a whole-body PET/MRI system.

7.3.2.3 Position-sensitive APds
Position-sensitive APDs (PSAPDs) provide intrinsic position-sensing capability, 
which enables the number of output channels to be significantly reduced without 
additional signal multiplexing. The PSAPDs manufactured by Radiation Monitoring 
Devices, Inc., collect signals from four contacts placed at the corners of the resistive 
layer of a high-gain planar APD to compute event positions in coupled scintillation 
crystals (Shah et al. 2002).

This PSAPD has been used in an MR-compatible PET insert developed by the 
University of California at Davis group for small-animal imaging (Catana et al. 2006). 
Two major technologies (optical fiber readout and semiconductor detectors), which are 
being investigated for simultaneous PET/MR imaging, were also incorporated into 
this development. The LSO crystal array used was coupled using short, bent optical 
fiber bundles to a PSPAD, which was placed outside the RF coil and copper shielded 
with other electronics. The feasibility of the LSO-PSAPD detector for small-animal 
imaging was demonstrated using a 7.0-T magnet. Although pincushion distortion was 
encountered due to the four-corner readout system, crystal identification was possible 
in the flood histogram, and energy resolution was acceptable. However, significant 
variations in timing resolution across the PSAPD surface required the use of a wide 

MRI PET PET/MRI

FIGure 7.5 Human brain images acquired simultaneously using APD-based PET inserts. 
(Reprinted from Schlemmer et al., 2008. With permission.)
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coincidence-timing window (40 ns). Improvements in these shortcomings are required 
before this detector module is suitable for human imaging studies.

7.4 GeIGer-Mode APd

7.4.1 sTruCTure and prinCiples

Since the original Russian development of Geiger-mode APDs (G-APDs) in the 
1980s, several institutions and commercial organizations have been working on dif-
ferent designs (Golovin and Saveliev 2004; Saveliev 2004; Yamamoto et al. 2007; 
Moser et al. 2007). G-APD microcells basically consist of a p–n junction, which 
is used to generate electron-hole pairs, and a quenching resistor to control the ava-
lanche process. Different G-APD designs differ with respect to p–n junction disposi-
tion and the control of avalanche quenching. Figure 7.6 illustrates a cross-sectional 
view of a G-APD microcell in which the Geiger junction is isolated from the p-sub-
strate (Stapels et al. 2006). This substrate prevents breakdown at the edge of the 
30-μm-diameter photodiode pixel used when it is operated in Geiger mode. If the 
self-propagating avalanche is unchecked, it causes the diode to conduct too much 
current. On the other hand, if a circuit element detects the presence of an avalanche 
current and drops the bias below the critical bias voltage, the self-propagating ava-
lanche is quenched. Subsequently, the bias can be increased to above the threshold to 
await the arrival of another single-photoelectron event, thereby resetting the G-APD 
pixel (Stapels et al. 2006).

G-APDs have 500–4000 microcells/mm2 connected in parallel, which produce 
one common output signal, and although individual Geiger-mode microcells do not 
provide proportional output when combined in this way, they do provide a signal that 
is proportional to the energy of incident radiation.

7.4.2 basiC CharaCTerisTiCs oF g-apds

Because of the different requirements of the various G-APD applications—for 
example, as calorimeters in high-energy physics experiments and as Cherenkov 
detectors in astrophysics—we present the characteristics required for G-APDs for 
PET applications only. Information on other important characteristics, such as radia-

p-substrate

p-tubp-tub

n+n+

Metal ring

p+ p+p+ anode

30 µm

Deep n-tub

FIGure 7.6 A cross-sectional view of G-APD. (Reprinted from Stapels et al., 2006. With 
permission.)
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tion hardness, optical cross talk, and dark counts, can be found in an excellent review 
by Renker and Lorenz (2009).

7.4.2.1 bias voltage and Gain
Because G-APDs operate in the Geiger region and use bias voltages above the break-
down voltage to achieve high gain, gain sensitively depends on bias voltage, and 
thus even a small dependency of bias voltage on temperature can be problematic. 
For example, the gains of the Hamamatsu G-APD (MPPC: multipixel photon coun-
ter) exponentially vary from ≈10%/0.1 V for the S10362-11-050U/C and ≈30%/0.1 V 
for the S10362-11-100U/C (Figure 7.7). Typical gains are 5 × 105 at 70.1 V for the 
S10362-11-050U/C and 2 × 106 at 70.1 V for the S10362-11-100U/C, and bias volt-
age changes by about 1 V for both when the temperature is increased from 20°C 
to 30°C (Yamamoto et al. 2007). Similar dependencies of gain on bias voltage and 
on temperature have been reported for other G-APD devices (Musienko, Reucroft, 
and Swain 2007; Ramilli 2008). The combined effect of sensitivity and temperature 
dependency could seriously destabilize the G-APD PET system. Furthermore, the 
gain change due to a fractional bias change is about 10 times larger for a G-APD than 
for a PMT, based on a rate of 50%/50 V at about 950 V for the Hamamatsu H9500 
flat-panel PMT.

In addition, the optimal bias voltages of G-APDs vary considerably. To achieve 
high spatial resolutions and optimize manufacturing cost, most PET systems use 
Anger type or charge division electronics that allow the use of smaller crystals than 
G-APDs. In this configuration, events from a number of crystals are read by mul-
tiple G-APDs, and crystals struck by gamma photons are identified using the output 
signals of G-APDs. Therefore, minimal variation in G-APD output is required to 
identify crystals clearly and to allow the rejection of random events and noise.

As mentioned previously, sensitivity to bias voltage and variations in optimal 
bias voltage are likely to limit the usefulness of the G-APD PET system, unless the 
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bias voltage to each G-APD can be controlled precisely and dynamically (due to the 
dependence of optimal bias on temperature).

The latest MPPC S10985-050C contains 2 × 2 sensitive cells of 3.0 × 3.0 mm2/ cell. 
However, our tests show that four cells cannot be biased using a single voltage source 
because of large variations in the photopeaks of 511-keV gamma rays.

7.4.2.2 energy and timing resolutions
Since G-APDs consist of a few hundred to a few thousand microcells that all oper-
ate in the Geiger region, measured energy is proportional to the number of scintil-
lation events. If the number of events is excessive, several photons are likely to 
enter individual microcells, which would cause a loss of proportionality between 
the output signal and radiation energy. Therefore, manufacturers recommend that 
G-APDs be operated such that fewer than 60% of microcells fire simultaneously. 
However, because most of the G-APDs used for PET have many microcells, these 
G-APDs are unlikely to be saturated by 511-keV photons. It is also worth noting 
that G-APDs and PMTs coupled to same scintillation crystals have similar energy 
resolutions of 10%–20%.

One of the advantages of G-APD over APD is that its response time is shorter 
(<1 ns versus a few nanoseconds), which results in excellent time resolution when 
coupled with fast crystals. In fact, several groups have reported subnanosecond reso-
lutions (Yamamoto et al. 2007; Schaart et al. 2009). However, the large capacitances 
of MPPCs result in slow pulses that require a low trigger threshold to achieve good 
time resolution (Kim, Wang, and Dolinsky 2008; Nassalski et al. 2008).

7.4.3 mr CompaTibiliTy

G-APDs are intrinsically as compatible with MRI units as APDs are. The p–n junction 
of a G-APD where an avalanche occurs is very narrow (less than 10 μm), and the elec-
trons and holes produced by events are subjected to electric fields of >100,000 V/ cm 
and move only short distances between the two electrodes. On the other hand, tak-
ing the Hamamatsu flat-panel H9500 PMT as a typical example, electron transition 
lengths are on the order of a few centimeters, and electrons in PMTs are subject to elec-
tric fields of only ≈1000 V/cm. For this reason, the electrons and holes generated within 
a G-APD are unaffected by the magnetic and RF fields generated by MR units.

7.5 Mr-coMPAtIble G-APd Pet detectors

7.5.1 approaChes used aT seoul naTional universiTy

A team from Seoul National University (SNU), composed of biomedical engineers 
and nuclear medicine and MR physicists, has studied MRSs (metal resistor semi-
conductors), SSPMs (solid-state photomultipliers), and MPPCs since 2006. Because 
the quantum efficiency of MRSs produced in 2006 was poor for blue light, signal 
amplitudes were low and energy resolutions were poor. SSPMs with much higher 
quantum efficiencies and blue sensitivities were studied during early 2007 (Lee et 
al. 2007) and, due to their excellent energy and time resolutions, were subsequently 
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investigated in terms of MR compatibility. Two SSPMs coupled with LYSO crystals 
irradiated with a 22Na radiation source were positioned inside a 3.0-T MRI, and the 
coincident signals from two SSPMs were read out using VME and NIM modules 
while the MRI unit was scanning a phantom using gradient and spin-echo pulse 
sequences. The excellent energy and coincident time resolutions obtained were found 
to be unaffected by these MRI sequences, which verified that SSPMs are unaffected 
by RF pulses (Hong et al. 2008b).

Conductive materials block magnetic and RF fields, but on the other hand, RF 
waves induce electric currents inside conductive materials, and these currents pro-
duce noise in PET images. Shielding materials of thickness ≈0.1 mm induced huge 
noises during RF sequences and increased event counts substantially despite the 
setting of trigger thresholds at levels high enough to capture only the photoelectric 
events due to 511-keV photons. Figure 7.8 shows that RF-induced events in PET 
electronics match one 90 degree RF pulse and sixteen 180 degree RF pulses during 
T2 turbo RF sequences (Lee et al. 2008). Even though it may be possible to exclude 
these unwanted events by overriding the false trigger during RF application, this 
would be undesirable because of the dead-time loss caused in the front-end elec-
tronics of PET detectors. Thus, because induced currents in shielding materials are 
proportional to shield areas and thicknesses, a modularized PET system that requires 
only thin shielding material for RF protection is preferable.

As mentioned previously, because of sensitivity to bias voltage and temperature, 
bias voltages supplied to G-APDs must be precisely and individually controlled 
when G-APD systems use Anger type or charge division electronics to achieve spa-
tial resolutions that exceed G-APD pixel dimensions (Figure 7.9). The SSPM block 
shown in Figure 7.9 consists of 4 SSPMs, 16 LGSO 1.5 × 1.5 × 7.0 mm3 crystals, 
and a quartz crystal layer of thickness 3.0 mm. Each SSPM has a packaging area 
of 4.0 × 4.0 mm2 and a sensor area of 2.1 × 2.1 mm2. At SNU, we have tested more 
than 100 SSPMs and encountered high sensitivities to bias voltage and large optimal 
bias-voltage variations. A digitally controlled bias-voltage supply system that also 

16 180 deg pulses

1 90 deg pulses

RF-induced events

149 ms 

Overflow band

355 ms

149 ms

FIGure 7.8 RF-induced events matched with pulse sequences during a T2 turbo pulse 
sequence.
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monitors temperature is currently being developed for the precise and individual 
control of bias voltages (Kwon et al. 2009).

Figure 7.10 illustrates a G-APD PET system being developed at SNU with a mod-
ular structure that was adopted to reduce RF-induced currents and to allow digital 
control of bias-voltage supply.

7.5.2 ToF peT/mri

The fast response time of G-APDs is an attractive characteristic, and this has 
been adopted as a research topic for the development of advanced PET devices 
(Figure 7.11). Time-of-flight (TOF), defined as the difference between the arrival 

LGSO array

3 mm thick quartz
for optical sharing  

2×2 SSPM array 

FIGure 7.9 SSPM and crystal array to obtain a finer spatial resolution than SSPM dimen-
sion. Each SSPM has a packaging area of 4.0 × 4.0 mm2 and a sensor area of 2.1 × 2.1 mm2.

SSPM+LGSO

Position decoding circuit 

Preamp.

FIGure 7.10 A schematic of a modularized G-APD PET system being developed at Seoul 
National University.



Geiger-Mode Avalanche Photodiodes for PET/MRI 195

times of two gamma rays at a detector, is useful for reducing noise far from the anni-
hilation point in reconstructed images. Furthermore, due to the lower noise levels 
of TOF PET images, radio-pharmaceutical injection doses and scan times can be 
reduced. The Philips Gemini-TruFlight unit is the most popular commercial TOF 
PET based on fast PMT and has a timing resolution of ≈600 ps (Surti et al. 2007). 
The Philips company is also leading a European consortium (http://www.hybrid-pet-
mr.eu) to develop a whole-body PET/MRI system with TOF capability by utilizing 
G-APDs as fast photodetectors. The SiPM-based G-APD from FBK-irst (Trento, 
Italy)—optimized for fast response, photon detection efficiency (PDE), and packag-
ing—is also being used in this development.
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MPPC pairs are shown as functions of bias voltage and trigger level. (Reprinted from Kim et 
al., 2008.With permission.)
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A highly integrated low-power-readout ASIC (application-specific integrated 
circuit) is also being investigated to analyze signals from individual SiPMs. The 
most recent version is a 40-channel time and energy readout ASIC designed in a 
0.18-μm CMOS (complementary metal oxide semiconductor) process; this ASIC 
yielded intrinsic coincidence-timing resolutions of 54-ps FWHM (full width at half 
maximum) for two channels on chip and 69-ps FWHM between chips (Ritzert et 
al. 2008). Using this ASIC, an energy resolution of 16.1% for 511-keV photons was 
measured using LYSO crystals and a 3 × 3 mm2 FBK-irst SiPM.

Several other groups are also investigating the feasibility of G-APD for TOF 
measurements and have reported timing resolutions similar to or better than PMT-
based measurements (Kim, Wang, and Dolinsky 2008; Vinke et al. 2009; Llosa et al. 
2007). However, because coincidence-timing resolution is dependent on bias voltage 
and temperature, control of these parameters is critical to achieve adequate G-APD 
timing properties. In addition, the slower increases of G-APD output pulses versus 
PMT (due to the slow recovery of microcells caused by passive quenching resistance) 
require low trigger levels for timing pickup to obtain optimal timing resolution, and 
these low trigger levels make the detector sensitive to noise and dark counts (Kim, 
Wang, and Dolinsky 2008).

7.5.3 doi peT/mri

Fine spatial resolution is essential for small-animal imaging during preclinical 
research. This improved spatial resolution is also valuable during clinical studies 
because lesion detectability is enhanced. PET spatial resolution can be improved 
by reducing the data sampling distance with a scintillation crystal element that has 
a smaller surface area and by minimizing the effect of noncollinear gamma ray 
annihilation by reducing the crystal ring diameter as much as possible. On the other 
hand, the length of crystal elements should not be much reduced to maintain the 
detection efficiency for gamma rays.

The cost of the spatial resolution and sensitivity improvements achieved by adopt-
ing such configurations is the rapid degradation of spatial resolution in the peripheral 
region of the field of view. In this region, gamma rays that obliquely enter the detec-
tor ring can pass over several detector elements without interacting, and are finally 
detected by elements that do not correspond with the original incidence position. 
This positioning error (parallax error) is of importance during PET/MRI develop-
ment because PET inserts integrated into an existing MRI system for imaging small 
animals or peripheral organs have small ring diameters. In fact, they are usually 
smaller than the previous stand-alone PET scanners used for the same purposes 
because of space limitations imposed by the MR magnet and coils on the size of the 
PET detector ring.

Several suggestions have been made concerning the measurement of depth of 
interaction (DOI) in crystals as a means of correcting PET parallax error, and these 
are summarized in a review by Lewellen (2008). The compact size of semiconductor 
detectors is useful for acquiring DOI information in some schemes. A DOI detector 
design in which multiple layers of a monolithic crystal (a continuous crystal slab) 
and a G-APD array are stacked to give intrinsic DOI information has been suggested 
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(Herbert et al. 2007) (Figure 7.12a). Furthermore, it has also been shown that DOI 
encoding by measuring light output from both ends of a crystal using a G-APD 
pair and calculating the ratios of these signals is possible (Shao, Li, and Gao 2007) 
(Figure 7.12b). DOI resolution measured using this method and a 1.8 × 2 × 20 mm3 
LSO crystal and SSPM pair (sensitive area = 1 × 1 mm2, peak wavelength = 40 nm, 
PDE = 20%) was 4.5 mm. The University of Washington group used a different 
light-sharing scheme with a G-APD pair (Lewellen et al. 2007). According to this 
system, light sharing between two adjacent crystal elements is tailored using a tri-
angular light reflector, as shown in Figure 7.12c, and DOI dependence on the ratio 
of light outputs from crystal ends is used to estimate the DOI position. The obvious 
advantage of this method over the dual-ended readout scheme is that the number of 
photodetectors and readout channels can be halved.

7.6 conclusIon

The development of combined PET/CT has been achieved more by determination 
than technology, because both PET and CT technologies were mature, and no new 
technological breakthrough was required to combine the two. However, combined 
PET/MRI, especially with simultaneous imaging capability, appears to have followed 
quite a different developmental path. In particular, an MRI-compatible PET system 
has proven to be a difficult technical target, because the PMTs of PET units are 
extremely vulnerable to the magnetic fields generated by MRI systems. Moreover, 
the optical-fiber-based systems used to transfer scintillation light to a PMT positioned 
outside the magnetic field are costly in terms of the PET energy and time resolutions. 
However, solid-state devices, which are insensitive to magnetic and radiofrequency 
fields, have been developed, and these have presented new possibilities of combin-
ing PET and MRI. Furthermore, highly successful combined PET/MRI units with 
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FIGure 7.12 Schemes of depth-of-interaction (DOI) measurements using a G-APD: (a) 
stacking multiple layers of scintillation crystal and G-APD array coupling, (b) dual-ended 
readout scheme, and (c) single-ended readout scheme with light spread tailoring. (Reprinted 
from Herbert et al., 2007 and Champley et al., 2008 .With permission.)
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excellent energy resolution have been constructed using APD units. In particular, 
the most recent development, G-APD, may allow the construction of combined PET/
MRI with excellent timing and energy resolutions with TOF capability. However, in 
view of the fact that solid-state APD and G-APD devices remain inferior to PMT 
units, particularly in terms of stability and cost, combined PMT-PET/MRI based on 
some form of innovative arrangement of essentially separate units is likely to play an 
important practical role until a truly economic, solid-state PET/MRI is devised.
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8 Current-Mode Front-
End Electronics for 
Silicon Photomultipliers

Francesco Corsi, Cristoforo Marzocca, 
and Maurizio Foresta

8.1 FroM APd to siPM

When using solid-state photodetectors in low-light measurements, the lowest detec-
tion limit is usually imposed by the noise associated with the front-end circuit. For 
example, typical p–i–n (PIN) silicon photodiodes exhibit very low noise levels related 
essentially to the fluctuations in the leakage current of the reverse-biased p–n junction 
and generally referred to as parallel noise. In this case, the front-end noise, which con-
tains essentially thermal and flicker contributions, is predominant, especially for large 
values of the detector capacitance. A great deal of care must be devoted to the design 
of the charge-sensitive preamplifier (CSA) and the shaping filter to achieve the desired 
performance in terms of energy resolution of the whole detection system [1, 2].

For this reason, in most low-light or even single-photon detection applications, 
devices with a degree of internal gain capability are usually preferred, since they 
allow for the release of front-end noise constraints.

Nowadays, vacuum photomultiplier tubes (PMT) are used in several applications 
in the fields of high-energy physics, medical imaging, and astronomy, where the 
incident flux of light is very low. PMTs are characterized by large gain and good 
timing accuracy, but they are bulky and fragile devices and require very high supply 
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voltages in the range of kilovolts (kV). Moreover, they are very sensitive to magnetic 
fields and their cost is high, especially when good performance is required. Much 
effort has been devoted in the past to find effective solid-state alternatives to PMTs, 
and essentially up to now the avalanche phenomenon has been exploited as the multi-
plication mechanism used to increase the intrinsic gain of semiconductor detectors.

From this perspective, avalanche photodiodes (APDs) have been successfully 
employed with gain factors on the order of 102, thus allowing for good energy resolu-
tion at low radiation energy. The structure and the operation principle of an APD are 
illustrated in Figure 8.1. In the proportional mode of operation, at a given reverse-bias 
voltage below the breakdown threshold, each incident photon absorbed in the deple-
tion region creates free carriers that drift toward a region where the electric field is 
very high, thanks to a suitable doping profile. Here, the carriers (generally electrons, 
since they have a greater ionization coefficient than holes) acquire sufficient kinetic 
energy to produce more electron-hole pairs as a result of impact ionization; thus, the 
carrier multiplication factor M and an intrinsic gain are obtained.

An optimal value for M can be found by considering that the rms value of the 
shot noise associated with the detector leakage is proportional to the multiplication 
factor M, whereas the thermal noise of the front-end electronics is independent of 
M. As a consequence, for low values of factor M, the thermal noise is dominant, as 
occurs in PIN detectors, whereas for high values of the same factor, the shot noise 
prevails and the signal-to-noise ratio degrades. A maximum signal-to-noise ratio is 
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thus found where the contributions from the shot noise and the thermal noise are 
equal, corresponding to the value of Mopt [3]. Typically, Mopt is found in the range 
between 10 and 100.

The device bias must be applied well below the breakdown voltage to avoid an 
increase in the ionization rate for holes, which would lead to a positive feedback 
effect and sustained avalanche, i.e., breakdown [4]. Since the ionization coefficient is 
strongly dependent on the electric field in the avalanche region, the gain is extremely 
sensitive to variations of the applied bias. Furthermore, the avalanche process is 
affected by the temperature, and therefore the intrinsic gain of the detector exhibits 
remarkable variations if the temperature is not accurately controlled. Finally, excess 
noise is introduced by the statistical nature of the avalanche process, also associ-
ated with the previously mentioned positive feedback due to holes [5, 6]. As a con-
sequence, APDs operated in proportional mode are not suitable for single-photon 
detection and need accurate control of both temperature and bias voltage.

Single-photon detection can be achieved by operating an avalanche photodiode in 
Geiger mode. Let us consider that the APD is biased at Vbias, above the breakdown 
voltage Vbr, for instance by means of a voltage source and a series resistor Rq. In this 
case, a large number of carriers is produced by impact ionization, and if the genera-
tion rate is higher than the extraction rate of the carriers, the electric field inside the 
depletion region is influenced by the growth of the population of electrons and holes 
and starts to decrease. The generation rate also decreases until a balanced situation is 
reached and a steady-state current flows in the APD, corresponding to a certain volt-
age drop on the series resistor. In this case, the voltage upon the APD is very close to 
the breakdown, and the detector operates in a similar way to a zener diode, usually 
employed for voltage regulation purposes.

If the series resistor is increased, the steady-state current decreases and can 
become lower than the minimum value needed for a self-sustained avalanche, cor-
responding to several tens of microamperes (µA) [7, 8]. In this case, the avalanche 
is extinguished, or “quenched,” and the current that flows in the series resistor is 
(Vbias − Vbr)/ Rq, since, at the moment of quenching, the voltage across the photodiode 
is very close to the breakdown voltage. This current flows in the photodiode capaci-
tance Cd and restores the initial charge and field distributions in the photodiode. 
In this “recovery” phase, characterized by the time constant τq = RqCd, the voltage 
across the photodiode increases from the breakdown Vbr to the supply voltage Vbias. 
Thus, the total charge extracted from the detector corresponding to an avalanche 
process is

 Q = Cd(Vbias − Vbr) (8.1)

When a photoelectron generated by an external photon absorbed in the low-field 
depletion region reaches the high-field region, an avalanche is triggered. This is almost 
immediately self-quenched and followed by the recovery phase, according to the 
mechanism described previously. The resulting collected charge, Q, is independent of 
the number and the energy of the incident photons and linearly related to the so-called 
overvoltage, ∆V = Vbias − Vbr . Typical gains are in the range of 105–106, and therefore 
the thermal noise of the front-end electronics does not play a relevant role. Geiger-
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mode-operated APDs are thus sensitive to single photons and are often referred to 
as SPADs (single-photon avalanche detectors). Unlike PMTs, they are insensitive to 
magnetic fields, have low bias voltage, and are compact and inexpensive. Moreover, 
Geiger-mode operation ensures greater stability against variations of bias voltage and 
temperature when compared to the proportional mode. As a consequence of the very 
short time constants associated with the avalanche process, excellent timing accuracy 
is obtained with SPAD detectors; single photoelectron timing resolutions in the range 
of 50 ps FWHM (full width at half maximum) can easily be achieved [9].

In the Geiger-mode APD described, the quenching of the avalanche process and 
the subsequent recovery are caused by the presence of the series resistor Rq. This 
simple approach is referred to as passive quenching, as opposed to the so-called 
active quenching, where the avalanche is turned off very quickly and the photodiode 
is brought back to initial conditions by means of an active circuit that senses the ris-
ing edge of the current pulse produced by the detector. The reduction of the recovery 
phase allows for a complete exploitation of the timing characteristics of the Geiger-
mode APD [7].

The main source of noise in this kind of detector is due to Geiger discharges 
caused by carriers thermally generated in sensitive volume. The resulting “dark rate” 
is typically in the range of megahertz per square millimeter (MHz/mm2) and, of 
course, decreases with the temperature. Another relevant source of error is due to 
carriers captured by deep levels in the depletion region during an avalanche and then 
released during the recovery phase. These carriers can retrigger an avalanche before 
the completion of the recovery phase, thus causing a further Geiger discharge with a 
total delivered charge lower than Q, since the discharge starts from an initial voltage 
lower than Vbias. This phenomenon, known as after-pulsing, produces current pulses 
of smaller amplitude following the main Geiger discharge and represents a source of 
error in the total amount of charge associated with a single photon detection.

Since the charge associated with the Geiger discharge is independent of the number 
of incident photons, a single Geiger-mode APD cannot provide information about this 
number. If several APDs operated in Geiger mode—realized on the same substrate 
and individually quenched by a series resistor—are connected in parallel, the total 
charge provided by the resulting device (called a silicon photomultiplier, SiPM, or a 
multipixel photon counter, MPPC) is proportional to the number of incident photons, 
provided that the probability that more than one photon hits each single photodiode is 
negligible [10–12]. Figure 8.2 shows the structure of a SiPM, which benefits from all 
the advantages of the SPAD in terms of gain, speed, compactness, and robustness, but 
also shows the same drawbacks, such as after-pulsing and dark rate.

The probability that a photon incident upon the surface of the detector will produce 
a detection event is a very important performance parameter of the SiPM, known as 
photon detection efficiency (PDE). The total PDE of the SiPM is the product of three 
contributions. The first is the area fill factor, i.e., the ratio between the sensitive area 
and the total area of the array: The main causes that limit the fill-area factor are the 
quenching resistor associated with each photodiode in the elementary microcell, the 
metal grid used to distribute the bias voltage all around the surface of the detector, 
and the dead space between the microcells. The second factor is the quantum effi-
ciency, defined as the probability that an incident photon is absorbed in the depletion 



Current-Mode Front-End Electronics for Silicon Photomultipliers 205

region of the microcell. Finally, there is the probability that a photoelectron (or hole) 
may start an avalanche process that is not prematurely extinguished. Measured val-
ues of the PDE can reach more than 30% for green light [12] and are typically less 
than 20% for blue light [11].

Another important effect that limits the accuracy and the resolution of an SiPM is 
optical cross talk: an avalanche process taking place in a microcell generates photons 
with sufficient energy to create electron-hole pairs in the depletion region of another 
microcell. Thus, the Geiger discharge of a microcell can trigger an avalanche in 
another microcell. This phenomenon can be effectively limited by adopting suitable 
technological solutions, such as optical isolation structures around the single micro-
cell. Unfortunately, these structures occupy part of the total area of the detector and, 
as a consequence, have a negative influence on the total PDE of the detector.

Due to their excellent characteristics in terms of quantum efficiency, high gain, 
low bias voltage, insensitivity to magnetic fields, and timing performance, potential 
applications of SiPM detectors span from high-energy physics (for instance, electro-
magnetic calorimeters) to medical imaging (positron-emission tomography [PET], 
time-of-flight PET, PET/MRI [magnetic resonance imaging] systems) as well as 
biological applications, such as cell imaging and biodiagnostic equipment, and in 
astronomy (single photon counting for telescopes).

8.2 the Model

In order to fully exploit the excellent gain and timing characteristics of the SiPM, 
specific front-end electronic support is needed, featuring both large bandwidth and 
wide dynamic range, whereas in most applications noise does not represent a major 
concern, due to the large gain of the detector.

Different architectures have been adopted to read out SiPM detectors in single-
channel applications, ranging from voltage amplifiers (VAs) to transimpedance 
amplifiers (TIAs) to charge-sensitive amplifiers (CSAs), very often exploiting circuit 
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solutions used for PMTs. In many recently developed applications that employ large 
arrays of SiPM channels, compactness and reliability needs require integrated solu-
tions for the front-end electronics.

Once the most suitable front-end (FE) architecture has been chosen for the spe-
cific application, design optimization is carried out by means of circuit simulations. 
For this purpose, in-depth knowledge of the behavior of the detector as a signal 
source and the availability of an accurate electrical model of the SiPM are of par-
ticular importance. Reliable circuit-level simulations of the detector coupled to the 
front-end electronics can be performed so that the main characteristics of the wave-
form of the achieved signals can be conveniently related to both SiPM parameters 
and front-end characteristics. The accuracy of the simulations clearly depends on 
the choice of the model parameters, which must be selected following an effective 
characterization procedure based on measurements from the real device.

A circuit model of the device that appears to be appropriate for most applications 
is shown in Figure 8.3, with N representing the total number of microcells [13, 14].

This model highlights the main circuit parameters of the SiPM and, together 
with the corresponding parameters of the front-end (FE) electronics, allows for the 
description of the dynamic behavior of the SiPM+FE system. It is derived from the 
model of the SPAD but also includes the effects of the nonfired microcells and other 
parasitic effects. The model of the single microcell, apart from the diode capacitance 
Cd and the quenching resistor Rq, also contains Cq, a small parasitic capacitor paral-
lel to Rq, which works as a fast path for the charge delivered during the avalanche 
[7]. As a result, Equation (8.1) should be slightly modified, to take into account the 
contribution of Cq

 Q = (Cd + Cq)∆V (8.2)

Because a large metal routing, which spans the entire detector surface, is used to 
connect the microcells in parallel, a further parasitic capacitance, Cg, has been intro-
duced in the model between the terminals of the device. For instance, if an SiPM of 
1-mm2 area is considered, and assuming that the metal routing grid covers 35% of 
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the total surface, a value of about 11 pF can be estimated for Cg, considering only the 
contribution due to a typical metal-to-substrate capacitance per unit area of 0.03 fF/
µm2 while neglecting additional contributions such as those of the fringe capacitance 
of the metal lines, the bonding pad, etc.

Finally, the source IAV models the current pulse associated with the avalanche 
breakdown. A precise evaluation of the detection system timing performance would 
require an exact knowledge of the avalanche buildup to model the rise time of cur-
rent pulse IAV accurately. On the other hand, the superposition of the elementary cur-
rent pulses produced by each individually fired microcell allows us to evaluate the 
peak amplitude of the resulting waveform and hence of the dynamic range required 
by the FE. For instance, when the SiPM is coupled to a scintillation crystal, the out-
put waveform becomes a result of the convolution between the elementary current 
pulses produced by the microcells and the scintillator decay law. However, in the 
vast majority of applications, the time constants introduced by the external circuit 
are much slower than those associated with the avalanche phenomenon, and so it is 
sufficient to model the elementary current pulse IAV as a simple Dirac pulse.

As far as the parameter extraction procedure is concerned, the first step is to mea-
sure the quenching resistor Rq. This can be carried out easily by biasing the SiPM so 
that the diodes composing the detector operate in the forward region. In this way, all 
the variations of the bias voltage on the detector are absorbed by the quenching resis-
tors, since the voltage drop on the forward-biased diodes exhibits only negligible 
variations. As a consequence, the 1/Rqtot slope of the forward I-V static characteristic 
of the device directly provides the value of Rq = NRqtot. Figure 8.4 shows such a char-
acteristic for an SiPM manufactured by FBK-Irst. The linear fit of the curve is also 
shown, indicating that the nonlinear contribution of the diodes to the voltage drop 
is definitely negligible. From this curve, a slope of about 1.6 mS has been extracted, 
which results in a value of about 393 kΩ for Rq, where N = 625.
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Equation (8.2) can be used to extract the value of both the sum Cd + Cq and the 
breakdown voltage Vbr. The charge delivered by a microcell after a Geiger discharge 
can be measured easily by considering single dark-count pulses read out by means of 
a simple front-end channel with known gain. For instance, the current delivered by the 
SiPM can be converted into a voltage by means of a linear resistor, and this voltage 
is amplified by a voltage amplifier, assembled with discrete components. Notice that 
the bandwidth of the amplifier does not affect the integral of the output voltage pulse; 
therefore, an accurate charge measurement can be carried out. This charge measure-
ment is performed at different bias voltages Vbias applied to the SiPM. According to 
Equation (8.2), the slope of the curve obtained relating Q to Vbias provides the total 
microcell capacitance Cd + Cq, whereas the x-axis intercept gives the breakdown volt-
age Vbr. In Figure 8.5, such a curve is shown for the FBK-Irst device.

Finally, a capacitance-voltage (CV) plotter is used to measure the total conductance 
Ym and capacitance Cm at the SiPM terminals, when the detector is biased just below 
the breakdown voltage. The instrument considers the device as a black box consisting 
of the parallel connection of a linear resistor and a capacitor. As a result, the conduc-
tance and the capacitance actually measured must be interpreted in the light of the 
SiPM model in Figure 8.3. This leads to the following expressions of Ym and Cm as 
functions of the SiPM parameters, as reported in Equations (8.3) and (8.4),
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where Cdtot = NCd, Cqtot = NCq, Ct = N(Cd + Cq), and ω is the frequency of the signal used 
by the CV plotter to perform the measurements. Using these equations, it is possible to 
extract the values of Cd, Cq, and Cg. Table 8.1 summarizes the results of the extraction 
procedure applied to two SiPM detectors produced by different manufacturers.

The SiPM model and the extraction procedure have been validated by coupling 
the detectors considered in Table 8.1 to amplifiers with known characteristics and 
comparing the results of SPICE (simulation program with integrated circuit empha-
sis) simulations of single dark pulses carried out using the extracted parameters to 
the measured waveforms. Very good fittings between simulated and measured data 
have been achieved. An example is given in Figure 8.6, which shows the measured 
and simulated responses to a single dark pulse of the SiPM from FBK-Irst, described 
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tAble 8.1
results of the Parameter-extraction Procedure Applied to two siPMs from 
different Manufacturers

Model Parameter
siPM Fbk-Irst 

N = 625
siPM Photonique 

N = 516

Rq 393 kΩ 774 kΩ

Vbr 31.2 V 61 V

Q 175.5 fC 127.1 fC

Cd 34.6 fF 40.8 fF

Cq 12.2 fF 21.2 fF

Cg 27.8 pF 18.1 pF
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in Table 8.1, coupled to a fast voltage amplifier with an input resistance of RS ≅ 50 Ω, 
bandwidth of 380 MHz, and gain equal to 140.

8.3 current-Mode Front-end APProAch

Among the different front-end architectures that can be considered to read out 
an SiPM, the most straightforward solution is represented by the charge-sensitive 
amplifier (CSA), in which the charge delivered by an event is collected on a feedback 
capacitor, as shown in Figure 8.7.

This configuration is able to guarantee the best noise performance and represents 
the standard solution for radiation detector readout, but in the case of SiPM, it poses 
a number of issues. Because the charge delivered by the detector in response to an 
event is very large, a large integration capacitance Cf is needed to keep the output 
voltage within the allowed dynamic range imposed by the power supply. This limita-
tion becomes quite severe when deep-submicron technology, characterized by very 
low power supply voltage, is used. For instance, considering a typical gain value of 
106, if 300 microcells of the SiPM are hit, a total charge of about 48 pC must be inte-
grated on the feedback capacitance of the CSA stage. If a standard CMOS (comple-
mentary metal-oxide semiconductor) 0.35-µm technology, featuring a typical power 
supply voltage of 3.3 V, is used to implement the front end, the maximum allowed 
voltage swing at the CSA output does not exceed 3 V. Thus a feedback capacitance 
of about 16 pF is needed, which is impractical in a front-end chip containing sev-
eral tens of channels, because of the excessive silicon area occupancy. The situation 
worsens in cases where a 0.25-µm (or even less) technology is used and/or the total 
number of microcells contained in the SiPM is increased, as is often required by 
several applications.

Moreover, the preamplifier stage included in the feedback loop of the CSA should 
drive a heavy capacitive load given by the series connection of the feedback and 
the detector capacitances. To guarantee good speed performance, a suitable output 
stage, able to drive this capacitive load, must be arranged. This would entail a signifi-
cant increase in the power consumption for the front-end channel.

SiPM

–Vbias

VOUT

–

+

Cf

FIGure 8.7 SiPM readout by a charge-sensitive preamplifier.
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In previous realizations based on the CSA approach, the detector was AC-coupled 
to the front end by means of an integrated capacitance, which forms a capacitive 
charge divider with the detector capacitance (several tens of picofarads), thus reduc-
ing the total charge that must be integrated onto the feedback capacitance [15]. On 
the one hand the detector is not connected to a virtual ground, thus it experiences 
variations of the bias voltage, which depend on the signal amplitude, while on the 
other hand the high gain of the detector is not fully exploited for the extraction of the 
timing information.

Very often, the readout approach consists of a current-to-voltage conversion of 
the signal provided by the detector through a linear resistor RS, followed by a fast 
voltage amplifier to achieve the desired signal level. This arrangement has been used 
frequently for the characterization of SiPMs. First, the resistor value should be small 
enough to avoid fluctuations of the detector bias voltage under signal and the intro-
duction of low-frequency poles at the amplifier input. Timing can be made faster 
than in the CSA case, but the integration of the output signal, needed to extract the 
value of the charge (and thus the energy associated with an event), requires a further 
voltage-to-current reconversion, with a suitable scaling-down factor with respect to 
the detector current in order to avoid the dynamic-range problems mentioned pre-
viously. Note that the overall operation of such a system would be equivalent to a 
current amplifier.

A transimpedance amplifier would suffer more or less from the same problems, 
since the output signal is a voltage, as in the case of the voltage amplifier. A further 
issue to be dealt with is the stability of the feedback loop.

On the basis of the previous considerations, an interesting front-end architecture 
can be adopted based on the use of a current buffer characterized by a very low input 
impedance, as depicted in Figure 8.8.

The output signal of this preamplifier is a replica of the detector current at very high 
output impedance. This approach is very flexible in a CMOS implementation, since the 
output current can be replicated easily with different scaling factors by means of mul-
tibranch current mirrors. The circuit is inherently fast, and the current-mode operation 
enhances the dynamic range, since it does not suffer from possible voltage limitations 
due to deep-submicron implementation. A possible drawback of the current-mode 
approach may be an increase in the electronic noise level but, as mentioned previously, 
this does not represent a major concern due to the large gain of the detector.

Current buffer

SiPM

IOUT = kISISRS

–Vbias

FIGure 8.8 SiPM readout by a current buffer.
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It is interesting to exploit the previously defined model to understand how the 
parameters of the SiPM and the input resistance of the electronics RS influence the 
resulting waveform of the electrical variables at the input of the preamplifier. If the 
SiPM model shown in Figure 8.3 is loaded with the resistor RS, a qualitative study 
of the resulting circuit can be carried out with reference to the simplified diagram 
shown in Figure 8.9, which is a good approximation of the complete circuit, pro-
vided that RS is much lower than Rqtot, as usually happens. This has been demon-
strated by means of SPICE simulations, which show that the responses of both the 
complete and simplified circuits to short current pulses are almost identical in cases 
of RS << Rqtot.

In the simplified circuit, Ceq represents the series connection between (N − 1)Cd 
and (N − 1)Cq of the model in Figure 8.3. Simple hand calculations provide the fol-
lowing expression for the input voltage VIN(t) in response to an input current pulse 
of area Q:
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where τIN = RS(Cg + Ceq), τr = Rq(Cd + Cq), and τq = RqCq. Equation (8.5) accounts for 
the presence of two time constants in VIN(t). The first is τIN, associated with the input 
impedance of the front end and to the total capacitance at the terminal of the detec-
tor, whereas the second, τr, is the recovery time of the microcells. Notice that the 
peak value of VIN is independent of RS, since the charge Q, released very quickly by 
the avalanche phenomenon, is shared between the capacitor Cd and the series con-
nection of Cq and Ctot = Ceq + Cg, almost equal to Cq itself. The resulting initial value 
VIN(0) = VINMAX is thus equal to the fraction of the charge collected by Cq, called QIN, 
divided by Ctot
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This value is the same as that provided by Equation (8.5). As a consequence, the 
peak value of the current delivered by the SiPM coupled to RS is VINMAX/RS, which 
increases with decreasing values of RS. The rise time of VIN(t) depends only on the 
time constants associated with the avalanche process, which are assumed to be much 

RS
CgCeq

CqCd
IAV Rq

Iq

Iq VS

IS +

–

FIGure 8.9 SiPM coupled to the input impedance of the front-end electronics Rs: simpli-
fied circuit.
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faster than τIN and τr. On the other hand, the rise time and the peak value of IOUT in 
Figure 8.8 are strongly affected by the bandwidth of the current buffer used, espe-
cially for low values of RS. In the latter case, only a wideband amplifier will be able 
to reproduce the fast time constant τIN of VIN(t) at its output. Conversely, the response 
of an amplifier that is slow compared to τIN will only exhibit the amplifier rise time 
and the recovery time constant τr.

Current feedback can be conveniently exploited to improve the performance of an 
input current buffer designed using standard CMOS technology. In Figure 8.10, the 
structure of a possible implementation of the circuit is shown.

The stage is essentially a current follower. The common gate transistor M1 is 
closed in a feedback loop, built around the common source M2 and the diode-con-
nected MOSFET (metal-oxide semiconductor field-effect transistor) M4. The nega-
tive feedback decreases the input impedance of the buffer and enhances its frequency 
response by a factor that depends on the loop gain T, equal to gm2/gm4. The locations 
of the open loop poles are the following:

 ω1 = gm1/(Cg + Ceq); ω2 = gm4/Cl (8.7)

where Cl is the total capacitance, which loads the drain of M1. The value of the open-
loop gain has to be chosen so as to guarantee the stability of the circuit with the given 
constraints in terms of maximum current consumption. Generally, a low value of T 
arises (around 10), due to the fact that the dominant open-loop pole ω1 and the sec-
ond pole ω2 are not too far apart: If gm4 is decreased to increase T, a more unsatisfac-
tory situation is achieved for stability, since ω2 slows down. On the other hand, if gm2 
is increased by increasing the size of M2, Cl also increases, and once again a slower 
ω2 is obtained. The desired ratio between gm2 and gm4 was achieved by adjusting the 
bias currents of M2 and M4 by means of the current source M3.

M8

M7

M6

M2
M1

M5 M4 M3

Vcc

M9

M0

SiPM

Iout(Iout/M)

Vref
Ibias

FIGure 8.10 CMOS implementation of the input current buffer.
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Because the SiPM is DC-coupled to the current buffer, an interesting feature of 
this circuit is the ability of a continuous variation of the SiPM bias voltage, which 
can be accomplished by varying the value of Vref [16]. This can be useful in many 
applications to fine-tune the gain of the detector, which varies by about 3% for every 
100 mV of bias variation [17]. Table 8.2 summarizes the main features of a current 
buffer designed with standard 0.35-µm CMOS technology.

Note that if a more advanced CMOS technology is used for the implementation 
of the circuit, the open-loop poles will be placed at higher frequencies, since higher 
transconductance values can be achieved with the same bias currents. Furthermore, 
the relative distance between the dominant poles will increase, thanks to the smaller 
value of the Cl capacitance. As a consequence, higher loop gain values could be cho-
sen without stability problems, thus achieving better performance in terms of both 
input impedance and bandwidth.

As stated previously, another relevant feature of the current buffer is flexibility: 
The output current can be replicated easily with different scaling factors, as shown in 
Figure 8.10. Consequently, different signal paths can be implemented to extract the 
desired information from the current pulse generated by the detector. The complete 
front-end architecture is shown in Figure 8.11.

In a first “slow” path, an output of the input current buffer, suitably scaled down 
by factor M:1 to cope with the dynamic-range limitations discussed previously, is 
sent at the input of an integrator, which provides a voltage signal with an amplitude 
proportional to the total charge contained in the detector current pulse. A great deal 
of care must be taken in the choice of the integrator dumping time constant τf = RfCf, 
which cannot be too large, so as to avoid pileup problems and the integration of a 
large number of dark pulses. On the other hand, a dumping time constant that is too 
short with respect to the decay time constant of the scintillator used in the detec-
tion system may cause large errors in the evaluation of the total number of photons 
delivered by the event. In many cases, a time constant digitally programmable with 
a small number of bits can be an appropriate solution. Furthermore, the gain of the 
integrator can be made programmable to fit different applications or detectors, for 
instance by changing the feedback capacitance of the integrator or the scaling fac-
tor of the output current mirror in the input buffer. The first solution is preferable in 
our example, since a variation of the gain of a current mirror can be carried out by 

tAble 8.2
Main Performance Parameters of the designed current buffer

Performance Parameter value

Small signal bandwidth 250 MHz

Total current consumption 800 µA

Rise time of the output waveform (single microcell) 400 ps

Input impedance 17 Ω

Linearity dynamic range 50 pC

Power supply 3.3 V

Range allowed for Vref 1–2 V
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increasing or decreasing the equivalent width of the output MOSFET of the mirror, 
and this causes variations of the capacitance Cl in the current buffer. As a conse-
quence, changes occur in the circuit bandwidth that affect the rise time and the peak 
of the output current, as has already been mentioned.

Another relevant issue is the control of the DC output voltage of the integrator, 
which must be set at a well-defined baseline level Vbl. For this purpose, the integrator 
is enclosed in a very slow feedback loop that compensates for the DC component of 
the input current but is ineffective as far as fast signals are concerned. This can be 
done by inserting a very-low-frequency pole into the feedback path of the loop, as 
graphically illustrated in the baseline holder section in Figure 8.11. When the rate of 
events increases, the input current pulse train starts to make a significant contribu-
tion to the DC level at the input of the feedback system, which tends to remove this 
additional DC component from the output pulse train. As a result, a shift of the output 
pulses baseline at lower levels is observed if the system is perfectly linear. Excessive 
variations of the baseline level as a function of the event rate can be avoided by suit-
ably exploiting the unavoidable nonlinearity of the circuit used in the feedback path, 
in order to decrease the loop gain in the presence of signal pulses [18].

The information relating to the energy of incoming events is associated with the 
peak voltage pulse value at the output of the integrator. A peak detector circuit can be 
exploited to hold the peak value as long as is necessary to allow for analog-to-digital 
conversion. A possible implementation of this important building block is shown in 
principle in Figure 8.12 and is based on a feedback loop containing a pMOS current 
mirror M1 − M2, which works as a rectifying element [19]. In fact, as long as the 
input voltage increases, the mirror is able to charge the “hold” capacitor C, so that 
the output voltage follows the input. When the input pulse reaches its peak value, 
the current in the pMOS mirror reverts to zero, the charge stored on the capacitor is 
frozen, and the feedback loop is broken. The operational transconductance amplifier 
(OTA), used as a gain stage in the feedback loop, goes into saturation and switches 

Trigger
output

Charge

VDD

output

Peak
detector–

+

–

+

Vb1

RF

CF

Baseline
holder

SiPM

Current
buffer

M : 1
M : M

Cblh

–Vbias

Discriminator

FIGure 8.11 Complete architecture of the front end for SiPM detectors.
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off the transistors of the mirror, so that the output voltage does not undergo further 
change and reproduces the peak of the input pulse.

A second “fast” path for the signal is needed to extract the trigger signal, which 
marks the arrival time of an event with its fast transition. A further output branch of 
the input current buffer is exploited for this purpose, without any need to scale down 
the current. The buffered replica of the detector current is applied to the input of a 
current discriminator, which produces the trigger signal.

A possible implementation of this circuit, already used in several applications [20], 
is shown in Figure 8.13. When the input current Iin is smaller than the threshold Ith, the 
nMOS M1 is on and carries the current Ith − Iin, thus the output voltage of the invert-
ing amplifier is sufficiently high to keep the VGS of M1 beyond the threshold voltage. 
As soon as the input current rises above Ith, the difference Ith − Iin becomes negative, 
M1 switches off, and the pMOS M2 turns on; thus the output voltage of the amplifier 
quickly decreases. Suitable level-shifting circuitry, inserted between the gates of M1 
and M2 but not shown in Figure 8.13, makes the discriminator faster. The output of the 
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FIGure 8.13 The current discriminator principle in diagram form.
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FIGure 8.12 A CMOS peak detector.
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inverting amplifier is buffered by means of cascaded CMOS inverters used as open-
loop amplifiers, which provide a clean output pulse at full voltage swing. The discrimi-
nator threshold is easily adjusted by varying the current Ith, which may be provided by a 
digital-to-analog converter (DAC) driven by the desired configuration. Timing accura-
cies in the range of several tens of picoseconds have been achieved with this circuit at 
low thresholds and full-range input signals. The spread of the delay in the discrimina-
tor response to an input current pulse is in the range of several hundred picoseconds, 
obtained by varying both the threshold and the amplitude of the input current pulse.

8.4 eXAMPle oF MultIchAnnel ArchItecture

The organization of a multichannel front-end architecture is strictly dependent on the 
readout strategies that must be implemented (serial, sparse, etc.), on the resources that 
can be accommodated on a chip, and on the amount of data that must be exchanged 
with the external readout system. These features are, in turn, strictly related to the 
requirements of the specific target application. As an example, a description follows 
of the simple architecture of an eight-channel ASIC developed for the example of a 
PET scanner prototype.

Figure 8.14 shows a block schematic diagram of the chip. The eight analog chan-
nels have been designed according to the structure shown in Figure 8.11: As previ-
ously discussed, each channel provides an analog output signal proportional to the 
number of SiPM microcells stimulated by the event as well as a fast trigger signal 
that is useful in obtaining an accurate time stamp.
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To cope with the high rate of valid coincidence events, the chip includes an 
embedded SAR ADC that converts the output of the 8-in 1-out multiplexer into an 
8-bit digital word.

A configuration register contains the information for the two DACs used to adjust 
the bias voltage (8-bit) applied to the SiPM and set the threshold of the current dis-
criminator (4-bit). The readout logic controls the write and read operations in the 
configuration register as well as the tracking and hold modes of the peak detectors.

Two data-acquisition modes are implemented: a serial readout, in which all the 
channel outputs are sequentially converted into digital and sent to the external bus, 
and a sparse one, in which only those channels interested by a hit and found over 
threshold are converted and sent to the output.

The trigger signals produced by either channel of the chip are stored in a trig-
ger register to mark the channels over threshold and are sent to a fast OR gate. The 
resulting signal is used as a trigger for the external readout electronics, implemented 
for instance by means of a field-programmable gate array (FPGA). When this signal 
is activated, it works as a service request toward the FPGA, which puts the time 
stamp to the event and starts the readout procedure and data acquisition, according 
to the selected readout mode.

Extending this architecture to a greater number of channels is fairly straightfor-
ward. The length of the metal interconnections and the associated capacitive loads 
on the outputs of the individual channels call for the insertion of suitable buffers to 
preserve the speed of operation. This, in turn, implies an increased power absorption 
per channel that must fulfill the requirements of the specific application.

The decision to include an onboard ADC allows us to simplify the structure of the 
whole detection system as long as its conversion speed is sufficient to cope with the 
expected rate of events. This is in contrast to the solution of adopting an external ADC, 
which would imply handling an analog signal at the output of the front-end chip, with 
a consequent need for further buffer stages and additional power requirements. The 
resolution of the ADC must be chosen on the basis of the number of microcells of the 
SiPM. For example, in our PET application, an 8-bit resolution proved to be sufficient, 
as we used SiPMs with 625 microcells each, also taking into account the effects of 
dark count and after-pulse signals. However, the use of deep-submicron CMOS tech-
nologies would allow us to attain better speed performances, thus making the choice 
of an embedded ADC feasible even in the case of high event rates.

Moreover, a new technique has recently been proposed [21] in cases where there 
are a large number of channels on each chip. This is based on a “de-randomization” 
of events that are temporarily stored in analog memory before being sent to the 
ADC. In this way, it is possible to fully exploit the speed performance of the ADC, 
which is only required to match the average rate of events.

Further readout-acquisition modes such as “winner takes all,” “first takes all,” 
“sparse neighborhood,” etc., may be required, depending on the specific application. 
In addition, in some applications, summing the electrical charges of a set of adjacent 
channels allows for an estimate of the energy of the incident photon.

The architecture described previously is self-triggered, since it extracts the trigger 
signal from the fast path of the front end. However, in some cases, it may be conve-
nient to control the acquisition by means of an external trigger. In other cases, such 
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as, for example, PET systems, the acquisition needs to start only when a coincidence 
signal, generated within a very short time window [22], acknowledges the validity 
of the trigger signal.

8.5 suMMAry

This chapter has presented a novel front-end architecture suitable for detectors char-
acterized by high speed, a relatively large internal capacity value, and high gain. 
The circuit relies on the use of a simple current-follower stage whose performance 
is enhanced through the use of a current-feedback network. Thanks to this circuit 
arrangement, the full dynamic range of the current pulse generated by the detector is 
exploited to extract the trigger signal. For most applications, the timing accuracy pro-
vided by the circuit is adequate, even with the use of 0.35-µm CMOS technology.

Another advantage of the current-mode approach is that it is much less affected 
by the dynamic-range limitations of a voltage-mode approach, even with the use of 
a more advanced deep-submicron technology that entails better time performances 
due to reduced internal capacitances and to greater transconductance values without 
increasing the bias currents.

In particular, the lower values of the internal capacitances cause the two domi-
nant poles of the front end to remain a fair distance from each other, thus resulting in 
a better phase margin. Moreover, a lower input impedance is also obtained thanks to 
both the greater transconductance of the input transistor and to the higher loop gain 
that can be achieved without stability problems.

The use of BiCMOS or Si-Ge technologies would also allow us to implement a 
better current follower in terms of both input impedance and speed by exploiting the 
availability of good-quality bipolar transistors. Resorting to these more costly solu-
tions could prove to be advantageous in applications where particularly good time 
performances are required.
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9 Integrated Charge-
Measuring Systems for 
Radiation Detectors in 
CMOS Technologies

Angelo Rivetti

9.1 IntroductIon

In the past 25 years, significant resources have been invested in the design and imple-
mentation of complex integrated circuits for the readout of semiconductor radiation 
detectors. This effort was triggered by the unique capabilities offered by silicon sen-
sors in the detection of short-lived particles in high-energy physics experiments. The 
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possibility of patterning a silicon surface into many independent detecting elements 
with a typical pitch of 50–100 µm was the key to achieve the spatial resolution nec-
essary, for instance, to study charmed-particle decay. It was soon recognized that 
such a dense detector could not be read out by conventional electronics built from 
discrete components, and that more-compact solutions had to be developed. The use 
of silicon sensors read out by an application-specific integrated circuit (ASIC) was 
pioneered in the silicon vertex detector of the Mark II experiment at the Stanford 
Linear Accelerator Center (SLAC) (Adolphsen et al. 1992) and quickly became a 
standard practice in all high-energy physics experiments.

The physics goals of the Large Hadron Collider (LHC), now commissioned at the 
European Laboratory for Particle Physics (CERN), near Geneva, pushed the require-
ments for integrated front-end electronics in term of speed, power consumption, data 
handling, and radiation tolerance to unprecedented levels, motivating further research 
efforts. Several technologies were considered, but in the end, commercial deep-sub-
micron CMOS (complementary metal-oxide semiconductor) emerged as the winning 
option. Indeed, a dedicated R&D program at CERN demonstrated that, if some lay-
out practices were applied, integrated circuits fabricated in quarter-micron processes 
could withstand radiation doses well beyond what was demanded by the LHC detec-
tors (Snoeys et al. 2000). Primarily conceived for the implementation of low-power 
digital electronics, modern CMOS technologies also offer good analog performance 
and allow the design of sophisticated mixed-mode integrated circuits incorporating 
key functions like amplification, filtering, and digitization on the same chip.

Along the years, high-density silicon detectors started to be exploited outside the 
high-energy physics domain for which they were originally conceived. X-ray detec-
tion systems for protein crystallography, digital radiography, and other applications 
based on silicon microstrip or pixel detectors and their associated front-end electron-
ics were demonstrated. In the meanwhile, the benefits of segmentation (increased 
spatial resolution, smaller parasitic capacitance) were also applied to other sen-
sors. Multianode photomultiplier tubes (MAPTs) with 16–64 independent anodes 
and pixelated avalanche photodiodes (APDs) with a comparable number of chan-
nels are available and are increasingly employed in different applications, including 
positron emission tomography (PET). Multichannel integrated front-end circuits are 
hence necessary if large systems based on these highly segmented sensors have to 
be assembled. As an example, a recently built scanner for positron emission mam-
mography (PEM) makes use of 64 integrated circuits with 192 channels per chip to 
read out 12,288 APD channels (Trindade et al. 2008).

CMOS technologies have become the preferred options for the implementation 
of high-density front-end circuits for radiation sensors. Therefore, the discussion in 
this chapter is centered on CMOS designs. The emphasis is put on those architec-
tures that are not limited to the detection of a hit, but measure the amount of charge 
and thus the energy released in the sensor by an ionizing event. Energy information 
is, in, fact a fundamental tool in many areas, from spectroscopy and calorimetry in 
nuclear and high-energy physics to photon detection in PET systems, to name just a 
few. The circuits described here combine simpler building blocks, like the front-end 
amplifiers and the analog-to-digital converters (ADCs) discussed elsewhere is this 
book, to implement multichannel readout systems that process the charge released 
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by the radiation sensor performing amplification, filtering, data sparsification, and 
digitization all on the same chip.

The design of such integrated circuits is a lengthy, risky, and expensive task, 
which starts with a proper definition of circuit specifications and the selection of a 
suitable architecture. Therefore, Section 9.2 of the chapter discusses the key specifi-
cations facing the chip designer and their impact on the overall performance. Front-
end chips for detectors are often designed by small groups in research labs that are 
chronically understaffed. Detailed analysis and clear understanding of the system 
requirements are therefore extremely important if one wants to invest the scarce 
resources in the proper direction and achieve satisfactory results. Section 9.3 pro-
vides a review of the major architectures that have emerged along the years. In the 
past two decades, several integrated front-end systems have been developed for dif-
ferent applications. The examples reported in Section 9.3 have been selected just for 
illustrative purposes and are only a very small subset of the many interesting designs 
the reader can find in the open literature. As it will be apparent from Section 9.3, 
modern front-end systems for radiation detectors often combine—on the same sili-
con substrate—sensitive analog circuits with complex digital functions. The chapter 
ends with Section 9.4, which introduces the major issues that have to be addressed to 
make this coexistence successful.

9.2 sPecIFyInG A chArGe-MeAsurInG InteGrAted cIrcuIt

Figure 9.1 shows a straightforward implementation of a charge-measuring system. In 
each channel, the signal coming from the sensor is amplified and filtered by a front-
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end amplifier-shaper and digitized by a flash ADC. The result of the conversion is 
stored in local memory and sent out for further processing. A multiplexer is used to 
reduce the number of output lines. Similar schemes are often employed to imple-
ment sensor test setup with off-the-shelf equipment. The major aspects involved in 
the realization of such a chain in the form of an integrated circuit are discussed in 
Section 9.3. Here, we will use it as an aid to develop our discussion on system speci-
fications on a more concrete basis. Several factors enter in the design of a charge-
measuring ASIC: sensor capacitance, sensor dark current, noise, dynamic range and 
linearity, event rate and efficiency, and power consumption.

9.2.1 sensor CapaCiTanCe

As shown in Figure 9.1, the individual detecting element is often depicted as a cur-
rent source in parallel to a lumped capacitor (here labeled Cd) representing all the 
parasitic capacitance seen by the preamplifier input node. Depending on the detector 
type, the value of Cd may change by more than three orders of magnitude: from the 
hundreds of femtofarads typical of silicon pixel detectors to the hundreds of pico-
farads associated with the large-area APDs employed in calorimetry applications. 
It is well known that the input capacitance plays a fundamental role in setting the 
ultimate noise figure of the analog front end. However, it also has important system-
level implications for the performance of a highly integrated front-end system. We 
can appreciate better this point with the help of Figure 9.2.

Here we see two complementary versions of an amplifier topology frequently 
adopted in the very first stage of a front-end chain: a charge integrator built by plac-
ing a capacitor in the feedback path of a single-ended cascode stage. In Figure 9.2(a), 
the input transistor is a pMOS, and its source is tied to the positive power sup-
ply. The transistor is biased with a high impedance, constant current source that is 
obtained via a cascode current mirror. Thus any modulation of the source potential 
will appear on the gate (note that constant bias current implies constant gate-source 
voltage) and will be transferred to the output approximately amplified by the factor 
Cd/Cf . The complementary configuration of Figure 9.2(b), where the input transistor 
is an nMOS with the source connected to ground, is better, since in this case the 
same modulation will manifest on both plates of Cd and will appear unamplified at 
the output node. However, this in not in general true, since the ground to which the 
bottom plate of Cd is connected is a “small signal ground,” i.e., a constant potential 
needed for proper biasing of the sensor. Therefore, its DC value can be significantly 
different from the amplifier’s ground or power supply, and the two cannot always 
be physically shorted. In a typical case, the bottom plate of Cd is the back-plane of 
the detector.* This is common to all the sensing elements integrated on the same 
substrate and is connected to detector high-voltage bias. A link between this voltage 

* In most multichannel sensors, the capacitance between one sensing element and its neighbors also 
gives an important contribution to the total value of Cd and cannot be neglected. However, the other 
plate of this capacitance is connected to the input of another amplifying channel that will share the 
same power supply.
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and the amplifier reference point must hence be established via adequate filtering 
capacitors.

The corresponding situation is shown in Figure 9.2(c) for the less intuitive case of 
an amplifier with a pMOS input transistor. Note that, in this case, the critical voltage 
for the amplifier is the positive power supply and that the capacitor used to link the 
latter to the detector power supply must be capable of sustaining the high voltage 
needed to bias the sensor. While it is the job of the system designer to ensure that the 
detector and chip power supplies are clean enough, the integrated circuit designer 
should make any effort to prevent corruption of the amplifier ground or supply inter-
nally by noisy circuits put on the same chip. Techniques to prevent such problems are 
presented in Section 9.4.1.

9.2.2 sensor dark CurrenT

In many semiconductor radiation detectors, the sensitive element is a simple diode 
that is reverse biased. Therefore, a DC current due to the thermal generation of free 
carriers is present and, in the case of direct coupling* between the sensor and the 
front-end electronics, flows into the input stage. Usually this current is very small (<1 
nA) and can be accommodated by the input stage. In a few cases, however, the leak-
age current may increase dramatically. Two common examples are when the sensor 
operates in a harsh radiation environment that damages the bulk material (like in 
silicon detectors employed in high-energy physics experiments) or when the inter-
esting signal is superimposed on an intense background (think of an infrared diode 
used in a TV remote-control set that is exposed to the ambient light). In such situ-
ations, the leakage current goes up easily by two to three orders of magnitude and, 
if left uncompensated, shifts the DC bias points in the front-end amplifier, thereby 

* In some cases, in particular with silicon microstrip detectors, decoupling capacitors are fabricated 
directly on the sensor.
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compromising its performance. A solution to minimize this undesired effect must 
then be adopted.

A simple possibility is to insert a decoupling capacitor between the amplifier 
stages, but integrated capacitors with an adequate linearity generally require a large 
silicon area. A more elaborate option is shown in Figure 9.1. We notice here that 
an additional feedback loop, consisting of a transconductance amplifier, is imple-
mented around the second stage. The transconductor regulates its output current in 
such a way that the difference between the output node (VBL in Figure 9.1) and the 
reference voltage Vref is minimized. The residual error depends on the loop gain. In 
the ideal case, the leakage compensation loop should act only on DC or very slow 
components to avoid affecting the signals of interest. Therefore, the bandwidth of 
the differential amplifier should be small, in the range of 1 kHz or less. Such a 
low bandwidth is obtained by reducing the bias current of the transconductor to the 
nanoampere level and dumping it with a capacitor. In the case of a first-order loop, 
a detailed small-signal analysis reveals that the transfer function is equivalent to the 
one obtained with a simple AC coupling. However, this alternative approach has 
three advantages:

 1. The low cutoff frequency depends on the transconductance of the differen-
tial amplifier and on the value of the filtering capacitor. Very low cutoff fre-
quencies can hence be obtained by reducing the current in the differential 
amplifier while using a capacitor of moderate size.

 2. The DC level of the output can be locked to the reference voltage and can 
easily be set to the most appropriate point for a given application, increasing 
flexibility of operation.

 3. A nonlinear element (usually a buffer with very small slew rate) can be 
added in the loop, so that fast pulses are clipped before being presented 
to the transconductor. This reduces the shift of the baseline at high rates, 
otherwise unavoidable in a purely linear, AC-coupled system.

Called a baseline holder, this circuit entails interesting design issues that go well 
beyond the scope of this chapter. An exhaustive discussion can be found in De 
Geronimo et al. (2000).

The careful reader may have noticed that, with the arrangement shown in 
Figure 9.2, the first stage of the amplifier is still DC-coupled, so the sensor leakage 
current, flowing into the feedback resistor Rf , will shift the DC level at the preampli-
fier output. However, if the gain in the first stage is small enough, the leakage current 
can be absorbed without impairing significantly the dynamic range. In such a case, 
a compensation loop around the second stage will suffice, with the additional benefit 
of obviating the need for extra transistors that, if connected to the input of the first 
stage, may have a greater impact on the noise.

Up to now, we have considered dark currents that are interpreted by the front end 
as continuous or slowly variable components that can be well separated from the sig-
nal to be amplified. For some sensors, like standard photomultipliers or their solid-
state counterparts, the silicon photomultipliers, the dark-current specification has to 
be looked at more carefully. In these sensors, in fact, a thermally emitted electron 
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triggers the avalanche multiplication, resulting in a fake signal similar to the one 
determined by a genuine photoelectron. The dark current is then the average current 
due to the superposition of many of these pulses. If the front end is fast enough and 
designed to be sensitive to a single photoelectron, the “dark pulses” will be treated 
as normal signals, creating an undesirable background. The rate of the dark pulses, 
rather than the resulting average current, becomes then the important figure to be 
considered in the design.

9.2.3 noise

The noise for an integrated charge-measuring system is specified in terms of equiv-
alent-noise charge (ENC). The required ENC varies widely among different applica-
tions. Fewer than 10 electrons rms may be needed in detectors for X-ray astronomy, 
while 2000 electrons are acceptable in fast readout circuits for photomultiplier tubes. 
The issue of minimizing the impact of the unavoidable sources present in a front-
end chain, such as transistor thermal and flicker noise and detector leakage current, 
has been deeply addressed in the literature (see, for instance, Spieler [2006] and 
references therein). However, a complex charge-measuring ASIC incorporates cir-
cuits other than the analog front end, including digital gates switching between the 
power-supply rails. Furthermore, hundreds to thousands of these chips are usually 
employed to read out a large detector. The challenge is then to preserve the noise of 
the analog front end from being affected by other blocks hosted on the same chip or 
from being degraded when the chip that works well on the test bench, is incorporated 
into the final system. These issues will be the topic of Section 9.4.

9.2.4 dynamiC range and lineariTy

These specifications are sometimes sources of misunderstanding between the system 
builder and the ASIC designer, so we try to clarify them with the help of a practi-
cal example. We refer again to Figure 9.1. Suppose that the equivalent input noise 
specified for the circuit is 500 electrons rms and the gain is 50 mV/fC. The chip is 
powered with a single-rail 2.5-V supply, while the output stage of the analog front 
end can swing between 0.5 and 2 V. The output noise will be 4 mV rms and the 
dynamic range, defined as the ratio of the maximum signal to the noise, will be 375, 
or 51.5 dB. This is between an 8-bit and a 9-bit ADC, so let us examine the implica-
tion of either choice. If we select a 9-bit ADC, the LSB (least significant bit) will 
be 3 mV. In the optimistic assumption that there are no other noise sources in the 
system, the quantization noise, which is given by LSB 12, will contribute to the 
overall noise by only 2%. If we choose an 8-bit ADC, the quantization noise will be 
1.7 mV rms, and it will give an 8% contribution to the final noise. However, if the 
converter has to be put on chip, it might be worth accepting the penalty, since the 
complexity of an ADC tends to grow exponentially with the number of bits.

High-resolution ADCs are off-the-shelf components at low prices and are often 
included in readout systems for detectors. When one moves to a more integrated 
system in which the converter in embedded on the front-end chip, it is natural to ask 
to maintain the same resolution, and the difficulty involved in the development of a 
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high-performance ADC is often underestimated. In defining the specifications of a 
fully integrated chip, the impact of the ADC resolution on the final system perfor-
mance should therefore be assessed with careful system simulations, as a simplistic 
choice of the ADC may lead to investing precious design resources in a noncritical 
direction.

In a front-end chip, linearity is usually measured by feeding the circuit with input 
test pulses of different amplitudes and acquiring the corresponding amplitude of the 
output. The nonlinearity is derived from the deviation of the experimental points 
from the best-fit line. The performance of an ADC is quantified, among other param-
eters, by its differential nonlinearity (DNL) and integral nonlinearity (INL). An INL 
of less than 1 LSB for an 8-bit ADC means that the maximum nonlinearity of the 
converter will be 0.4% of the full-scale range. In most applications, such a figure is 
adequate, since imperfections at this level will be masked by statistical fluctuations 
intrinsic to the signal generation process in the sensor.

Some applications require the front-end electronics to have a dynamic range as 
high as 15 bits, but, for the reason just mentioned, the nonlinearity can be coarser. 
A good example is calorimetry in high-energy physics experiments. In this case, 
an ADC with lower resolution can be coupled to a multigain front-end amplifier, 
adapting the amplitude of the incoming signal to the full scale of the converter. 
The resulting multirange system is generally easier to design than a fully linear one 
incorporating an extremely high-performance ADC. An interesting example of this 
approach, reported in Raymond et al. (2005), will be discussed in Section 9.3. It is 
important not to translate automatically a specification on dynamic range into one 
on linearity, but it is necessary to understand separately the relevance of both for the 
system under consideration.

9.2.5 evenT raTe and eFFiCienCy

One of the most important requirements in a front-end chip is the rate of the pulses to 
be processed, since it determines the speed and has a direct effect on the power con-
sumption of the circuit. In general, the arrival time of the input pulses is not uniform. 
This fact leads to the use of multibuffering schemes to relax the requirement on the 
dead time allowed to the single elements while minimizing data losses. As seen 
in Figure 9.1, the digitized pulses are stored in an output memory. The memory is 
organized in four slices, each one capable of accommodating the data corresponding 
to a full event. Let us suppose that the slices are periodically read out, that the time 
to read one slice is 2 µs, and that the incoming events follow a Poisson distribution 
with an average rate of 250 kHz. We can easily calculate how many events would be 
lost if only one slice in the memory were implemented. The probability of observing 
n-times an event with average value µ is in fact given by
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In our example, µ = 0.5, and the chance of not losing an event is given by the 
probability of having zero pulses during the time the memory is busy, i.e., 60%. The 
situation improves if more memory slices are added. In Figure 9.1, four elements are 
used, so that if an event arrives within the 2 µs needed to empty the first memory 
slice, it can be stored in another unit. The probability of losing one event becomes 
now the probability of having five consecutive pulses within 2 µs, which drops to 
0.3%. Especially in high-rate applications, multibuffering is an important feature, 
because it allows us to “derandomize” the arrival time of the input pulses and to tune 
the following circuitry on the average event rate rather than on the peak one. This 
leads to design simplifications that are particularly important when the circuit has to 
be implemented as an ASIC. Data loss leads to a reduction in statistics and, hence, 
to longer measurement times. This is particularly detrimental in some applications, 
like nuclear and high-energy physics experiments, where rare events are looked at, 
or in nuclear medicine, where longer measurement times are associated with higher 
radiation doses delivered to the patient.

9.2.6 power ConsumpTion

Power consumption is usually specified in milliwatts per channel. Power dissipa-
tion—traditionally a big concern in vertexing and tracking systems employed in 
colliding-beam experiments—is now also becoming a relevant factor in other areas. 
A good example is provided by PET scanners based on solid-state sensors like ava-
lanche photodiodes, which are quite sensitive to temperature variations. Hence, the 
heat produced by the front-end electronics must be efficiently removed, and in cases 
where the front-end chip is too power hungry, the cooling system becomes cumber-
some. Power consumption may vary according to the particular operation the ASIC 
is performing at a given time. Therefore, it should always be specified, distinguish-
ing between average power consumption, which is relevant for the design of the 
cooling system, and peak power consumption, which is the factor to be considered 
for the sizing of the electrical components (printed citcuit board [PCB] traces, filter-
ing capacitors, power supplies, etc.). Particular care must be paid to the design of an 
adequate power-supply network inside the ASIC itself, since metal lines used on chip 
are relatively resistive. As a reference, the resistance of a trace measuring 1-mm long 
and 10-µm wide is on the order of 5 Ω, so nonnegligible voltage drops may manifest 
along the trace if a current beyond a few milliamperes flows through it.

9.3  ArchItectures For InteGrAted 
chArGe-MeAsurInG systeMs

9.3.1 Full-Flash arChiTeCTures

In full-flash architectures, such as the one reported in Figure 9.1, the digitization is intro-
duced immediately after the front-end amplifier. With this approach, the information is 
transferred as early as possible in the digital domain, which offers more robustness and 
the possibility of applying early online powerful digital signal-processing techniques.
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An example of such an architecture can be found in Yeom et al. (2007), which 
describes a nine-channel front-end ASIC developed for APD readout in a positron 
emission tomography (PET) application. Each channel of the chip consists of a tran-
simpedance amplifier followed by a second stage with variable gain. This feature is 
particularly desirable in systems involving pixelated photodetectors, such as APDs 
or multianode photomultipliers, because the gain spread among pixels of the same 
sensor can be as high as 30%. The variable gain in the amplifier is then exploited to 
equalize the response of different channels. The output of the analog stage is immedi-
ately digitized at 50 MHz by a 6-bit ADC built with a folding topology (Razavi 1995; 
van Valburg and van de Plassche 1992), which allows the design of an n-bit full-flash 
converter with less than the 2n − 1 comparators needed in the traditional scheme. 
Produced in a 0.35-µm CMOS process, the ASIC dissipates 200 mW per channel.

An ADC requires a significant amount of digital circuitry. In full-flash architec-
tures, the converter and its logic are active while the input amplifier is processing 
the signal. As we will see in Section 9.4, a monolithic implementation allows the 
switching noise generated by the ADC to be easily injected into the front-end stage, 
thereby corrupting system performance. This risk is reduced for full-flash architec-
tures that are implemented in the form of “chip sets,” with the amplifier and the ADC 
fabricated on two separate dies. The front-end electronics of the electromagnetic 
calorimeter (ECAL) of the compact muon solenoid (CMS) experiment provides an 
interesting example of this concept (Raymond et al. 2005).

This electronics architecture has been designed to serve two types of sensors: 
avalanche photodiodes (APD), employed in the barrel part where the magnetic field 
is stronger, and vacuum phototriodes, which instrument the end caps on which the 
radiation load is more severe. The APDs present a capacitance of 200 pF to the 
front end, while for the phototriodes the capacitance is 50 pF, mostly dominated 
by stray contributions. Depicted in Figure 9.3, a single channel is formed by a chip 
with a multirange amplifier, with the multigain preamplifier (MGPA) followed by a 
second ASIC hosting a multichannel ADC. Both circuits are fabricated in the same 
0.25-µm CMOS process. The MGPA is made by a low-noise preamplifier coupled 
to three shaping stages, each one having a different gain (1×, 2×, 12× with respect 
to the preamplifier gain). The output of each shaper is fed to a dedicated ADC 
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channel on the converter chip, which is based on an industrial IP (Minderico et al. 
2003). The ADC has a resolution of 12 bits, which is obtained by cascading a flash 
stage with 2.5-bit resolution and a 10-bit pipeline ADC with 1.5-bit/stage topol-
ogy that digitizes the residue of the flash. The ADC is followed by a digital circuit 
that selects the code with the highest nonsaturated value and sends it to the serial 
output port. Low-voltage differential signaling (LVDS) is used for the digital I/Os 
to minimize switching noise. The multigain capability of the MGPA is exploited to 
expand the dynamic range of the system, which has a 12-bit resolution, to 16 bits, 
and the selection of the suitable gain range to be used for further processing is done 
a posteriori by a simple digital circuit. This can be contrasted with other applica-
tions in which range selection is performed at the analog level (Anghinolfi et al. 
1995; Bonvicini et al. 2007).

The flexibility of the digital postprocessing makes it easy to handle conditions 
that would be problematic for a pure analog technique. For instance, a hysteresis 
mode allows digitizing to continue in the same channel of the peak for the samples 
that occur in the tail after the peak itself, in order to avoid large discontinuities on the 
same signal. The power consumption of the ECAL frond-end electronics is 600 mW 
for the MGPA and about 500 mW for the ADC chip.

A very good demonstration of the potential offered by digital signal conditioning 
in a charge-measuring application is given by the front-end electronics of the Time 
Projection Chamber of the ALICE experiment at CERN, which studies ultra-relativ-
istic heavy ion collisions at the LHC.

The chip set consists again of two ASICs, each one integrating 16 parallel chan-
nels. The first chip is a purely analog front end and is implemented in a 0.35-µm 
CMOS process. Each channel is made of a charge-sensitive amplifier, followed by 
a pole-zero cancellation network and a two-stage T-bridge filter to achieve a fourth-
order shaping function. The second stage of the filter is also used to convert the 
single-ended signal coming from the previous stages to a fully differential one, suit-
able to drive the ADC. The differential outputs are buffered individually, so that the 
DC level of each one can be independently regulated.

The amplifier is designed for a total conversion gain of 12 mV/fC, a full width at 
half maximum (FWHM) of the output pulse of 190 ns, and a power consumption of 
less than 20 mW per channel. The output signal of the front-end amplifier is fed to 
the second ASIC. Called ALTRO (Alice Tpc ReadOut) (Bosch et al. 2003), this chip 
is fabricated in a 0.25-µm CMOS technology. It embodies in each of its 16 channels 
a 10-bit pipeline ADC followed by a multistage digital signal processor (Figure 9.4). 
The first stage of the chain is used to perform preliminary processing on the incom-
ing data stream delivered by the ADC. Gain equalization, nonlinearity corrections, 
and offset subtraction are applied at this level. The offset is calculated by averaging 
baseline samples taken outside the acquisition window, which is defined by an exter-
nal trigger signal. In this way, slow baseline drifts due, for instance, to temperature 
variations can be compensated for.

A dedicated memory stores a fixed pattern that can be subtracted to remove sys-
tematic disturbances superimposed on the input signal. In addition, the memory can 
be used to provide a known pattern to the next stages. This feature makes it possible 
to test the following part of the processor by injecting a digital “calibration signal,” 
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without the need of stimulating the analog section. The preprocessed data are then 
fed to a digital filter (Mota et al. 2000). The function of this block is to minimize 
pileup of signals by cutting the long tail due to the slow ion motion that is typical 
of gaseous detectors. Implemented as a third-order infinite impulse response (IIR) 
filter obtained by cascading three first-order filters, this circuit is one of the most 
interesting parts of the chip. Traditionally, in fact, tail cancellation was obtained 
by pole-zero analog networks (Baur et al. 1998), whose performance is limited by 
the accuracy of the devices used to build them. In the digital domain, on the other 
hand, the precision of a calculation depends only on the length of the data words. 
Furthermore, the filter can be easily reprogrammed and adapted to different experi-
mental scenarios by changing the values of a few coefficients. After the tail cor-
rection, the data are passed to another circuit that inspects the baseline to look for 
nonsystematic variations determined by pickup noise. Such components are calcu-
lated by mean of a moving-average filter and subtracted. At this point, the interest-
ing pulses are nicely superimposed on a flat baseline, so zero-suppression can be 
reliably applied by means of a simple threshold. In order to avoid occasional noise 
glitches, at least two consecutive samples must be above threshold. A time stamp is 
added to allow proper event reconstruction. After being formatted in a 40-bit word, 
the final data are stored in a multihit memory that can accommodate up to eight 
consecutive events.

Two further aspects of this chip deserve attention. First, the circuit uses two dif-
ferent clocks: one for controlling the ADC and the signal-processing circuits and one 
for managing the readout part. In this way, it is possible to adapt independently the 
speed of the two sections of the ASIC to the experimental needs. When possible, one 
could use the ADC at lower speed to improve resolution and reduce power consump-
tion while still running the output stage faster to maximize the data-transmission 
bandwidth. Additionally, data readout is stopped during the acquisition of a new 
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event to reduce the interference of the output stages on the ADC. This is particularly 
important, since the chip employs CMOS output pads with 2.5-V swing.

A second interesting point is that the sampling clock of the ADC is out-phased 
with respect to the clock that controls the rest of the logic. In this way, when the logic 
switches, the samples have already been acquired by the converter, and the risk of 
having them corrupted by some internal pickup of the digital activity is reduced. The 
power consumption of the chip, when the ADC is sampling at 10 MHz and the chip is 
read out at 60 MHz, is 20 mW/channel, while the ADC alone consumes 43 mW when 
it is used at its maximum speed of 40 Msamples/s. Further details on this ASIC can 
be found in Bosch et al. (2003).

9.3.2 arChiTeCTures based on analog memories

A common pattern that emerges from the circuits discussed in the previous subsec-
tion is that full-flash architectures are characterized by a modest integration density 
coupled to a relatively high power consumption. The fast ADCs needed in these 
systems are, in fact, power-hungry components. As a rule of thumb, one can assume 
that a 10-bit converter needs between 0.5 and 1 mW per Msample, leading to a power 
dissipation between 20 and 40 mW for a 40-MHz ADC.

In many applications, the power demanded by an early digitization executed 
immediately after the front-end amplifier can not be afforded. One common example 
is given by the silicon tracker employed in high-energy physics experiments, where 
front-end chips with 64–128 channels and a power budget of 2–4 mW per chan-
nel are necessary. Another case is found in the front-end electronics of the highly 
integrated PET scanners envisaged for multimodality imaging and based on highly 
segmented photon detectors. In these applications, sampling and temporary analog 
storage, which require much simpler hardware, can be decoupled from digitization. 
The former have to be carried out, in fact, for all possible events, while the latter is 
needed only for those events that actually occur. In colliding-beam experiments, 
for instance, two beams of accelerated particles are smashed against each other at a 
given frequency (25 ns in case of the LHC), which hence determines the sampling 
rate of the associated detector systems. However, the frequency of the truly interest-
ing events created in the collisions, and for which digitization is indispensable, is 
much smaller (100 kHz or less). Similarly, in a PET detector, a fast front end is desir-
able to preserve good timing information, but the event rate is normally limited to a 
few kilohertz per channel. Hence, fast sampling and analog storage can be coupled 
to a slower ADC per channel, or, alternatively, to a fast ADC shared by many chan-
nels. The converter can also be put outside the front-end chip and located in areas in 
which power dissipation is less critical.

Analog values can be sampled and held with compact cells consisting of capaci-
tors and switches. Many of these cells can be put in one channel to keep the informa-
tion stored until an external trigger signal initiates the readout and to derandomize 
the arrival time of the events. In this way, the readout can take place at the average 
rate without incurring a significant data loss. Called analog memory, this class of 
circuits has found widespread use in the design of integrated circuits for radiation 
detectors. ASICs with up to 512 storage cells per channel have been described in the 



234 Electronics for Radiation Detection

literature (Baur et al. 1998). Figure 9.5 presents a typical analog memory channel 
and the details of one storage cell. Despite its simplicity, the design of these circuits 
entails a few relevant issues.

A key point is the choice of the sampling capacitor. Many technologies with a 
feature size of 0.35 µm or coarser offer two layers of polysilicon to form very lin-
ear capacitors with a density of 1–2 fF/µm2. Hence, a 500-fF capacitor, which is a 
typical value for a storage cell, requires an area of 20 × 20 µm. In processes of the 
quarter-micron generation and beyond, linear capacitors are instead obtained by two 
dedicated layers of metals. Yield considerations generally prevent the use of these 
components in large analog memories. The reason is as follows.

Modern CMOS technologies constrain each layer of material used in chip fabri-
cation (diffusions, polysilicon, and metals) to cover a given chip area. For instance, 
a typical requirement is that any metal layer present in the process must occupy 
between 25% and 70% of the silicon area, with a distribution as homogeneous as 
possible. Violations of these rules result in poor planarity of the oxides separating 
the different layers, with possible failures of the vias that have to connect them in 
selected points. A long chain of cells, replicating over many equal channels, is likely 
to violate such a rule. Even if a small prototype works successfully, the yield can 
be very poor when a full-size chip is produced. Furthermore, special processing 
steps are often involved in the fabrication of metal–metal capacitors, and thus their 
use may be subject to quite severe restrictions. One is then forced to employ MOS 
capacitors, which in deep-submicron processes offer a very high density (5 fF/µm2 
being a common figure), but also exhibit a significant voltage dependence. Therefore, 
the impact of the capacitance variation with the applied voltage must be minimized 
to avoid exploiting the MOS device to perform current-to-voltage conversions. For 
example, if a voltage is stored in the capacitor by driving the cell with a low-output 
impedance amplifier, than the cell should not be read out by directly discharging it 
with a constant current source and counting the time taken by this operation. This 
would, in fact, measure the charge stored, which, due to the voltage dependence of 
the MOS capacitor, will be related in a nonlinear way to the written voltage.

Another potential problem arises from the charge injection of the switches. The 
charge stored in the conductive channel of a transistor is proportional to VGS − VTH, 
where VGS is the gate-source voltage and VTH is the threshold voltage. Since it has 
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its source grounded, the switch put in the signal return path will inject a constant 
charge. The switches in the signal path, on the other hand, will store in their chan-
nel a charge depending on the sampled voltage. The problem is further exacerbated 
by the modulation of the threshold voltage due to the body effect. To maximize the 
linearity, the switch in the signal path can be removed, as discussed in Haller and 
Wooley (1994). However, this affects the useful dynamic range. In fact, in this case, 
the top plate will always be connected to the front-end amplifier, and its voltage will 
also change when the cell is not written. In order to preserve the charge, the bottom 
plate of the capacitors, which are in the storage mode, will change accordingly, and 
it may be driven below ground, putting the associated switches back into conduction. 
In practice, good results in terms of dynamic range and linearity have been obtained 
by maximizing the symmetry of the circuit with switches connected to both plates 
(Anelli et al. 2001). Attention must also be paid to the design of the circuitry that 
generates the digital signals that drive the switches. The goal here is to avoid charge 
sharing between two consecutive cells and to minimize digital feed-through. The 
reader is referred to Anelli et al. (2001) for a more in-depth treatment on the imple-
mentation of analog memory in submicron CMOS technologies.

To illustrate further the use of analog memory in charge-measuring integrated 
circuits, we now discuss a few practical cases. The circuit reported in Tedja et al. 
(1995) provides an instructive example of an integrated front end employing this 
concept. Implemented in a 1.2-µm CMOS process, the chip was designed to read out 
silicon-strip detectors with 30-pF sensor capacitance and optimized for a particle-
physics experiment in which collisions took place every 144 ns. Figure 9.6(a) shows 
the block diagram of one channel. The input stage consists of a charge-sensitive 
amplifier followed by a pole-zero cancellation network. Here, the sensor current is 
amplified by the ratio Cpz/Cf and shipped to the second stage. The latter is a current 
amplifier that combines a common-gate topology with a current mirror and has a 
gain of 10. The output branch of the current mirror, which delivers the signal current 
to the analog memory, is built with a telescopic cascode architecture to increase its 
output impedance. Another amplifier is inserted in the feedback path of the second 
stage. The purpose of this additional element is to suppress the DC offsets and to set 
the high-impedance output of the second stage to a stable bias point. The technique 
can be understood with the help of Figure 9.6(b) and works as follows.

During the calibration phase, the switches are closed. The feedback amplifier has 
a differential architecture and, combined with the output branch of the second stage, 
forms an operational transconductance amplifier (OTA), connected as a unity-gain buf-
fer. The OTA locks the output node to a fixed reference voltage. During calibration, the 
front end is not able to process an input signal. When the switches are opened, the dif-
ferential amplifier is removed from the feedback path, and the front end is put back into 
the acquisition mode. A voltage is stored in a dedicated capacitor (Cadj in Figure 9.6b) 
and converted by a transistor (Moutn1) to a current that is added to the output branch of 
the second stage to preserve the same DC conditions established during calibration.

The output of the front-end amplifier is first shorted to a reference voltage to dis-
charge its associated parasitic capacitance and then integrated for 128 ns in a storage 
capacitor in the analog memory. Performed in a time interval of 16 ns, the former 
operation is necessary to prevent signals that were integrated on a given time window 
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from being partially summed in the next one. Samples are therefore acquired every 
144 ns. Each integration cycle is performed on a different sampling cell to avoid over-
writing a potentially interesting event. The analog memory consists of 16 cells, so 
the information can be stored for 2.3 µs. If, during this time, the sample is validated 
by an external trigger command, the interesting cell is put in readout mode, and its 
content cannot be overwritten. The other capacitors may still be used for acquiring 
new events. The absence of a trigger within 2.3 µs determines the overwriting of 
the cell by a new sample. The total number of cells chosen for the memory is hence 
defined by the latency of the trigger signal, with the circuit acting as an analog delay 
line. When a cell is tagged for readout, the charge stored in the capacitor is digitized 
with a Wilkinson ADC: A constant current source discharges the capacitor, and the 
time needed for this operation is measured by an 8-bit counter driven by a 62.5-MHz 
clock. Hence, the conversion of a full-scale signal lasts 4 µs. The full channel works 
as a charge digitizer: Only one sample per event is taken, and the information on the 
shaper of the waveform at the preamplifier output is not preserved.

It is important to observe here that, when digitization takes place, some extra digi-
tal logic is working on the chip, and its switching could induce noise on the analog 
section. A possible alternative is avoiding concurrent digitization and sampling, with 
the penalty of introducing a dead time into the system. Circuits that are capable of 
performing simultaneously the digitization and readout of stored samples together 
with the acquisition of new ones are usually referred to as “dead-time free.”

The reader should note that all the information is processed by the ASIC in the 
current domain, without requiring precise current-to-voltage conversions. This has 
two key advantages. First, the gain of the system depends on the ratio between com-
ponents of the same type. The matching between the parameters of two integrated 
devices of the same nature is much better controlled than their absolute values, so 
the gain of the channel can be quite precise and does not need to be calibrated. 
Additionally, one stores in the capacitors and reads back from them the same physi-
cal quantity, which in this particular case is a charge. Thus, as noted previously, the 
linearity of the capacitors is not a major issue, and they can be implemented using 
compact but relatively nonlinear MOS transistors. The chip dissipates 1 mW of power 
per channel, most of which (620 µW) is invested in the charge-sensitive amplifier to 
keep the input referred noise below 1800 electrons rms. The circuitry needed for the 
Wilkinson ADC dissipates only 150 µW. It is interesting to compare this figure to 
the power dissipated by a full-flash architecture working at the same speed. An ADC 
with a sampling rate of 7 MHz typically takes between 3.5 and 7 mW. Including the 
front-end amplifier, the total power consumption would be between 4 and 7.5 mW 
per channel, the extra power being mostly spent in the digitization of samples that 
are soon discarded.

We now turn our attention to another example of a charge-measuring ASIC based 
on analog memory. The circuit was developed to read out the silicon drift detectors 
(SDDs) of the aforementioned ALICE program at CERN. A first 32-channel proto-
type of this chip is described by Mazza et al. (2004), while some details on the final 
64-channel version installed in ALICE can be found in Rivetti et al. (2005).

SDDs (Gatti and Rehak 1984) exploit segmentation of the charge-collecting elec-
trode in one direction and measurement of the charge drift time in the other to obtain 
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an unambiguous two-dimensional position measurement with a reduced number of 
channels. In ALICE, a single SDD sensor has an active area of 7 × 7.5 cm and is 
read out on both sides by an array of 256 anodes with 294-µm pitch (Rashevski et 
al. 2002). Analog readout is exploited to calculate the center of gravity of the charge 
cloud in both the anode and the drift (time) directions. This leads to a resolution 
of 30–40 µm in both coordinates (Nouais et al. 2003). To reconstruct the center of 
gravity in the time direction, the information on the signal shape is preserved by 
taking multiple samples on the same waveform. A simplified schematic of the chip 
showing the relevant building blocks is reported in Figure 9.7.
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In each channel, the signal coming from the sensor is amplified by an analog 
front end with 40-ns peaking time. The front end converts the sensor current into a 
voltage with a conversion gain of 50 mV/fC. The resulting output is sampled by an 
analog memory with 256 cells that is driven by a 40-MHz clock. The number of cells 
needed is defined by the maximum drift time foreseen (6.4 µs) divided by the sam-
pling time (25 ns). In other words, the depth of the memory must allow the chip to 
store a full picture of the event that has occurred in the sensor. The ASIC relies on an 
external trigger to select valid data, and trigger latencies up to 6.4 µs can be accom-
modated. The trigger starts the digitization phase. In this mode of operation, the 
cells are sequentially put in feedback to an operational transconductance amplifier, 
and the voltage stored into them is read back. Once more, the memory is not used to 
perform any conversion that would rely on the linearity of the sampling capacitors, 
which are hence implemented with compact MOS devices.

The OTA drives the analog-to-digital converter. To prevent the coupling of the 
ADC switching noise into the front end, digitization and sampling are mutually 
exclusive. This also simplifies the architecture of the analog memory, at the expense 
of introducing a dead time. To minimize the dead time, a successive-approxima-
tion ADC, which is significantly faster than a Wilkinson, is used. The converter, 
described by Rivetti et al. (2001), has a resolution of 10 bits and operates with a full 
scale of 1.4 V, so the LSB is 1.4 mV. Clocked at 40 MHz, the ADC needs 250 ns to 
complete a conversion. To this time, one has to add the settling time of 370 ns that is 
needed by the read amplifier. The conversion of one sample therefore lasts 620 ns, to 
be compared to the 25.6 µs that would be required by a Wilkinson ADC operating 
in the same conditions. One ADC is shared between two adjacent channels, so the 
time to read the full memory is 317 µs.

The ASIC also has a “fast mode,” in which the sampling clock of the analog mem-
ory is halved. This allows cutting the number of samples and hence the dead time 
by a factor of 2, at the expense of a somewhat lower but still acceptable resolution. 
The final 64-channel chip embodies 32 ADCs. Working in parallel, the converters 
present a severe load to the two reference voltages, which are hence provided by two 
low-drop-out regulators (LDOs) incorporated directly on chip. The digitized data 
are sent off the chip via a 20-bit parallel bus working at 40 MHz. Because conver-
sion and data transmission can be concurrent, all the digital I/Os are differential. 
However, the power consumption of standard LVDS links was not affordable in this 
application. Taking advantage of the fact that, in the final system, data are passed 
to another ASIC located less than 1 cm away, the digital transmitters are imple-
mented with low-current drivers that steer a current of 150 µA in a loop closed on 
a 2-kΩ resistor. The clock is the only signal received with a standard LVDS link. 
Implemented in a 0.25-µm CMOS technology, the front-end ASIC dissipates, per 
channel, 3.5 mW of power during sampling and 4.8 mW during digitization. This 
must again be compared to the 20–40 mW per channel that would be needed by a 
full-flash approach with the same sampling speed.

As our last example of a circuit employing analog memory, we discuss briefly 
a recently reported chip developed for an APD readout in a positron emission 
mammography application (Rodrigues et al. 2009). The need of reading more 
than 12,000 sensing elements has motivated the development of this ASIC, which 
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incorporates 192 channels that process the signals delivered by six different APD 
arrays. In each channel, a front-end amplifier converts the detector current into 
a voltage pulse with a gain of about 20 mV/fC and a peaking time of 20 ns. The 
output of the amplifier is continuously sampled by an analog memory that has 10 
cells, each implemented with a poly-poly capacitor. A fast comparator monitors the 
amplifier output and fires in case a signal above threshold is detected. The samples 
stored in the corresponding channel are then sent off the chip using one of the two 
available output buffers.

In parallel with the analog samples, the address of the firing channels is sent via 
a dedicated LVDS link. Two channels can be served simultaneously. If a third hit is 
detected while the output buffers are occupied, an error flag is generated. The sam-
ples are written and read back from the memory at the same frequency (50 MHz). 
Thus, the chip acts as a fast, self-triggered waveform sampler and multiplexer that 
reduces the number of lines from 192 to 8. In fact, four lines are needed for the 
differential transmission of the analog data, while the other four are taken by the 
two LVDS links that send the channel address. Interestingly, the uniformity of the 
comparator is so good that the same threshold voltage can be applied to all of them 
with an external DAC, without requiring fine tuning on chip. The fact that sampling 
and readout in the ASIC are concurrent does not introduce undesirable effects, and 
the noise of the system (1300 electrons rms) is defined by the intrinsic thermal noise 
of the front-end amplifier. The chip is fabricated in a 0.35-µm CMOS process and 
dissipates 3.5 mW per channel from a 3.3-V power supply.

9.3.3 peak deTeCTors and hold

An interesting alternative to waveform sampling is provided by peak detection and 
hold. In this scheme, the front-end amplifier is followed by a unidirectional circuit 
that tracks the amplifier output until the maximum is reached and stores the cor-
responding value in a capacitor. Called an analog pulse stretcher, this component 
is commonly available in the form of a stand-alone module for crate-based nuclear 
instrumentation. Its implementation in an integrated form in CMOS technologies is 
a not a trivial task. A detailed analysis of the design issues involved in this concept 
is beyond the scope of this chapter, but the interested reader can find an exhaustive 
treatment in the work of De Geronimo et al. (2002a).

In a related paper, the same authors (De Geronimo et al. 2002b) propose a novel 
scheme that implements an accurate peak detect-and-hold function in CMOS. Shown 
in Figure 9.8, the circuit is based on the concept of using the same components in two 
separate configurations, one optimized for peak detection and the other optimized 
for storage. In the peak-detection mode, switches S3, S4, S5, and S6 are open, while 
S1 and S2 are closed. The S6 switch allows setting the value of the voltage Vh to a 
known baseline value. Waveforms in the key nodes of the circuit are shown in the 
right part of Figure 9.8. We notice that when the input signal is rising, an error volt-
age Vin − Vh is sensed by the OTA, which tries to minimize this error. As a conse-
quence, the voltage on Vg is driven abruptly down, and a current flows in Mg and M1. 
The current in M1 charges the hold capacitor, whose voltage follows the input one. 
After the peak, the input signal starts its return to the baseline, so to follow it at Vh, 
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one would need to discharge the capacitor. However, the pMOS transistors can only 
source current, so the node Vg is driven sharply up. Mg and M1 are quickly driven in 
the off-state, and the value of the peak is stored. A comparator is used to sense the 
second transition on Vg and to change the configuration of the switches. Switches S1 
and S2 are now opened, while S3, S4, and S5 are closed. The OTA is now put in a 
unity-gain configuration, with the buffer hold capacitor isolating it from the subse-
quent circuitry, thereby avoiding any loading effect that may corrupt the accuracy of 
the peak. A key point is that, since the same OTA is used in both phases, its offset is 
naturally subtracted, becoming inessential. Furthermore, since the second Vg transi-
tion occurs on the peak, it is ideally independent of the signal amplitude and thus 
provides accurate timing information to time-stamp the event. The circuit is hence 
self-triggered.

Several cells can be used in one channel to provide multibuffering capability. To 
maximize the dynamic range, the OTA employs a rail-to-rail input stage. A linear 
dynamic range of 2.7 V is achieved while the circuit, which is implemented in a 
0.35-µm process, is powered at 3.3 V and dissipates 3.3 mW. An absolute accuracy 
on the peak measurement of 0.2% was demonstrated using the circuit in a high-rate 
spectroscopy system based on CZT (cadmium zinc telluride) detectors (De Geronimo 
et al. 2002c).
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9.3.4 Full-Flash versus analog derandomizaTion: some remarks

It is apparent from the practical cases discussed in the previous subsections that 
circuits employing analog sampling and derandomization before the ADC offer sig-
nificant savings in power consumption with respect to full-flash implementations. 
We see here an example of a more general fact. In acquisition systems, architectures 
based on slower processors with buffers in front are normally cheaper than their 
counterparts built with faster processors, since memory demands less complexity 
than processing. Furthermore, for a given number of bits, the difficulties encountered 
in ADC design tend to grow exponentially with the conversion frequency required. 
For a very demanding application, it can be more efficient to incorporate in the front-
end chip a converter provided by a specialized design house rather than embarking 
on a custom development, which can be very time consuming.

While architectures based on analog memory or peak detection are generally 
more power efficient, the full-flash approach may have a clear advantage in self-trig-
gering applications. Front-end circuits for radiation detectors are very often designed 
using single-ended circuit topologies. This is motivated by the fact that the sensor is 
single-ended, so even if a fully differential design style is employed inside the chip, 
the symmetry will break at the input stage. This has led many authors to prefer sim-
pler single-ended architectures, which also offer some power savings. Thus, these 
circuits have limited common-mode rejection. A self-triggering architecture based 
on an analog memory requires a comparator at the output of the amplifier, and if 
some common mode is present, the threshold needs to be increased, which affects 
the sensitivity. On the other hand, if the data are immediately digitized and pro-
cessed in pipeline, common mode noise could be calculated and subtracted digitally 
before deciding whether the hit has to be further processed or discarded. In circuits 
that are not self-triggered, this aspect is less critical, since the decision about the 
acquisition is made by another system and, once they have been digitized, the data 
can be filtered to suppress common mode components.

9.4  PrActIcAl desIGn AsPects In 
InteGrAted Front-end systeMs

We now address practical aspects that are fundamental to the design of large front-
end ASICs that perform well in real systems. The complexity of the topics makes 
it impossible to give an exhaustive treatment in the span of a few pages. Thus the 
aim of this section is to make the reader aware of the key problems and to provide 
adequate references for a more in-depth study.

9.4.1 minimizing digiTal noise

It is apparent from the examples in the previous section that multichannel charge-
measuring ASICs are, in general, mixed-mode circuits, in which many digital gates 
share the silicon with sensitive analog components that must detect signal charges 
below 1 fC. By switching between the power-supply rails, the digital logic can inject 
through the common substrate unwanted disturbances that can easily corrupt the 
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performance of the analog blocks. Called substrate noise, this phenomenon is of 
great importance for all mixed-mode integrated circuits, and a wide reach of litera-
ture on this topic has developed along the years (Su et al. 1993; Blalack and Wooley 
1995; Aragonès and Rubio 1999; Peng and Lee 2004; Badaroglu et al. 2004; Lan et 
al. 2006). To illustrate the problem, we refer to Figure 9.9. Here, two MOS devices 
are shown, one belonging to a digital circuit and the other to an analog circuit.

In Figure 9.9(a) the transistors are fabricated on a lightly doped (typically 10 
ohm·cm) epitaxial layer grown on a highly doped substrate (0.01 ohm·cm), while in 
Figure 9.9(b) the whole substrate is lightly doped. Epitaxial wafers are frequently 
found in processes of the 0.35–0. 25-µm generation, while lightly doped ones are 
commonly used in 0.13-µm technologies and beyond. When the inverter is switch-
ing, three main mechanisms can inject parasitic currents into the substrate. First, 
electrons accelerated by the electric field in the device may have sufficient energy 
to create electron-hole pairs (impact ionization), with the holes flowing into the 
substrate. Second, current can be injected via the capacitance associated with the 
reverse-biased junctions. Third, the fast-current transients, which happen when the 
gate changes its state, create bounce in the power-supply lines due to the nonzero 
inductance of the connections. The bounce on the positive power supply creates cur-
rent into the substrate via the capacitive coupling occurring between the substrate 
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FIGure 9.9 Digital noise path in epitaxial (a) and lightly doped substrates (b).
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and the n-wells in which pMOS transistors are fabricated, while the bounce on the 
ground couples to the substrate via the finite resistance of the substrate contacts. This 
last mechanism was found to be dominant in an experimental study conducted by 
Aragonès and Rubio (1999) and is confirmed to be the key player in substrate noise 
injection in deep-submicron technologies (Badaroglu et al. 2004). Parasitic currents 
flowing into the substrate can affect a critical device, like the input transistor of an 
analog front end, in three possible ways: tweaking the local bulk potential and hence 
the threshold voltage; coupling AC currents via the junction capacitances; and modu-
lating the analog ground line, which is typically also used to bias the substrate in the 
analog portion of the chip.

The way that parasitic currents spread in a circuit heavily depends on the wafer 
type. In epi wafers, the currents quickly reach the highly doped part, which behaves 
as a lumped node. A disturbance in this node is easily picked up by the analog cir-
cuits through the substrate contacts. Therefore, in this case, protective guard rings 
around the sensitive circuits and physical separations between digital and analog 
blocks, although advisable, may not be very effective in reducing the induced noise. 
It has been suggested by Gabara (1988) that a backside contact with very low imped-
ance may help in mitigating the problem. This concept was applied, for instance, in 
the SVX3 front-end circuit described by Zimmermann et al. (1998). Many mixed-
mode front-end ASICs successfully in use are fabricated on epi wafers using 0.35–
0.25-µm CMOS processes. In a lightly doped substrate, on the other hand, currents 
tend to propagate more superficially. In this case, physical separation and guard rings 
are more helpful. Aragonès and Rubio (1999) found that the same test circuit fabri-
cated on both types of wafers has a significantly lower noise when implemented on 
a lightly doped substrate.

Modern very-deep-submicron processes offer the possibility of having triple-well 
nMOS transistors. In these devices, a deep n-well is fabricated in the substrate. Inside 
the n-well, a p-well is formed to host the nMOS device. This has the advantage that 
the transistor can be very effectively insulated from the substrate. Furthermore, the 
source and the bulk can always be connected, thereby suppressing the body effect. 
Although this configuration takes significantly more layout area, triple-well nMOS 
is a natural candidate to implement very critical devices like the input stage of front-
end amplifiers.

Several techniques for minimizing substrate noise have been proposed, some of 
which are rather elaborate (Peng and Lee 2004). Of course, the degree of sophistication 
depends on the requirements of the applications. We have a few basic suggestions.

 1. Each analog block should have its own line for power, ground, and substrate 
biasing. In particular, it is important that the input stage of the analog front 
end does not share any of these lines with other circuits. Up to now, we 
have been concerned about noise injected by digital elements. However, for 
low-power applications, it can be helpful to use class AB analog circuits to 
reduce the power consumption. A common example is the output stage of a 
fast shaper that has to deliver relatively large signals to the rest of the pro-
cessing chain. Since a class AB circuit can drive a signal current much big-
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ger than the one required at the quiescent bias point, the current variation 
in its power-supply lines can be significant, and sharing those lines with the 
first amplifying stage can be detrimental.

 2. Analog and digital blocks should be separated as much as possible and 
shielded by guard rings. Dedicated insulation trenches must be used if 
available in the process.

 3. A careful pad assignment should be made, and enough pads should be 
reserved for the power and ground lines to minimize the series induc-
tance in the connection.

 4. If possible, one should use a digital library in which the bulk of the transis-
tors are not tied to their source. Independent lines should be used to bias the 
substrate of the cells, and of course these lines should not be shared with 
their counterparts employed in the analog section.

 5. Enough decoupling capacitors should be foreseen. Decoupling capacitors 
should also possibly be integrated on the chip.

 6. The minimum value of the power-supply voltage that allows a correct func-
tioning of the digital logic should be used.

 7. Most of the switching activity occurs at the I/O ports, which should not 
have the power lines in common with the core logic located inside the chip. 
Low-voltage differential signaling (LVDS), which works by steering a con-
stant current between two branches, should always be used, and CMOS 
pads should be avoided.

The use of LVDS often raises some concerns. On the one hand, an LVDS link 
requires twice the number of lines with respect to its CMOS counterpart. On the 
other hand, an LVDS driver steers a constant current of 2–4 mA; thus its power dis-
sipation easily exceeds 10 mW per port, and it is independent of the frequency. To 
dissipate 10 mW, a CMOS driver working at 2.5 V should send a signal at 200-MHz 
frequency on an 8-pF load. However, the benefits provided by LVDS extend beyond 
the minimization of the switching noise on the chip. Its use is always recommendable 
and becomes a must whenever off-chip data transmission is concurrent with signal 
acquisition from the sensor. To better understand this point, consider the following 
example.

A front-end ASIC is specified to provide an ENC of 500 electrons rms. When the 
chip has a hit, it raises a flag to the data-acquisition system through a CMOS output 
port with a 2.5-V swing. A 0.5-fF parasitic capacitance on the PCB between the flag 
line and the input of the front-end amplifier determines the injection of a charge of 
1.25 fC (7800 electrons), which is well beyond the specified noise limit. Even worse, 
if the signal exceeds the specified threshold, it may trigger another switching event, 
leading to a disastrous positive feedback. In the design of a mixed-mode system, 
one is often concerned by the interference coming from the clock. However, if the 
bandwidth of the front-end stage is small enough, the leading and trailing edges of 
the clock will occur before the front-end amplifier has the time to develop a full 
signal, and they will tend to cancel each other. Furthermore, if the amplifier output 
is sampled synchronously with the clock, the perturbation on the baseline will be 
captured with the same phase and will tend to manifest itself as an offset. However, 
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signals occurring asynchronously and lasting several clock periods can be much 
more harmful, since they give the front end the time to develop a full response.

Good mixed-mode practice generally tends toward an increase in the number of 
I/O pads and external decoupling capacitors. This leads, of course, to some compli-
cations in the development of the front-end board and to additional costs, which can 
be critical for some applications. The chip designer should nevertheless be prepared 
to resist the pressure to simplify the design that sometimes comes from other parties 
involved in a complex project, since a badly performing front end compromises the 
quality of the measurements and is often at the source of endless debugging efforts.

9.4.2 Common mode noise

The baseline levels of different channels are often observed to fluctuate coherently in 
time, superimposing a parasitic component, the common mode noise, on a genuine 
signal. One case that may happen is when the switching noise modulates the refer-
ence ground of the front-end amplifier. As illustrated in Figure 9.2, this disturbance 
can be amplified by the ratio between the parasitic capacitance connected to the 
input and the feedback capacitance.

Another situation occurs when data are transmitted outside the front-end chip via 
a single-ended link (Spieler 2006). In Figure 9.10a, a single-ended transmitter sends 
a signal to a receiver. The current flows back to the receiver via the common return 
path. Due to the finite impedance, a voltage drop may develop and contaminate the 
transmitted signal. Figure 9.10b depicts an LVDS-like connection, in which a current 
is steered in a well-controlled loop. The receiver senses only the difference between 
the two lines, thereby rejecting any disturbance that may affect both of them simul-
taneously. Furthermore, the return to the receiver occurs via a well-defined path, 
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and the “grounds” of the two circuits need just a loose coupling, represented here 
by a resistor. If the receiving circuit is a noisy processor, it will be more difficult for 
its switching noise to reach the sensitive front end. In addition, having the currents 
circulating in well-controlled loops also minimizes the risk of unwanted pickups. 
Needless to say, these considerations apply independently of the form (analog or 
digital) in which data are transmitted.

Since common-mode noise affects many channels simultaneously, it can be calcu-
lated and subtracted. This can be done either off-line during data analysis or online 
with dedicated signal-processing stages. In self-triggering systems, if the baseline 
and the threshold are not equally affected, false hits can be flagged, and one would be 
forced to work with a higher threshold and a reduced sensitivity. In some cases, the 
threshold voltage is provided via a replica of the front-end amplifier, with the idea that 
common mode will appear on both inputs of the comparator and be rejected by its dif-
ferential input stage. However, a radiation sensor is intrinsically single-ended, and it 
can be difficult to achieve an adequate match between the conditions at the input of a 
real channel and of the replica circuit. Thus, in the case that a mechanism such as the 
one depicted in Figure 9.2 is at play, this solution may not be completely effective.
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10.1 IntroductIon

Signal conditioning is essential in obtaining and improving spatial as well as energy 
information in radiation-detection systems. Due to the generally extremely low sig-
nal levels supplied by a radiation detector, there is a strong demand for low-noise, 
high-gain, unconditionally stable, and best-matched signal-conditioning compo-
nents. State-of-the-art signal conditioning is still mainly based on analog devices. 
However, there is an ongoing trend to integrate discrete analog structures and to sub-
stitute more and more analog devices by digital methods and procedures. Although 
the basic principles of signal-conditioning procedures, either analog or digital, are 
well understood [13, 14], the ongoing progress in technology and performance also 
demands an improvement in the theoretical background.

This chapter is devoted to discussion of analog signal conditioning for position 
determination. It explains in detail basic definitions, design specifications, proce-
dures, and principles of signal conditioning to be used in any type of radiation-detec-
tion systems. It is a major concern to explain the difference between current- and 
charge-sensitive signal conditioning. Their advantages and drawbacks will be dis-
cussed. The general method of signal shaping will be introduced and explained 
based on the example of Gaussian delay-time approximation.

A special focus is on the theoretical description of the noise of a signal amplifier 
connected to a detector-specific input impedance, aiming at the improvement of 
the signal-to-noise ratio for best spatial and energy resolution. In position-sensitive 
detector (PSD) systems, two charge/current-sensitive preamp inputs may be con-
nected via a coupling impedance. Due to this coupling, the output noise increases 
significantly. The behavior of that kind of coupling-induced noise is investigated 
using a technique called noise gain calculation. The output noise correlation is 
analyzed analytically. Attained results are cross-checked via simulations and 
measurements. Conclusions are drawn to better understand system resolution esti-
mation for coupled preamplifier designs. The outcome may guide the reader in 
selection, design, and optimization of the signal-conditioning chain for position-
sensitive radiation detection systems.

10.2 sIGnAl condItIonInG

The signal-conditioning chain in a detector system is used to convert the charge 
supplied by the detector into a voltage or current pulse to be acquired and pro-
cessed by the data-acquisition system. The classical approach is a charge-sensitive 
signal-conditioning system (Figure 10.1). It consists of a charge-sensitive preampli-
fier (CSA) and a pulse-shaping device. In the classical approach, the pulse shaping 
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has to be designed using a series connection of a differentiator (high-pass) and an 
n-pole integrator (low-pass). The charge-sensitive preamplifier is used to integrate 
the input pulse, thus forming a charge-proportional voltage pulse. The output pulse 
has a rather long decay time (≈100 µs). To increase the counting rate of the system, 
the pulse decay time must be reduced by two orders of magnitude. This is achieved 
by differentiation of the signal. The second integrator stage is used to form a defined 
pulse shape (i.e., semi-Gaussian), mainly by increasing the rise time of the rising 
slope. This design has been used over decades in many radiation-detection systems. 
Its main advantage is that it has been extensively investigated and is thus theoreti-
cally well understood [17]. The charge-sensitive design is still the best choice for 
detector systems requiring excellent energy resolution.

A somewhat newer approach is the current-sensitive signal conditioning (Figure 10.2). 
It has a much simpler construction than the classical approach. It consists of a current-
sensitive preamplifier or current-to-voltage converter (ISA) directly followed by the 
pulse shaper low-pass. The integration of the charge is accomplished mainly by the 
pulse shaping itself. This also means that the pulse-shaping time is somewhat sensi-
tive to the charge formation and collection time of the detector. Due to the nonideal 
behavior of the current-sensitive preamplifier, the input pulse is partly integrated in the 
first stage, too. The current-sensitive signal-conditioning approach is the best choice 
for detector systems requiring highly linear position determination.

There are applications requiring both good energy resolution and excellent posi-
tion linearity. For these applications, the signal-conditioning system supplies a fast 
current signal and a slower energy signal [18].
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FIGure 10.2 Current-sensitive signal conditioning.
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10.2.1 preampliFier

The purpose of the preamplifier is to match the impedance of the detector into the 
signal-conditioning chain and to amplify the detector signal. It must provide signal 
amplification with extremely low additional noise, high linearity, and wide band-
width. But typically all amplifiers are bandwidth limited, especially those incor-
porating feedback structures. A bandwidth limitation influences significantly the 
signal. Thus, the type of preamplifier can be classified by the relation of its own 
bandwidth to the signal bandwidth. If the preamp bandwidth is smaller than or equal 
to the signal bandwidth, it acts as a charge-sensitive amplifier. If the preamp sup-
plies about one order of magnitude wider bandwidth, the output signal shape follows 
the input signal shape. Thus it acts as a current-to-voltage amplifier or as a voltage 
amplifier, depending on the feedback and detector impedance. Generally, all pream-
plifiers have low-pass characteristics.

10.2.1.1 charge-sensitive Amplifier
The charge-sensitive amplifier (CSA) produces a charge-proportional output voltage. 
Therefore, it has to integrate the input current over a defined time. The charge-sensitive 
amplifier acts as an integrator in the time domain or as a low-pass in the frequency 
domain. The time dependency of the output voltage on the input current is given by

 v q i t dtout in in = ⋅∫ ( )  (10.1)

A charge-sensitive amplifier (CSA) consists of an amplifier with negative feed-
back. The amplifier might be a transistor, an integrated circuit, or an operational 
amplifier. Here it is assumed that the amplifier is an operational amplifier. The 
general circuit is given in Figure 10.3. The operational amplifier has a quite high 
open-loop gain of about gOL = 103–105 (60–100 dB). The feedback loop contains a 
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FIGure 10.3 Electric circuit of an ideal preamplifier stage (either CSA or ISA).



Current- and Charge-Sensitive Signal Conditioning 253

capacitor Cf and a resistor Rf in parallel connection forming the feedback impedance 
Zf. The feedback resistance Rf is on the order of a few megaohms (MΩ). The input 
signal is fed into the summing point of the inverting input and feedback. The gain of 
the CSA is given by
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(10.2)

If the feedback resistance Rf is assumed to be infinitely large, the charge gain in 
the time domain becomes 1/Cf. Ideally, this device integrates immediately. In reality, 
the rise time of the output voltage is determined by the gain-bandwidth product of 
the amplifier. For a defined input charge, the output voltage is not stable. Due to the 
parallel connection of Rf and Cf, it shows a decay time constant of

 τdecay f fR C= ⋅  (10.3)

Thus only for a short time frame do we obtain the correct charge-proportional output 
voltage. This value must be sampled immediately after the end of the particle event. 
A time delay causes errors in energy and position determination due to the decay 
time constant and, in a coupled case, furthermore due to charge equalization [1].

The input impedance of a CSA is given by
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For high Rf and gOL it reduces to
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 (10.5)

yielding a so-called Miller capacitance seen at the input terminals. The equivalent 
Miller capacitance in the time domain is given by the feedback capacitance multi-
plied by the open-loop gain of the amplifier. Over the signal frequency range, the 
input impedance is purely reactive.

10.2.1.2 current-sensitive Amplifier
The current-sensitive amplifier (ISA) produces a current-proportional output voltage. 
For detector impedances above the input impedance, it acts as a current-to-voltage 
converter. The shape of the output waveform follows the shape of the input waveform. 
This is mainly achieved by designing the ISA with a quite large signal bandwidth. 
The feedback time constant of a ISA should be at least 10 times below the smallest 
input current pulse width. The ISA shows the same device configuration as the CSA, 
except the feedback resistance is smaller by about three orders of magnitude (≈kΩ). 
The output voltage is proportional to the input current.
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 v t i tout in( ) ( )∝  (10.6)

As the reactance of the feedback capacitance XCf in the signal frequency range is 
much higher than the resistance of Rf, it can be neglected. The signal gain simplifies to

 g
v
i

Z Rsignal
out

in
f f= = − = −  (10.7)

The gain of a voltage-to-current amplifier is sometimes referred to as transimped-
ance, given in units of volts per ampere (V/A).

The ISA shows no output signal decay time compared to the CSA.
The input impedance of the ISA, neglecting XCf, is given by

 Z
R

g
f

OL
in =  (10.8)

The input impedance of the ISA is determined by the ratio of feedback resistance 
and open-loop gain of the amplifier. The input impedance in the signal frequency 
range is purely resistive. It has no reactive or imaginary parts.

10.2.1.3 comparison of csA and IsA
To compare both types of preamplifiers, the frequency- and time-domain behaviors 
need to be studied (Figures 10.4–10.6). For that purpose, simulations have been car-
ried out using the electric circuit given in Figure 10.3. First of all, it can be clearly 
seen that both types of preamplifiers have low-pass characteristics. The only differ-
ence is that the ISA has a much wider bandwidth.

Typical input pulses having pulse lengths (Figure 10.6) in the submicrosecond 
range contain signal frequencies on the order of a few megahertz (MHz). Up to 1 
MHz, the ISA has a flat frequency response (Figure 10.4). However, the gain of the 
CSA falls above the corner frequency given by the first feedback pole 1/(RfCf) with 
−20 dB/decade. This is the reason for the integrative behavior. Both amplifier types 
CSA and ISA show in the frequency domain a passband gain (e.g., below the first-
pole frequency) equal to the feedback resistance (transimpedance gain). The gain 
phase angle for both types in the passband is 180 degrees, they invert the input signal 
(Figure 10.4). Above the first-pole frequency an additional phase shift of −90° can 
be noticed. For the CSA, this is the reason for purely reactive input impedance in the 
signal frequency range.

The input impedance in the frequency domain (Figure 10.5) for signal frequen-
cies shows similar behavior. Up to the first-pole frequency, the input impedance is 
purely resistive and determined by the ratio of feedback resistance to open-loop gain, 
falling by −20 dB/decade for frequencies above. Here an important note should be 
made: The input impedance of a CSA is well above zero and is always greater than 
the input impedance of the ISA! A common but serious misunderstanding is to see 
the CSA as an ideal current sink. The ISA is a much better current sink than the CSA. 
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ISA: Cf = 1.5 pF, Rf = 56 kΩ).
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Furthermore the CSA input impedance starts to become imaginary even for quite low 
frequencies (Figure 10.5). For the frequencies of interest, it is purely reactive.

In the time domain, both amplifier types invert the input signal. The CSA inte-
grates the input signal with a conversion gain of 1/Cf, while the ISA amplifies the 
signal by a transimpedance gain of Rf.

The output voltage for the CSA can be calculated by

 v t
C

q t
C

i t dt
t

out
f

in
f

in( ) ( ) ( )= − ⋅ = − ⋅ ⋅∫1 1
 (10.9)

The output voltage for the ISA can be calculated by

 v t R i tout f in( ) ( )= − ⋅  (10.10)

The output voltage of the CSA falls later by the time constant, which is in the 
microsecond range. The nonideal behavior of the rising and falling slopes of the ISA 
is due to signal frequency components that fall partly into the integration region. 
This can be avoided by supplying preamp bandwidths that are more than one order 
of magnitude above the signal bandwidth.

10.2.1.4 real Preamplifier
In reality, detector systems contain additional components. In a more realistic 
scenario, we also have to consider (a) high-voltage blocking capacitors in the sig-
nal chain to block high voltage used for charge collection in the detector and (b) 
the detector impedance from the preamplifier input to ground (Figure 10.7). These 
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FIGure 10.7 Equivalent circuit of a realistic preamplifier stage used for signal gain and 
input impedance analysis (only one side shown, assuming ideal ground at the other side of 
the detector).
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additional components influence the behavior of the preamplifier stage significantly. 
Furthermore, for position detection using the charge-division method, two preampli-
fier stages may be coupled via a coupling impedance (detector impedance) at their 
inputs (Figure 10.7). Given these additional factors, the signal gain and input imped-
ance may differ from the ideal single circuits described previously. For derivation of 
the signal gain and input impedance of real preamplifiers, a circuit consisting of one 
ideal preamplifier, the optional high-voltage blocking capacitance CHV, and a PSD 
detector (RPSD, CPSD) grounded on the other side is assumed (Figure 10.7). A particle 
event supplies an input current iin into a position very close to the upper end of the 
detector impedance. Under these assumptions, the signal gain is given by

 g
v
i

X R X R

X X
Signal

Cf f Cpsd psd

CHV Cpsd

= = −
⋅

+
out

in

( ) ( )

( RRpsd )
 (10.11)

The input impedance of a realistic input stage is given by
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The analytical derivation of signal gain and input impedance reveals rather com-
plicated terms. Their meaning will be discussed using an electric circuit simulation 
based on the circuit given in Figure 10.7.

The reactance XCHV adds an additional zero in the complex S-plane. Thus realistic 
input stages exhibit a band-pass behavior, and in the lower frequency range their 
gain is limited by the reactance of the blocking capacitor XCHV (Figure 10.8). They 
partly integrate and differentiate in the time domain. The signal gain in the passband 
region is further limited by the parallel detector impedance ZPSD. These realistic 
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preamplifier stages can transmit AC signals only; that is why they always introduce 
a baseline shift, which becomes significant for higher counting rates. The gain phase 
angle jumps from −90 degrees in the lower stop-band to +90 degrees in the upper 
stop-band (Figure 10.8). This means that the realistic input stage introduces a vari-
able phase shift into the signal, depending on the input pulse length and current state 
of the preamplifier (time-dependent behavior will be discussed below). The addi-
tional zero frequency has to be considered in the pulse-shaper design.

For the given circuit, the input impedance is mainly determined by the impedance 
of the detector tied to ground at the other side (Figure 10.9). In the lower frequency 
range, the input impedance of the ideal CSA and ISA stages discussed previously is 
detached by the high reactance of the blocking capacitance XCHV connected in series 
to the input. In the higher frequency range, the input impedance is mainly deter-
mined by the XCHV roll-off (−20 dB/decade). Both types of preamplifiers show the 
same input impedance and input phase angle (Figure 10.9), and both have a complex 
input impedance (i.e., real and imaginary components).

More realistic scenarios must consider the time-domain response of the pream-
plifier stage on high and statistical distributed input event rates. Here we assume 
an evenly distributed 500-kHz event rate. The CSA configuration shows a steadily 
increasing output level, called pulse pileup (Figure 10.10). If the delay time between 
two successive input pulses is smaller than the first-pole time constant of the CSA, the 
output voltage cannot fall completely down to zero, and the next pulse is stacked on 
top of the preceding. When the maximum output voltage of the amplifier is exceeded, 
the results are energy and position errors. Another very important behavior has to be 
noted. The original decay time constant is shortened by about one order of magni-
tude. This is caused by the connection of any impedance (blocking capacitor, detec-
tor impedance) to the input of the CSA.

Second, due to the finite insulation resistance (≤1012 Ω), the blocking capacitor has 
small but, in some applications, nevertheless significant DC leakage current. This 
leakage current may cause an output voltage shift (i.e., baseline shift) in applications 
using a CSA with high feedback resistance, as the DC leakage current is amplified in 
the nonintegrating frequency range (Figure 10.4).
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The AC-coupled ISA configuration suffers a baseline shift too (Figure 10.10). 
This becomes evident at high counting rates, but the shift may be reduced using a 
baseline restorer later in the signal chain. Even at low counting rates, the blocking 
capacitance adds a zero in the complex S-plane. To obtain high accuracy, it has to be 
deleted by a pole of the same frequency in the pulse-shaping device.

10.2.2 pulse shaping

The second stage in the signal-conditioning chain is a pulse-shaping device. It is a 
special filter, designed to form a specific pulse shape in the time domain. A lot of 
information about common pulse-shaping techniques based on the classical CSA sig-
nal-conditioning approach can be found in the literature. This subject is not reviewed 
here. Instead, the reader is advised to seek out this information in the literature.

Often a semi-Gaussian pulse shape is required to apply analog-to-digital conver-
sion (ADC) and further processing. One approach to form a semi-Gaussian pulse 
shape is the relatively unknown delay-time approximation. In conjunction with an 
ISA preamplifier stage, this is a low-pass having two tasks: (a) forming the desired 
pulse shape (i.e., semi-Gaussian) and (b) integrating the signal waveform supplied by 
the preamplifier stage to provide a nearly charge-proportional output signal.

10.2.2.1 Gaussian delay-time Approximation
There are various solutions to approximate an ideal Gaussian pulse at the output 
of a pulse-forming network. The easiest way to produce a semi-Gaussian pulse is 
to integrate the input signal n times by simple integrators designed with the same 
time constant. The higher the network-grade n, the better the Gaussian pulse will 
be approximated by multiple real poles of the network function. In theory, the pulse 
response on n integrators only lacks overshoots, but the use of real amplifiers with 
limited gain and frequency range often cannot avoid an additionally small ringing 
(i.e., over- and undershoots).

Better results can be expected by applying a method to specify a single delayed 
pulse in the time domain. This is the “Gaussian delay-time approximation,” a 
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procedure described by Fritzsche [20]. The well-known standard multiple-real-pole 
approximation of a Gaussian transfer function in the frequency range minimizes 
errors in the frequency domain and obtains an optimum by varying only the real part. 
However, the approximation of the Gaussian delay-time filter includes the imaginary 
part and obtains the optimum by varying the real part of all complex poles by the 
same value. Because of that, it is possible to keep the errors of the approximation in 
the time domain occurring after the main pulse (i.e., over- and undershoots) as small 
as acceptable. The pulse response of the Gaussian delay-time filter shows only one 
overshoot (Figure 10.11). By specifying the height of overshoot δo in relation to the 
pulse maximum, the pulse-shaper structure can be fully determined.

By use of Equations (10.13) and (10.14), the poles of the transfer function of the 
Gaussian delay-time filter can be defined.

 ω νπ

δ

1
12

2
1= −tan

ln
o

 (10.13)

 σ ω
π δ1
1

2
1= ln

o
 (10.14)

The grade of the network function has been selected to n = 5, resulting in one real 
pole and two conjugate complex pole pairs (Equation [10.15]) and a transfer function 
(Equation [10.16]) prepared for cascade filter design.

Distribution of the poles:
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Transfer function:
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For practical use, an overshoot of 0.01% of the maximal pulse height should be 
sufficient. It corresponds to δo = 0.0001 (Figure 10.11) and the following values for 
the locations of the poles.

Poles after initial design step:
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The pulse response after the initial design step is characterized by a nearly sym-
metrical shape without any visible overshoot, but with a shaping time tFWHM = 1.56 s. 
(FWHM is the abbreviation for full width at half maximum.) It is convenient for 
creating a common solution to normalize the shaping time tFWHM to 1 s.

Poles after shaping-time normalization:
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The result of the Gaussian delay-time approximation is a more symmetrical and 
shorter pulse compared to the multiple-real-pole approximation assuming identical 
network degrees n (Figure 10.12).

Gain and group delay plots complete the performance in the frequency domain 
(Figure 10.13).
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FIGure 10.12 Pole diagram and pulse response of the Gaussian delay-time filter (normalized).
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10.2.2.2 building blocks
To obtain the network transfer function in Equation (10.19), it is convenient to divide 
it into three sections, a first-order building block realizing the single pole and two 
consecutive second-order building blocks (Figure 10.14).
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Starting with the first-order building block and the corresponding real-pole equa-
tion (Equation 10.20), R0 and C0 can be calculated by comparison of the coefficients. 
If the time tFWHM is specified to 1 µs, all terms of frequencies must be divided by 
1 µs. The following results can be obtained:

Assumptions: δo = 0.0001, tFWHM = 1 µs
Result for real pole: C0 = 470 pF at R0 = 777 Ω

R01 and R02 form an additional gain factor GF.
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The calculation of a second-order building block is more complicated, as it is a pre-
decessor that is introduced to minimize the gain-sensitivity product as a figure of 
merit to achieve low overall sensitivity. For detailed information, please refer to the 
literature [19]. As a result of this mainly software-based design procedure of second-
order building blocks, all the missing-element values are tabulated in Table 10.1.

10.2.3 example

The design process of an analog signal-conditioning system is characterized by trad-
ing off position error, energy error, and timing error. Sophisticated software tools, 
such as electric circuit simulators (APLAC, PSPICE, etc.) and mathematical software 
(MATLAB, MATHEMATICA, etc.), aid the design process. For a coupled system 
using the current signal-conditioning approach, almost no theoretical background 
exists. Thus, the design process is based on software tools only.

In this section, an analog signal-conditioning design example for a position-sen-
sitive neutron detector is described at the circuit level. The design specifications for 
the detector system are:

Counting rate ≥100 kHz per channel•	
Timing resolution ≤100 ns•	
Position resolution ≤1%•	
Differential nonlinearity ≤2%•	
Position deviation ≤1 mm•	
Dark counting rate ≤0.2 counts/h•	

The electrical circuit diagram of the complete analog signal-conditioning chain 
is shown in Figure 10.15. The current pulse produced by a particle event is fed via 
a 15 nF/6 kV high-voltage coupling capacitor and a 270 Ω extension resistance into 
a current-to-voltage converter with integrated ESD (electrostatic discharge) protec-
tion diodes. The amplification factor is given by Rf = 56 k (i.e., g = 56 × 103 V/A) 
for pulse lengths above the pole time constant of 56 ns. For the detector used in 
this system, this condition is fulfilled. Investigations have clearly shown that the 
preamplifiers must be configured as current-to-voltage converters to achieve a dif-
ferential nonlinearity below 2%. After that, a pulse shaping is applied using a 1 µs 
FWHM (426-ns sigma), fifth-order Gaussian delay-time approximation with 0.01% 

tAble 10.1
element values of the second-order building blocks

elements second building block third building block

Resistor R1 564 ohms 442 ohms

Resistor R3 730 ohms 476 ohms

Resistor R5 2000 ohms 2000 ohms

Resistor R6 827 ohms 1698 ohms

Capacitor C2 470 pF 470 pF

Capacitor C4 470 pF 470 pF
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undershoot (Equation [10.21]). Furthermore, the shaping circuit has been optimized 
for the lowest gain-sensitivity product (GSP = 1.065, from Moschytz and Horn [19]) 
to obtain reliable pulse response and best channel matching. The output buffer acts 
as a line driver for about a 2-m length of 50-Ω coaxial cable.
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10.3 desIGn sPecIFIcAtIons

10.3.1 Conversion gain

The conversion gain of a signal-conditioning system is defined as the relation of 
peak output voltage to peak input signal. In the case of a charge-sensitive system, it 
is the relation of peak output voltage to input charge, often given in units of volts per 
picocoulomb (V/pC). Due to the extremely low detector signals, the conversion gains 
for real signal-conditioning systems are on the order of 1 V/pC.
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 (10.22)

In the case of a current-sensitive system, it is the relation of peak output voltage to 
peak input current.
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In a system using an ISA preamp, the shaper is partly or even fully integrating the 
input pulse; consequently, the conversion gain of this system type may also be given 
in units of volts per picocoulomb (V/pC).

10.3.2 dynamiC range

The signal-conditioning chain, or generally any amplifier, can only be used within a 
defined signal-amplitude range (Figure 10.16). The lower limit is the noise level, and 
signals below the noise level are undetectable. The output of the amplifier shows its 
own amplified input noise. The upper hard limit is the maximum output voltage. Rail-
to-rail amplifiers allow maximum output levels close to the supply voltage. However, 
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there is also a lower soft limit. As the output signal of the amplifier increases, the 
output stages start to compress the signal before reaching the maximum output volt-
age level. The effect is a decreased gain for higher signal amplitudes, causing signal 
distortion and, in the worst case, signal clipping and linearity errors (i.e., position 
and energy errors). For a highly linear operation, the amplifier should be used within 
a lower range than that suggested by its full dynamic range. The dynamic range is a 
unitless quantity, although it is often given in decibels (Equation 10.24). State-of-the-
art operational amplifiers provide dynamic ranges on the order of 60–100 dB. For 
detector systems requiring a specific energy or position resolution, the gain compres-
sion has to be in the same order (i.e., 1% position resolution requires as low as 1% 
gain compression at the upper dynamic range).

 D
V

V
= ⋅ [ ]20 log _ maxout

noise

dB  (10.24)

10.3.3 lineariTy

10.3.3.1 signal linearity
As the output signal approaches the maximum output voltage, it is distorted by com-
pression and, in the worst case, signal clipping may occur. A common definition of 
signal distortion is the total harmonic distortion (THD). Unfortunately, the defini-
tion assumes harmonic signals in the frequency domain. Considering this, the total 
harmonic distortion is defined as the power sum of all harmonics normalized to the 
power of the fundamental frequency itself. Because the squares of the voltage are 
related to the signal power, we define THD as

 THD dB

th armonic

fundamental

= ⋅ [ ]
∑

20

2

log

V

V

n h

n  (10.25)

Newer operational amplifiers and ADCs are specified by means of the spurious 
free dynamic range (SFDR) expressed in units of decibels to carrier (dBc). This defi-
nition considers only the highest (often the first) harmonic.
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FIGure 10.16 Dynamic range and compression levels of an amplifier.
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 SFDR dBcfundamental

highest harmonic

= ⋅ [ ]20 log
V

V
 (10.26)

The THD and the SFDR can be transferred into the time domain by means of a 
Fourier analysis. Sophisticated design tools (i.e., electric circuit simulators) and the 
use of circuit simulation at the transistor level perform this automatically. However, 
macromodels for newer operational amplifiers (OpAmps) often do not predict dis-
tortion. In this case, compression and distortion effects have to be investigated by 
measurements. For high-resolution detector systems, any distortion for frequencies 
of interest should be well below –60 dB.

10.3.3.2 Position linearity
10.3.3.2.1 Differential Nonlinearity
Another, but physically completely different, type of linearity can be defined with 
respect to a position-sensitive detector system. An ideal position response of a detec-
tor system shows a linear dependency of real to measured position (Figure 10.17). 
However, due to different physical causes, the curve slope may change over the 
active detector area. The nonideal slope change between adjacent positions or statis-
tical containers (i.e., channels of a spectrum) is defined as a differential nonlinearity 
(DNL). It is determined by the ratio of the complete differentials of real position 
(dPosition_real) and measured position (dPosition_measured) (Equation 10.36).

 DNL
dPosition_real

dPosition_measured
=  (10.27)

If only one coordinate (i.e., x-direction) is detected, this reduces to

 DNL
mm
ch

real

measured

= 





dx
dx

 (10.28)

often given in units of millimeters per channel.
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FIGure 10.17 Differential and integral nonlinearity of the position response.
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10.3.3.2.2 Integral Nonlinearity
More practical, however, is the integral nonlinearity (INL) over the full range of 
the detector. The nonideal position response is fitted using two points left and right 
of the curve center (i.e., middle of the response trace) by an ideal straight line (i.e., 
linear function) (Figure 10.17). The difference between the ideal fitting curve and 
the nonideal response trace determines the system’s integral nonlinearity or position 
error (sometimes also referred as the deviation from nominal position), as seen in 
Equation 10.29. It may be given in units of either channels or mm.

 INL Position_fit Position_measured= −  (10.29)

or

 INL ch mmfit measured= − [ ] [ ]x x ,  (10.30)

Both linearity definitions describe the same physical reality. They are a measure for 
the nonideal behavior of the system position response.

10.3.3.2.3 Linearity Correction
Investigations have shown that the differential nonlinearity of the position is the 
most critical design parameter in a coupled signal-conditioning system utilizing the 
charge-division method. The differential nonlinearity depends on many parameters 
(listed with descending significance):

 1. Preamplifier (ISA)
 2. Shaping time
 3. HV-blocking capacitance
 4. Input impedance (including additionally series resistors)
 5. Detector time constant
 6. Channel gain matching

The least significant, but nevertheless important, parameter is the gain matching 
of both analog signal-conditioning channels at either end of a detector. A gain mis-
match of about 1% causes about a 5% linearity error or even more [16]. To overcome 
that problem, a digital or analog gain channel correction scheme can be used to 
decrease linearity errors (Figure 10.18).

As it is quite difficult to adjust the gain in the analog signal chain itself, the gain cor-
rection may be implemented on the software level, where a constant is multiplied by the 
measured peak value to achieve best channel gain matching. The gain correction factor 
can be calculated using the ideal position response symmetry [16]. The positive solution 
of a square function after application of the position calculation is the gain correction 
factor for channels 1 or 2, as seen in Equation (10.31). The relative error of this gain cor-
rection method for statistical signals is less than 0.024% (>12-bit accuracy).

 c
V V

V V
= ⋅

⋅
1 1

2 2

_ _

_ _

left right

left right

 (10.31)
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10.3.4 equivalenT noise Charge

The equivalent noise charge (ENC) is a common definition of the noise performance 
of a signal-conditioning system. It maps all noise sources in the signal chain to an 
equivalent input noise source. This could be either a noise voltage source or a noise 
current source. Both types of noise sources are convertible into each other. Here, a 
voltage noise source VN is assumed (Figure 10.19). The equivalent input noise volt-
age source is driving a noise current though the input capacitance and the attached 
detector capacitance CPSD. This allows the definition of a charge, the ENC (Equation 
[10.32]) at the attached detector capacitance, as a measure of the system noise. It may 
be given in units of coulombs or the number of electrons.

 ENC C ein PSD N= +( )⋅ [ ] [ ]C C V ,  (10.32)

An increase in the detector capacitance or simply the connection of a detector causes 
a massive increase of the ENC, while the driving force, the equivalent input noise 
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voltage, remains constant. The ENC in datasheets is often given without considering 
any detector capacitance.

A serious drawback is that this simple definition cannot correctly map the physi-
cal quantity “charge” from the input to the output of the signal-conditioning chain 
in the case of bandwidth limitations (i.e., real CSA or ISA preamplifiers, blocking 
capacitors, signal shaping) and especially in the case of differences between noise 
gain and signal gain (see Section 10.4). However, it is a well accepted measure of the 
noise performance of a signal-conditioning system.

10.3.5 signal-To-noise raTio

The signal-to-noise ratio (SNR) is closely related to the system dynamic range. 
It defines the relation of a signal to the system noise level. The definition may be 
referred to the input or output of the signal-conditioning chain; the physical quanti-
ties may be any of voltage, current, or charge; and it may be defined using peak or 
rms values. The ratio is often given in decibels.

 SNR
Signal
Noise

dB= ⋅ [ ]20 log  (10.33)

The SNR or dynamic range of a CSA is often defined by

 SNR
maximum detectable charge

ENC
=  (10.34)

10.3.6 posiTion resoluTion

The noise is closely related to the position and energy resolution of a detector sys-
tem. In this section, only the behavior of the position resolution is discussed. Here, 
the rms (root mean square) value of the system output noise is equal to the standard 
deviation (σ) of a position measurement (Figure 10.20). This can be converted into 
a common definition of the position resolution at the full width at half maximum 

µ = 0 rms noise Noise Voltage

0.61*pmax
0.5*pmax

pmax

p

σ

FWHM = 2.35*σ

FIGure 10.20 Dependency of rms noise voltage and position resolution.
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(FWHM) of the position distribution with a mean value µ and an output signal Q1 
(Equation 10.35). There are various definitions of the position resolution to be found 
in the literature. They should be applied with care.

 resolution FWHM Noise rms=
⋅2 35 1

1

. V

Q
 (10.35)

10.3.7 shaping Time

The data-acquisition system demands a certain pulse length to obtain a correct read-
ing (i.e., fewest energy and position errors). As explained in Section 10.2.2, the pulse 
shaping device forms the required pulse shape and a defined pulse width. Most often, 
a semi-Gaussian pulse shape is produced. Similar to the standard deviation σ of the 
Gaussian probability function, a shaping time σ can be defined at 61% of the peak 
value (Figure 10.21). This must not be confused with another common definition of 
the shaping time FWHM (i.e., pulse width) at 50% of the peak value. Both defini-
tions can be transformed using Equation (10.36).

Sometimes the shaped pulse is characterized using the peaking time definition. 
The peaking time is defined as the time point at which a single pulse reaches its 
maximum (i.e., peak value). Assuming an ideal Gaussian pulse shape, it is about 3–5 
times greater than the shaping time σ.

It should also be noted that all timing definitions given here are independent of the 
detector time constant only as long as the detector time constant itself (i.e., charge 
collection time, RC-time constant) is below or at least equal to the half of the pulse 
peaking time.

 Shaping time FWHM 2.35 Shaping time= ⋅ σ  (10.36)

 Peaking time 3 5 Shaping time≈ − ⋅ σ  (10.37)

Shaping time FWHM

Shaping time σ
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FIGure 10.21 Shaping time definitions.
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10.4 noIse

Noise in detector systems using the classical charge-sensitive signal-conditioning 
approach has been the subject of many published studies [1–8]. In most applica-
tions, noise has been referred to an equivalent input-noise source coming from that. 
A specification of the input referred noise, known as equivalent-noise charge (ENC), 
has been established. From ENC, a commonly accepted system resolution defini-
tion has been derived (2.35 × ENC/Qsignal) [3]. This resolution estimation relies on 
the equality of signal gain and noise gain. In some applications of position-sensitive 
detector (PSD) systems utilizing the charge-division method, signal gain and noise 
gain may be different.

In classical charge-division PSD systems, two charge-sensitive preamplifiers are 
connected via a coupling impedance. This device structure exhibits an excessive 
low-frequency noise [1], due to an increase of the noise gain of the coupled cir-
cuit. The excessive low-frequency noise is much higher than all other noise sources 
considered so far [4] and does not follow the rules given. Thus, for correct estimation 
of the system resolution and to accommodate the difference between signal gain and 
noise gain, the noise gain must be taken into account.

This section describes the theoretical background of a coupled noise analysis and 
a noise correlation analysis for resistively coupled charge-sensitive preamplifiers. 
The behavior of noise gain, output noise, and noise correlation in different frequency 
ranges will be discussed in detail. All results are cross-checked via electrical simula-
tions and measurements. Conclusions are drawn to better understand the estimation 
of system resolution for coupled preamplifier designs.

10.4.1 operaTional ampliFier noise modeling

It is common in operational amplifier (OpAmp) noise modeling to refer all circuit 
noise sources back to the inputs using equivalent input noise sources. This can be 
done because the noise of the first stage in a high-gain circuit contributes mostly 
to the overall circuit noise. An OpAmp noise model consists of an equivalent input 
(series) voltage noise source and an equivalent input (parallel) current noise source 
connected to the inputs of a noiseless OpAmp (Figure 10.22). The equivalent input 
noise is given in terms of a voltage noise density (V/√Hz) and a current noise density 
(A/√Hz). State-of-the-art OpAmps like the OPA657 feature as low as 4.8 nV/√Hz 
input voltage noise density and 1.2 fA/√Hz input current noise density at a gain band-

Noiseless
OpAmp

+

–

iN

VN

FIGure 10.22 Common OpAmp noise model with equivalent input noise sources.
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width product of 1.6 GHz. However, for analysis and simulation, the gain bandwidth 
product of the ideal, noiseless OpAmp is assumed to be infinite.

It is important to estimate the contribution of the voltage and current noise of the 
OpAmp equivalent input noise sources, including other noise sources (e.g., thermal 
noise of resistors) in the actual circuit [11, 12]. In the case of the classical wideband 
transimpedance design (Figure 10.23), which also covers the noise behavior of the 
charge amplifier, and using Equation (10.38), it can be shown that the equivalent 
input current noise of the OpAmp becomes negligible compared to the equivalent 
input voltage noise of the OpAmp [12].
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(10.38)

where
 ieq = equivalent input noise current of the whole circuit with bandwidth limita-

tion due to feedback
 vN = OpAmp input noise voltage density (4.8 nV/√Hz)
 iN = OpAmp input noise current density (1.2 fA/√Hz)
 Rf = feedback resistor (100 MΩ)
 Cf = feedback capacitor (1.5 pF)
 CHV = HV blocking capacitor (3.3 nF)
 RPSD = detector resistance (2.2 kΩ)
 CPSD = detector capacitance to ground (15 pF)
 T = temperature (300 K)
 Blim = bandwidth limitation frequency with feedback pole frequency
 Blim = 1/(2πRfCf)

Using the given values, the thermal noise current of the feedback resistor Rf domi-
nates the equivalent input-noise current ieq, with about 13 fA/√Hz. The equivalent 

Noiseless
OpAmp

Vout+

–

iN

VN

Cf

Rf

Zf

iin

Cpsd

FIGure 10.23 Transimpedance amplifier design.
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input noise current ieq causes a voltage drop at CPSD. In the classical transimpedance 
design (without RPSD), equivalent input noise voltage and equivalent input noise cur-
rent of the OpAmp become equal at about 28 kHz. Above 28 kHz, the contribution 
of the equivalent input noise current of the OpAmp to the overall circuit noise drops; 
for approximately f > 280 kHz, it becomes practically negligible.

10.4.2 noise gain

A classical position-sensitive detector system utilizing the charge division method 
is usually constructed of two sets of current/charge-sensitive preamps and shap-
ing amplifiers, connected at the inputs via a detector-specific coupling impedance 
(Figure 10.24). These coupled systems suffer from excessive voltage noise in the 
low-frequency range [1]. The output noise increases significantly (more than 20 dB) 
below 5 MHz if two charge-sensitive preamp inputs are connected via a detector 
impedance. A lower impedance RPSD increases the output noise voltage. This exces-
sive low-frequency noise is the main reason for limited system resolution [1]. The 
focus of this section is on the increased low-frequency noise below 5 MHz, which is 
mainly caused by the coupling of the two charge amplifiers via the detector imped-
ance, whether or not the detector is assumed to be noisy. And, of course, the coupled 
second amplifier adds its noise too, but the increase of the noise due to the coupling 
is much more significant. In the case of a single-charge amplifier, the noise below 5 
MHz is more than an order of magnitude less than in the coupled case.

To analyze a coupled system of two charge-sensitive amplifiers, we use the 
equivalent electrical circuit as shown in Figure 10.25. It consists of a noiseless 
position-sensitive detector impedance (RPSD, CPSD) and one noisy charge amplifier 
including an equivalent input noise voltage source. The second end of the detector is 
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connected to ground, due to the assumption of an infinitely large coupling capaci-
tance and an ideal noiseless charge amplifier input of 0 Ω.

The technique used for the noise analysis is called noise gain calculation [11]. It 
has never been considered in any publication dealing with coupled charge amplifiers 
in position-sensitive detectors. Rf contributes to the circuit behavior mainly below the 
feedback pole frequency (1 kHz). That is why it is not considered for noise analysis.

The noise gain of the coupled circuit (Figure 10.25) is given by [15], Equation 
(10.39).

 g
X R

X X R
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C C
noise
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HV PSD

= +
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||
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 (10.39)

For convenient understanding of noise gain and the output noise voltage behavior 
of such a coupled circuit, we need to consider at least three different frequency ranges 
(Table 10.2). Above 5 MHz (Range III), the noise gain is constant up to the OpAmp 
gain bandwidth limitation and will be determined by the ratio CPSD / Cf. Thus, the 
output noise voltage density increases with the detector capacitance only within this 
range. At lower frequencies, the detector capacitance only influences the signal ampli-
tude, not the noise. At around 5 MHz, XCPSD becomes equal to RPSD. This point may 
also be referred to by the detector time constant τPSD, where the cutoff frequency can 
be calculated by 1/(2πRPSDCPSD). Below 5 MHz (Range II), the noise gain increases to 
lower frequencies, with 1/f depending on the ratio XCf / RPSD. Below 20 kHz (Range I), 
we need to consider the blocking capacitance CHV as its reactance XCHV becomes 
comparable to RPSD. In other words, the blocking capacitor CHV contributes mainly 
for times above the time constant RPSDCHV ≈ 7.3 µs ( f < 20 kHz). In this range, the 
noise gain is extremely high (>1000 for real devices) and determined by the ratio 
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FIGure 10.25 Equivalent circuit for coupled noise gain analysis (one side of the detector 
shown, assuming noiseless RPSD and an ideal ground at the other side of the detector).
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CHV/ Cf only. CHV may be reduced to reduce the low-frequency noise. However, the 
reduction of CHV also causes a lower charge equalization time and linearity errors 
in position determination [1]. An exact analytical/numerical determination of the 
optimum value depends very much on the specific detector system with its different 
design parameters, including the analog signal-conditioning circuit structure.

Input and output noise voltage densities calculated by a simulation using an ideal 
OpAmp model and an equivalent input noise voltage source supplying 4.8 nV/√Hz 
are shown in Figure 10.26. Cutoff frequencies and range borders may differ, depend-
ing on the values used in the actual device. Differences between measurement and 
simulation on the order of ±30% result from part value deviation (Cf = 1.5 ± 0.5 pF).
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It is important to distinguish the coupled noise from the noise described in the 
literature [3–6]. It is neither a simple input-referred white series noise nor an input-
referred (series) 1/f noise. In the coupled case, the output noise is a gained white 
(series) voltage noise. Nevertheless, depending on the frequency, it shows a constant 
or 1/f behavior.

A noise analysis using a SPICE-compatible electric circuit simulator shows clearly 
that the thermal noise of the detector resistance—even though supplying about 
6 nV/√Hz (RPSD = 2.2 kΩ) noise voltage density—can almost be neglected in the case 
of a PSD design using resistively coupled charge amplifiers having an equivalent 
input noise voltage density of 4.8 nV/√Hz [15].

A design using current-sensitive preamplifiers shows a certain advantage over the 
design using charge-sensitive preamplifiers (Figure 10.27). The low-frequency noise 
due to coupling is significantly reduced. Nevertheless, the mechanisms discussed 
previously must still be considered. The current-sensitive preamplifier design has 
been successfully tested in a position-sensitive neutron detector system [16].

10.4.3 noise CorrelaTion

In many publications, a very important assumption has been made, considering the 
correlation of noise at the two ends of the detector. The earliest reference inspiring 
confidence we found is a work by Radeka [3], which assumes that the noise voltages 
at the two ends of the detector are anticorrelated. We will understand that terminus 
to be “correlated with a noise-correlation coefficient of −1.” Unfortunately, we did 
not find any proof for this claim in the literature. To subsequently prove this concept, 
we consider a symmetrical coupled circuit of two sensitive preamps (Figure 10.28). 
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We will calculate the output voltages of the two preamps in the presence of one noise 
source. Due to the circuit symmetry, the contribution of the second noise source 
can be calculated accordingly. Here we sum up all coupling-related circuit elements 
(detector, coupling capacitors) into a two-port network (Zcoupl), an impedance matrix 
having four elements (input impedance Z11, output impedance Z22, forward transfer 
impedance Z21, and reverse transfer impedance Z12), and the feedback elements into 
the feedback impedance Zf (Zf1 = Zf2 = Zf). Furthermore, the distributed resistances 
and capacitances to ground of the detector are taken into account using a first-order 
approach having two symmetrical capacitances (CPSD/2) to ground. Actually, simula-
tions have clearly shown that there is no difference in the noise correlation whether 
taking distributed components into account or not.

The upper output voltage is given by
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while the lower output voltage is given by
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The detailed analysis can be found in [15]. To draw conclusions from the output 
noise voltage calculation (Equations [10.40] and [10.41]), we need to consider three 
different frequency ranges (Table 10.3). Below 5 MHz (Ranges I, II), we really see a 
noise correlation with a correlation coefficient of −1, which means that the noise out-
put voltages (vout1, vout2) swing into opposite directions. Above 5 MHz (Range III), the 
noise voltage contribution of one side to the other side is less for frequencies below 
5 MHz and is frequency independent. Thus, in the upper frequency range, the noise 
is partly uncorrelated. The correlation depends on the detector capacitance CPSD and 
feedback capacitance Cf. The noise correlation can be improved with increasing 
detector capacitance or decreasing feedback capacitance.

10.4.4 opTimizaTion

To investigate the trade-off between signal gain and noise gain for different device 
configurations, the classical CSA preamp and the ISA preamp using two different 
coupling resistances have been studied (Table 10.4).
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range I II III
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XCf >Rpsd >Rpsd >Rpsd
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tAble 10.4
device configuration of Preamplifier and coupling network

value device 1 device 2 device 3

Rpsd 2.2 k 4.8 k 2.2 k

Cpsd 15 p 15 p 15 p

CHV 3.3 n 15 n 15 n

Rf 100 M 56 k 56 k

Cf 1.5 p 1.5 p 15 p
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The calculation (Figure 10.29) shows significant differences between the classical 
CSA preamp (Device 1) and an ISA preamp (Device 2). But it can be easily seen that 
in both cases the noise gain differs from the signal gain by more than three orders of 
magnitude, which proves the conclusions obtained previously.

The comparison of the ratio between signal gain and noise gain (Figure 10.30) sug-
gests some advantages of the ISA preamp (Device 2) over a CSA preamp (Device 1). 
However, Device 3 proves that only the increase of the detector impedance is 
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responsible for a higher ratio of signal gain to noise gain. The configuration of the 
preamplifier either as a classical CSA (Device 1) or as an ISA (Devices 2 and 3) for 
frequencies of interest may be considered while optimizing position linearity. The 
noise gain of the ISA (Device 2) is around 10, which may suggest that the influence 
of the equivalent input noise source can be neglected and, due to the high signal gain, 
that only the thermal noise of the detector impedance is seen at the output. But this is 
not the case. As shown in Figure 10.30, the ratio of signal gain and noise gain stays 
almost constant. Furthermore, the detector impedance, mainly acting as a noise cur-
rent source, supplies noise current that is about three orders of magnitude lower than 
noise voltage, which may partly equalize the effect of the high signal gain.

As it can be clearly seen that the detector resistance plays a major role for the sys-
tem noise—not due to its own noise contribution but due to its coupling—there is a 
strong demand for its optimization. Different analytical optimization methodologies 
can be found in the literature. However, the availability of sophisticated design tools 
allows a deeper understanding of the parameters influencing system performance.

A complete signal-conditioning system design—consisting of two signal chan-
nels, each consisting of an ISA preamp and pulse shaping, with the coupling imped-
ance including blocking capacitors and extension resistors (Figure 10.24) has been 
simulated using an electric circuit simulator. The signal-to-noise ratios for particle 
events at different relative positions and assuming different detector resistances con-
sidering the upper output Q1 (close to relative position 0) are given in Figure 10.31. 
Higher detector resistances increase the charge division ratio. For an extremely low 
detector resistance (10 Ω), the SNR is a constant 43 dB for all relative positions. More 
realistic and therefore higher detector resistances increase the SNR for about 90% of 
the active detector region (i.e., below relative position 0.9). For 10% of the detector 
region (above relative positions of 0.9), the division ratio becomes so high that it will 
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reduce the SNR significantly. For a realistic detector resistance of about 5 kΩ, the 
SNR ranges between 40 and 60 dB, depending on the position. The closer the event 
position to the output considered, the higher is the associated SNR.

Looking at the associated position resolution (Figure 10.32) reveals that, for 2.5 pC 
input charge and 5-kΩ detector resistance, the FWHM position resolution remains well 
below 1% over about 90% of the active detector region. A further increase of the input 
charge will improve the position resolution.

10.5 conclusIons

For excellent spatial and energy resolution, not only the detector itself, but also the ana-
log signal-conditioning chain needs to be optimized. Even though the classical approach 
using a charge-sensitive preamplifier is well accepted and widely used, considering its 
structure, there is still room for improvement. The application of a newer approach 
using a current-sensitive preamplifier has the advantage of lower input impedance, 
pileup probability, and complexity as well as the opportunity for higher counting rates. 
The optimization of the position linearity of a coupled system is the most challenging 
design task. The application of an ISA, the choice of the right coupling impedance (i.e., 
blocking capacitors, series resistors, etc.), an appropriate shaping time, and a channel 
gain correction scheme ensure differential position nonlinearities ≤2%.

A pulse-shaping device can be used to form a desired output pulse shape. Although 
the well known n-time integration chain is easy understandable, the Gaussian delay-
time approximation is found to be the preferable approach if a certain time domain 
error (i.e., over- and undershoots) needs to be specified. The approximation pro-
cedure and the device topology have been given to facilitate the design process of 
analog signal-conditioning systems.
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An example design was given to demonstrate the design and performance of a 
current-sensitive signal-conditioning system considering ISA preamplifier stages 
and a Gaussian delay time approximation for the pulse-shaping device.

The use of the classical charge-sensitive approach in coupled systems (i.e., uti-
lizing the charge division method) can cause excessive low-frequency noise. The 
reason is the difference of signal gain and noise gain causing a noise gain increase 
for frequencies below approximately 5 MHz, depending on the actual part values. 
This behavior can be found independently from the detector noise contribution. In 
that case, it can also be shown that the current noise contribution of the preamplifier 
(either CSA or ISA) is negligible. The noise gain of the white equivalent input (series) 
voltage noise in a coupled circuit is the reason for the strong increase of the output 
noise voltage. There are three significant ranges of noise gain to be considered. In 
the lower frequency range ( f < 20 kHz), the noise gain is flat and determined by the 
ratio CHV/Cf. In the mid-frequency range (20 kHz < f <5 MHz), the noise gain falls 
with 1/f, determined by the ratio XCf/RPSD. In the upper frequency range ( f > 5 MHz), 
the noise gain is again flat and determined by the ratio CPSD/ Cf . A noise-correla-
tion analysis has shown that the output noise voltages of two coupled preamplifiers 
are correlated up to 5 MHz by a noise correlation coefficient of −1. Above 5 MHz, 
the output noise is partly uncorrelated. The noise correlation can be improved by 
increasing the detector capacitance or decreasing the feedback capacitance.

The optimization process is a trade-off between different design parameters 
aiming at the highest position resolution and system linearity. As there are many 
parameters involved, optimization is conducted using sophisticated design tools. A 
channel gain correction scheme and signal-to-noise ratios in the range of 40 to 60 dB 
are needed for position resolutions well below 1% and integral linearity errors well 
below 0.1%.
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11 Analog-to-Digital 
Converters for Radiation 
Detection Electronics

Rafal Dlugosz and Krzysztof Iniewski

11.1 IntroductIon

The ability to peer into the human body is an essential diagnostic tool in medi-
cine. Many of the imaging modalities, including computed tomography (CT) and 
SPECT / PET (single photon emission computed tomography/positron emission 
tomography) nuclear medicine techniques, are based on X-ray or γ-ray transmis-
sion and detection. In addition, radiation detection is used in numerous other fields, 
including high-energy physics, security, luggage scanning, and space applications. 
Despite their different principles of operation, there are numerous commonalities in 
the processing of signals received by these imaging detectors: signal amplification, 
filtering, multiplexing, and analog-to-digital conversion (ADC). The last step, A/D 
conversion, is essential, as gathered information is typically processed using digital 
signal processing algorithms.
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The X-ray detection systems can be separated into direct- and indirect-conversion 
architectures. In the first case, a scintillator material is used to convert the photons 
to light that is then subsequently converted to an electrical signal using photodiodes, 
charge-coupled devices (CCDs), or CMOS (complementary metal-oxide semicon-
ductor) imaging sensors. On the other hand, the direct-conversion concept, which 
is currently gaining popularity, converts photons directly into an electrical charge, 
which allows for a better image quality.

The block diagrams of two possible direct conversion schemes are shown in 
Figure 11.1. In the first approach, shown in Figure 11.1(a), the analog output signals 
of the charge-to-voltage (C/V) converters are serialized in the asynchronous multi-
plexer (MUX), stored in the first-in-first-out (FIFO) block, and then converted to a 
digital signal using a single high-performance ADC that usually is an external block 
in such systems. In the second approach, shown in Figure 11.1(b), each channel in the 
C/V or in the charge-to-current (C/I) converter is connected to a separate low-power 
and low-chip area ADC. Particular ADCs are active only when a given channel 
detects a photon. In this case, the analog FIFO block is not required, which simpli-
fies the control circuitry. This additionally minimizes the number of copy operations 
at the analog side, which potentially increases the overall system performance.

The frequency content of different imaging signals covers different portions of 
the spectrum and signal bandwidths (BW), and can range from near DC to several 
kilohertz (kHz) and possibly up to a few megahertz (MHz). Some measured signals 
have higher amplitudes than others, and they range from a few microvolts (µV) to 
tenths of millivolts (mV). Both low-voltage operation and low-power dissipation are 
of great importance for these types of applications, because hundreds or thousands 
of imaging sensors have to be processed simultaneously. Low-voltage operation is 
demanded because it is desirable to use as few batteries as possible for size and weight 
considerations. Low current consumption is necessary to ensure no increase in sen-
sor operating temperature and a reasonable battery lifetime for portable equipment.

Typical data acquisition systems have several performance limitations. They are 
normally based on ADCs with resolutions of between 8 and 14 bits, meaning that 
there is a relatively high dynamic range to deal with simultaneously strong noise dis-
turbance signals (such as the 50/60-Hz power noise signal) of comparable magnitude. 
As CMOS technologies continue to evolve toward smaller geometries, new design 
techniques are being developed to improve the power efficiency of these ADCs while 
possibly reducing the silicon die area.

This chapter is devoted to the A/D converters used in medical imaging systems. 
We will briefly discuss ADC configurations that are suitable considering basic prop-
erties of flash, pipeline, and successive approximation (SAR) converters. A basic 
review of existing architectures indicates that the most power efficient converters 
are built using the SAR principle. For this reason, most of the material that fol-
lows will be devoted to SAR analog-to-digital converters. A review of existing SAR 
ADC solutions, new design techniques, and design examples will be presented and 
discussed. For other types of ADC architectures, readers can consult several books 
dedicated entirely to this topic [1, 28].



Analog-to-Digital Converters for Radiation Detection Electronics 287

11.2 GenerAl clAssIFIcAtIon oF Adcs

Analog-to-digital converters can be classified as Nyquist rate ADCs and oversampled 
ADCs (sigma–delta). Sigma–delta ADCs are preferred for the highest bit resolutions; 
however, they demand very fast oversampling clocks, which makes them inherently 
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low-speed structures. Their clock generator has to be very clean, as the clock jitter 
has a direct influence on the obtained signal-to-noise ratio (SNR).

On the other hand, the Nyquist rate converters are typically used in applications 
that require lower data resolution and higher data rates. Nyquist rate converters usu-
ally have one of the following four architectures [1, 28]:

 1. Flash
 2. Pipeline
 3. Folding–interpolating
 4. Algorithmic and successive approximation register (SAR)

Taking into consideration such features as attainable data conversion rates, output 
data resolution, and power dissipation, particular converter architectures are pre-
ferred in different types of applications. SAR converters with only one comparator 
are simple structures with relatively low power dissipation, but as only one bit is 
calculated per one clock cycle, they are also relatively slow. In the applications where 
a high conversion rate is required, SAR ADCs put high demands on the comparator, 
which must be at least n times faster than comparators in flash converters for the 
same data rate, where n is the resolution of the output data. SAR converters require 
a very good calibration of the digital-to-analog converter (DAC), since the DAC 
accuracy has a direct influence on linearity of the input–output characteristic. In 
SAR converters, all bits are calculated under equal conditions using the same com-
parator. Hence, the offset of the comparator does not have influence on the linearity 
of the input–output characteristic. However, the offset can shift the characteristic by 
a constant DC value. To achieve a short conversion time, several SAR ADCs can be 
time interleaved; however, in this case, power budget and nonuniformities of ADC 
characteristics become more critical.

In flash ADCs, all bits are calculated in parallel, which makes this type of con-
version potentially the fastest of all approaches. The state-of-the-art converters of 
this type implemented in a standard CMOS process operate with sampling rates of 
up to several gigahertz (GHz) [62–64], while the rates realized in SiGe technology 
can be up to several dozen gigahertz [65]. In this architecture, offset compensation 
is very important, since different offsets of comparators operating in a thermometer-
type conversion have a direct influence on the differential nonlinearity (DNL) of the 
input–output characteristics. The price for a high resolution and a fast conversion is 
very high power dissipation, as the number of comparators is equal to 2n−1. For this 
reason, flash converters are used in high data rate applications that accept low reso-
lutions, typically in the range of 3 to 6 bits, and where power dissipation is of a sec-
ondary importance. Their application in medical imaging is virtually nonexistent, 
besides PET systems, where they are typically used as a low-resolution component 
in time-to-digital schemes [67, 68].

Taking power dissipation and data rate criteria into account, SAR and flash ADCs 
can be viewed as two extreme cases [57], while other ADC architectures such as 
pipelined and folding–interpolating can be seen as the intermediate solutions. The 
last two types of converters usually are designed for higher resolutions (14–20 bits) 
[61], but present a trade-off of the number of comparators, the conversion rate, and 
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the power dissipation. For example, low-resolution flash ADCs are used in particular 
k-bit stages of pipelined ADCs. This minimizes the total number of comparators 
when compared with pure flash solutions, but conversion of each data point requires 
several clock cycles. In general, pipelined and folded–interpolated architectures have 
much more complex structure than SAR converters, since they require a more com-
plex control block [61].

Figure 11.2 shows a comparison of existing converter solutions in terms of data rate 
versus dissipated power for selected converters of different types [2–27, 31–60, 62–64]. 
All presented results have been normalized to 8 bits of resolution and with respect to 
VDD

2, where VDD is the power supply level. As can be observed, the dissipated power 
correlates well with the sampling frequency, as expected.

Each group of converters is clustered in one area of the plot, although these 
areas slightly overlap. The placement of particular groups corresponds to the pre-
vious description. The most flexible architecture in terms of the power dissipation 
and the sampling frequency is the first group. Algorithmic-SAR converters usu-
ally are designed for low sampling frequencies and low power dissipation, although 
time-interleaved architectures have recently been gaining popularity [11, 44–48]. 
These converters use relatively slow SAR blocks working in parallel. Due to the low 
number of comparators that is equal to data resolution, n, instead of 2n as in flash 
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ADCs, these converters can effectively compete in terms of sampling frequencies, 
simultaneously dissipating much less power. Comparing, for example, converters [9] 
with [45] and [8] with [46], we see that power dissipation differs by as much as one 
order of magnitude for similar sampling frequencies.

11.3 sAr PrIncIPle oF oPerAtIon

A typical classic SAR converter contains four main components, as shown in 
Figure 11.3, i.e., the sample-and-hold element (S&H) that is used to acquire the input 
signal, a comparator, a digital-to-analog converter (DAC), and the control-logic cir-
cuitry that controls the calculation scheme.

In SAR ADC, a binary search algorithm is used in the conversion of the analog 
signal into its digital representation. This algorithm consists of several steps. Initially 
after resetting the logic circuitry and DAC circuit, the most significant bit (MSB) is 
set to digital 1. The DAC block supplies the analog equivalent signal of this code into 
the comparator circuit for comparison with the sampled input signal that is stored 
in the S&H circuit. Depending on which signal is larger (input or reference), the 
comparator either resets or maintains this bit. In the next step, the second bit is set up 
to a digital 1, and the DAC block supplies a new value for the reference signal. This 
binary search is performed for all bits until the least significant bit (LSB) is tested.

SAR converters usually are implemented using the voltage-mode charge-redis-
tribution architecture shown in Figure 11.4. The most characteristic block in this 
approach is a charge-scaling DAC, which consists of an array of individually switched 
binary-weighted capacitors. These capacitors also serve as an S&H memory element. 
A whole conversion cycle performed in this converter consists of three initial steps 
followed by a conversion algorithm that is then performed in n phases.

Each conversion cycle starts with discharging of the capacitor array. A good tech-
nique is to discharge capacitors to the offset voltage of the comparator instead of the 
ground, as this enables automatic offset cancellation. In the next step, free terminals 
of all capacitors are switched to the input voltage Vin, while the common terminal is 
switched to the ground (acq = 1 and sar = 0). The amount of charge that is switched 
to the particular capacitors is equal to their capacitance times the input voltage. In 
the third step, the common terminal is disconnected from the ground and remains 
connected to the comparator’s negative input, while all free terminals are connected 
to the ground (bi = 0, for i = 1, . . . , n). As a result, the comparator input voltage 
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FIGure 11.3 A schematic block diagram of the successive approximation ADC.
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equals the negated value of the input signal. Finally, the SAR conversion algorithm 
starts in the fourth step.

In the following n clock cycles, particular binary-weighted capacitors, from MSB 
to LSB, are switched to the reference voltage Vref that corresponds to the full-scale 
voltage (VFS) range of the ADC. First, the MSB capacitor is switched to Vref (bn = 1). 
As a result, the comparator’s negative input voltage becomes −Vin + Vref /2. Depending 
on the comparator’s output, the first capacitor remains connected to Vref voltage or is 
switched again to ground. In the next clock cycle, the second capacitor in the array is 
connected to Vref, and the comparator’s input becomes equal to −Vin + Vref /2 + Vref /4 
or to −Vin + Vref/4, depending on the previous comparison result. This sequence is 
repeated for all bits, so the comparator-negated input voltage can be expressed as 
follows:

 V V V
bi

n i

i

n

cmp in ref= − + − +
=
∑ 2 1

1

 (11.1)

SAR converters can also be implemented using current-mode circuits. In this 
case, the DAC block is realized as a multi-output current mirror, with particular out-
put transistors being binary weighted. In current-mode SAR converters, the initial 
phase is shorter compared to charge-redistribution solutions. In this case, sampling 
of the input signal in the S&H element can be performed in parallel with resetting 
the logic circuitry. The conversion algorithm is similar to that performed in the volt-
age-mode approach. Particular bits set up the value of the reference current, which is 
compared with the input signal in the current-mode comparator.

Current-mode SAR converters have several advantages over charge-redistribu-
tion architectures. A shorter initial phase is one such advantage. Another one is 
the very small amount of energy consumed during the calculation of a single bit. 
Currents that flow in the current-mode DAC must charge only parasitic capaci-
tances, in particular transistors, which may be even several orders of magnitude 
smaller than capacitances in charge-redistribution converters. As a result, current-
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FIGure 11.4 Schematic diagram of the charge-redistribution SAR ADC architecture.
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mode converters are more power efficient and potentially faster. An additional 
advantage is very small chip area, since the DAC block in this case does not contain 
large capacitors.

The disadvantage of current-mode SAR converters is lower resolution than in 
charge-redistribution solutions. Since the DAC block in this case is realized as the 
current mirror, the transistor-matching problem occurs. This problem, which has an 
influence on the linearity of the input–output characteristics, becomes especially 
important for small currents and small power supplies when transistors work in a 
weak inversion region. Since the DAC block in charge-redistribution converters is 
implemented using capacitors whose matching does not depend on the value of sup-
ply voltage, this problem is less insignificant in this case.

11.4 sAr versus FlAsh Adc

An exact comparison of SAR and flash converters has been performed by Ginsburg and 
Chandrakasan [46] on the basis of developed analytical energy models. These models 
enable the selection of a given architecture for a given application in cases where power 
dissipation is the main criterion. In flash architectures, energy is consumed mostly by 
comparators, while in SAR converters, all building blocks described earlier must be 
considered in the energy model. In SAR ADCs, particular energy components have 
different distributions over the converter’s resolution, as shown in Figure 11.5.

In a comparator with a two-stage preamplifier, energy varies almost linearly with 
the converter’s resolution. The comparator must make the proper decision even when 
both input voltages differ insignificantly. When the converter’s resolution increases, 
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then the minimal difference between inputs decreases, and preamplifiers must have 
higher gains to ensure the appropriate settling time of the comparator.

Energy consumed in the logic circuitry increases only moderately with the resolu-
tion, as each algorithm step requires almost the same control block. The moderate 
increase that is visible in Figure 11.5 is due to the different dimensions of switches in 
particular stages. In cases of larger capacitors, the on-resistance of switches must be 
smaller to keep the settling time constant in all stages. Energy that is consumed by 
the capacitor array increases exponentially with the converter’s resolution, which is 
due to the exponential growth of capacitance in the following DAC stages.

Models presented by Ginsburg and Chandrakasan [46] take into consideration the 
influence of the full-scale input voltage (VFS) on the energy of the converter. When 
the value of VFS increases in a SAR converter, then a bigger charge is fed to the 
capacitors in each conversion cycle. On the other hand, a higher value of VFS mini-
mizes the gain requirements of preamplifiers in the comparator, resulting in a lower 
level of energy consumed by this element. The decrease of energy consumption in 
the comparator compensates the increase of energy in the capacitors. As a result, in 
SAR converters, energy varies only moderately with VFS. In the case of flash convert-
ers, where energy is consumed mostly by comparators, higher values of VFS enable 
significant improvement.

Published models show that each converter is suitable for different values of 
parameters. For example, when the resolution is higher than 4 bits, then for a VFS that 
is equal to 300 mV, SAR converters exhibit better efficiency than flash converters, 
as shown in Figure 11.6(a) [46]. For a given resolution when VFS is higher than some 
threshold value, then flash architecture attains better power efficiency. This is illus-
trated in Figure 11.6(b) for an example resolution of 5 bits.

11.5 stAte oF the Art In sAr Adc desIGn

SAR converters are usually designed for resolutions between 8 and 10 bits, although 
higher resolutions up to 14 bits are also reported [37, 43]. Higher resolutions require 
special techniques that enable a proper calibration of DAC to ensure a high linear-
ity of the input–output characteristic. For example, in the converter described by 
Hesener et al. [43], the capacitor array is realized as a cluster of small unity capaci-
tors with redundancy in the number of these unity capacitors. Configuration of the 
array is controlled by an additional logic circuit, which at each algorithm stage cal-
culates the required capacitors values and programs the capacitor array. This mecha-
nism allows for the correction of capacitor mismatch, but makes the structure more 
complex and increases both the chip area and power dissipation that is, in this case, 
the highest of all SAR converters presented in Figure 11.2.

Most of the reported SAR ADCs have been designed as voltage-mode architectures. 
In the classic charge-redistribution scheme, larger resolutions are difficult to attain, as 
capacitance values for each additional bit must be doubled. This doubles also the power 
dissipated in the capacitor array during data acquisition. Minimizing the value of the 
unity capacitor brings no effect, since it worsens matching between capacitors.

An example implementation of classic charge-redistribution converter has been 
described by Sauerbrey, Schmitt-Landsiedel, and Thewes [34]. This 9-bit converter 
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for the sampling frequency of 150 kHz dissipates power of 30 µW from a 1-V power 
supply, and for 4.1 kHz dissipates power of 0.85 µW from 0.5 V. In this case, the 
unity capacitor has capacitance that is equal to 20 fF, while the biggest capacitor has 
capacitance of 5 pF, which makes the overall capacitance in the circuit larger than 
10 pF. For 12 bits of resolution, the overall capacitance in the circuit would be larger 
than 80 pF. This would limit the possible sampling frequency by several times for 
a given value of the power dissipation. An additional problem related to the capaci-
tor array is the large chip area of the array that, in this case, is equal to about 70% 
of the overall chip area. All these problems show practical limitations of the classic 
charge-redistribution architecture. To overcome these problems, various optimiza-
tion techniques are used.
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FIGure 11.6 A comparison of ADC for SAR and flash converters: (a) energy versus reso-
lution for VFS = 300 mV, (b) energy versus full-scale input voltage for resolution of 5 bits. 
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11.5.1 opTimizaTion oF The CapaCiTor array

One of the possibilities to minimize power dissipation is minimizing the value of the 
unity capacitor, but this technique increases the matching error. As a result, it creates 
a trade-off between power dissipation and the linearity of the converter. This problem 
can be solved in several ways. For example, in the 8-bit converter reported by Scott, 
Boser, and Pister [26], a careful design of the capacitor array enabled a high linearity 
of DAC for a small unity capacitor with a capacitance of only 12 fF and an overall 
capacitance of 3 pF. This converter has also been designed using the classic charge-
redistribution architecture, but due to several optimization techniques, power dissipa-
tion (3.1 µW) is in this case almost one order of magnitude smaller than in the case of 
a converter reported by Sauerbrey, Schmitt-Landsiedel, and Thewes [34] for the same 
sampling frequency of 100 kHz. Poly–poly capacitors have been used with top plates 
used as common plates. This technique allows for the minimization of the parasitic 
capacitance at the comparator input. The dummy capacitors have been placed around 
the capacitor array, and they improve matching between capacitors and the linearity of 
the DAC. The other interesting technique used in this converter is placing a grounded 
metal shield over the poly–poly capacitors and then routing the capacitors above this 
shield. This technique makes the capacitors array insensitive to routing parasitics, 
which protects the array against systematic matching errors. The resultant DNL and 
INL (integral nonlinearity) parameters are kept on a very low level of ±0.25 LSB.

Another optimization method of the capacitor array that has gained some popu-
larity in recent years takes advantage of the split-array technique [40, 52, 66]. In this 
technique, instead of using the binary-weighted capacitor array—as in the convert-
ers reported by Scott, Boser, and Pister [26] and Sauerbrey, Schmitt-Landsiedel, and 
Thewes [34]—an additional attenuation capacitor, Catt, divides the capacitor array 
into two subarrays responsible for calculation of LSBs and MSBs, respectively, as 
shown in Figure 11.7. When capacitance of the attenuation capacitor has a value that 
satisfies the following equation:

 C Catt

(LSB capacitors)

(MSB capacitors)
= ∑
∑

 (11.2)

then the resultant values of LSB capacitances that the comparator sees at point A 
are smaller by a factor of 2i, where i is the number of LSB capacitors (excluding a 
dummy capacitor Cd).

8C

CATT
LSB Capacitors MSB Capacitors

CMP

C C 2C 8C4C C 2C

D b0 b1 b2 b3 b4 b5 b6 b7

4C

FIGure 11.7 A split-capacitor array that enables reduction of the ratio between the larg-
est and smallest capacitors in a DAC block. (From Abdelhalim, MacEachern, and Mahmoud 
[40]. © 2007 by IEEE. With permission.)
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This technique allows a significant reduction of the spread between the smallest 
and the largest capacitors in the array, maintaining capacitors in MSBs that are rela-
tively small. In the converter described by Abdelhalim, MacEachern, and Mahmoud 
[40], this allowed an increase of the unity capacitor, which improved matching. The 
unity capacitor has, in this case, a value of 211 fF, whereas the largest capacitor in the 
circuit is equal to only 1.56 pF (compared to 20 fF and 5 pF, respectively, in the capac-
itor described by Sauerbrey, Schmitt-Landsiedel, and Thewes [34]). The value of the 
attenuation capacitor Catt is equal to 225 fF. The smallest capacitor in the LSB area 
has a value of only 13 fF. These values are similar to those in the converter presented 
by Scott, Boser, and Pister [26], and the resultant sampling frequencies and power 
dissipation are also similar. For example, this converter dissipates power of 8.5 µW 
for 500 kS/s and less than 1 µW for 60 kS/s. In the converter described by Agnes et al. 
[52], the unity capacitor is 120 fF, while the largest one is equal to 3.8 pF.

11.5.2 opTimizaTion oF The ComparaTor

Improvement in SAR ADC’s performance is also possible through the optimization 
of the comparator. The energy model introduced by Ginsburg and Chandrakasan 
[46] shows that offset of the comparator has a direct influence on the effective num-
ber of bits (ENOB), i.e., on the output data resolution. The optimization techniques, 
in this case, rely on minimizing the offset or increasing the gain of preamplifiers 
in comparators, which enables offset compensation. In the converter reported by 
Verma and Chandrakasan [31], several optimization techniques have been used. 
One of them introduces an offset-compensating regenerative latch into the compara-
tor, which enables a decreased gain of the preamplifier, improves the power-delay 
product (PDP), and decreases the propagation delay in the comparator. The settling 
time has been additionally improved by introducing the self-timing technique. As a 
result, resolution of 12 bits is possible in this converter for sampling frequency of 100 
kHz and power dissipation on the level of 25 µW. For comparison, in the converter 
reported by Sauerbrey, Schmitt-Landsiedel, and Thewes [34], an ENOB of 9 bits has 
been achieved for 30 µW of power.

The other offset correction technique has been introduced in the converter design 
reported by Abdelhalim, MacEachern, and Mahmoud [40]. The comparator scheme 
is shown in Figure 11.8. In this block, during the sampling phase, both comparators’ 
terminals are switched to VSS, the switch controlled by the RST signal is closed, and 
the gates of transistors M9 and M10 are on the common potential, which is equal to 
VDD/2 plus an offset voltage. This value is stored across the capacitor Coff. During the 
conversion phase, the switch is opened and the output signal from the first stage is 
compared with the signal that is stored across capacitor Coff. This technique allows 
for a reduction of the offset of more than 60%. It is worth noting that this converter 
can operate in a relatively wide range of the supply voltage between 0.36 and 0.8 V. 
When operating with the small value of supply, the converter dissipates only 230 nW 
for the sampling frequency equal to 20 kHz. This is the smallest power dissipation 
reported so far. This result is much better than in the converter reported by Sauerbrey, 
Schmitt-Landsiedel, and Thewes [34], where for the supply voltage of 0.4 V and the 
power dissipation equal to 280 nW, the sampling frequency is equal to only 600 Hz.
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Another solution, which can be referred to as nonconventional, has been proposed 
by Agnes et al. [52]. This SAR ADC uses a time-domain comparator that allows for 
realization of a power-efficient converter. The comparator is shown in Figure 11.9. 
It consists of two voltage-to-time (V2T) converters and a logic circuit. Transistors 
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FIGure 11.8 A comparator with offset correction used in a converter. (From Abdelhalim, 
MacEachern, and Mahmoud [40]. © 2007 by IEEE. With permission.)
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M1 and M2 in V2T blocks charge the nominally equal capacitors C1 and C2. When 
the voltages across the C1 and C2 capacitors cross the threshold voltages of M3 and 
M4 transistors, the chains of inverters switch, producing two logical 1 signals with 
different delays that depend on values of the input voltages. A DFF (D-type flip-flop) 
circuit at the output, which serves as a time comparator, determines which V2T is 
faster, i.e., which logical 1 occurs first. The comparator operates with less than 1 µW 
of power at 1-V supply and enables sampling frequency of 1.4 MHz with 0.2-mV 
sensitivity. Comparing this ADC with a solution reported by Scott, Boser, and Pister 
[26], the sampling frequency is, in this case, more than one order of magnitude higher 
for a similar power dissipation of 3.8 µW. The resolution of 10 bits is also higher in 
this case. The possible offset in the comparator is, in this case, due to a mismatch 
between transistors used in both V2T blocks. In the case when both input voltages 
are equal, the mismatch causes the currents that charge the capacitors C1 and C2 to 
differ slightly. The offset can be corrected by adjustment of the bias voltage VB.

11.6 desIGn eXAMPle oF 8-bIt current-Mode sAr

Although most algorithmic-SAR converters have been designed using the charge-
redistribution approach described earlier, in the case of low-power, low-chip area and 
low-to-moderate sampling frequency applications, current-mode algorithmic or SAR 
converters are gaining popularity [20, 23, 27, 29, 32, 60]. Considering direct-conver-
sion architecture with multiple ADCs, shown in Figure 11.1(b), a chip area of a single 
ADC is the parameter as important as the energy consumption. A small area can be 
achieved only in current-mode SAR ADCs, which do not require large capacitors in 
DAC. As a result, the die size of current-mode ADCs can be 20–50 times smaller than 
that of voltage-mode converters. For example, the converter described by Agnes et al. 
[52] occupies an area of 0.24 mm2, while an example current-mode converter reported 
by Yang and Van der Spiegel [60] occupies an area of only 0.005 mm2, and another 
converter described by Dlugosz and Iniewski [32] occupies an area of 0.009 mm2.

An example is the current-mode SAR converter shown in Figure 11.10 [32]. It 
consists of the analog circuitry responsible for signal conversion and the control-
logic block. In this case, both analog and digital parts are powered from separate 
power supplies to enable power-down modes and to reduce digital-to-analog noise 
cross talk.

This converter derives its essence from the typical integrating current comparator 
realized on the CMOS inverters. This circuit converts an input current Iin, which is 
obtained by using a current-mode sample and hold (S&H) element. The input current 
is compared in each approximation step with a reference current Iref, which is the 
output of the current-mode DAC and can be expressed as

 I b b b b In
n

n
n

ref tr= ⋅ + ⋅ + + ⋅ + ⋅−
−

−( )2 2 21
1

2
2 1  (11.3)

where Itr is a biasing current. The differential current, Ic, between Iin and Iref (Ic = Iin − Iref) 
changes the voltage across the input gate-to-source capacitances of the first inverter 
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(integrating comparator). The digital output signal (Van_out) and clock (clk) control the 
logic circuitry that sets bits b1 − bn, using a successive approximation algorithm.

Converter functionality is illustrated in Figure 11.11 for operation at 1-MHz sam-
pling frequency and Itr current equal to 1 nA. The waveform depicts Vc voltage at 
the input of the first NOT gate of the comparator during the SAR operation. The 
transistor’s dimensions of the first NOT gate (comparator) were selected as minimal 
to minimize gate-to-source capacitance (CGS) in order to obtain the highest possible 
speed of this circuit.

One of the advantages of the proposed ADC is that good matching between transis-
tors in pairs M1-M2, M3-M4, M5-M6, M7 and M81-M88, M9-M10, M11-M12 is not 
critical, because any mismatch in these pairs can be compensated by adjusting the Itr 
current during device calibration. However, sufficiently good matching between tran-
sistors M81-M88 is important, as it can substantially affect the linearity of the ADC.
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The described converter has one important characteristic: Adjustment of the Itr 
current and the supply voltage VDD allows for the flexible regulation of power con-
sumption and sampling frequency over a wide range. Figure 11.12 illustrates energy 
consumed per 1 bit versus the sampling frequency for different values of power supply 
(VDD). As can be observed, the optimal region of operation depends on the VDD value.
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The converter power is dissipated by the comparator, by the control logic block, 
and by the DAC. Power of the control-logic block does not exceed 10% of the overall 
power dissipation and increases linearly with the sampling frequency. The percent-
age contribution to the overall power dissipation in the case of comparators, imple-
mented here as an inverter, depends on voltage supply. In CMOS gates working in 
standard digital applications, transition states between the logical values 0 and 1 
are short, and energy lost during switching is relatively low. Both the input and the 
output voltages of the first inverter in the comparator are close to the VDD/2 point, 
especially when, during the following algorithm steps, the reference signal becomes 
close to the input signal, as shown in Figure 11.11. When the supply voltage is low, 
then both transistors in the inverter operate in the weak inversion, and current that 
flows in the inverter can be neglected. Otherwise, when VDD > VTH_pMOS + VTH_nMOS, 
then current flowing in the inverter becomes significant for the output voltage in the 
midpoint between VDD and VSS. For small supply voltages, power dissipation linearly 
increases with the sampling frequency, and energy per bit is approximately constant. 
When supply voltages are high, then power dissipated in the comparator becomes a 
dominant component, especially for small input and reference currents. In this situ-
ation, power dissipated in DAC can be neglected. For small sampling frequencies 
and high supply voltages, power dissipation is almost constant, and energy per 1 bit 
increases linearly when sampling frequency decreases.

Each curve in Figure 11.12 has a minimum, i.e., the most optimal value of energy 
per conversion step. Figure 11.13 illustrates placement of these optimum values for 
particular values of the power supply vs. sampling frequency. The best parameters 
are attained for moderately low supply voltages around 1 V. For this supply, the opti-
mum parameters are obtained for the sampling frequency of 10 MHz.
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11.7 oPtIMIZAtIon technIques In current-Mode sAr Adcs

A problem that must be considered in the current-mode SAR ADC is transistor mis-
match, which requires very precise DAC calibration, as described by Yang and Van 
der Spiegel [60]. The mismatch problem is especially important when transistors 
operate in the weak inversion region at small power supplies. In such converters, 
DAC is implemented as a multi-output current mirror with binary-weighted transis-
tors, and in this case, mismatch has a direct influence on the differential nonlinearity 
(DNL) of the input–output characteristic of the converter. Increasing transistor size 
minimizes this effect, but this increases the chip area, thus limiting the maximum 
data resolutions in practice to only 7–8 bits.

The other technique that can be used to solve this problem has been described by 
Długosz, Gaudet, and Iniewski [29]. In this case, DAC has been realized as a cascade 
connection of two multistage current mirrors, where transistors do not need to be 
binary weighted. As a result, a smaller spread between transistor sizes and smaller 
chip area can be achieved.

In the classic single-stage binary-weighted approach, where the converter has the 
resolution of n bits, the gain kx of the x th branch in DAC is equal to 2x−1. The DAC 
output reference current Iref is described as

 I I x
x

n

ref ref=
=∑ 1

, where I k I Ix x
x

ref tr tr= = −2 1  (11.4)

In the approach shown in Figure 11.14 the Itr current is copied n times in the first 
DAC stage, creating Itrx currents, which are then gained in the second stage, creating 
Irefx currents. Particular reference currents are in this case given as

 I k k I k kx x x x x
x

ref tr= ⇒ = −
1 2 1 2

12  (11.5)

where kx1 and kx2 are gains of particular branches. A proper selection of coefficients 
kx1 and kx2 in each DAC enables significant minimization of the spread between 
transistor sizes that allows for increasing the size of all transistors. This technique 
is similar to that described by Abdelhalim, MacEachern, and Mahmoud [40] for a 
charge-redistribution voltage-mode SAR ADC, presented in the previous section. 
This approach has several advantages. It minimizes the mismatch effect, improves 
linearity of DAC, and allows for higher data resolutions. To obtain, for example, the 
resolution of 10 bits in a single-stage approach, the spread between transistor widths 
must be equal to 512. In the second approach, when gains of particular branches are 
properly selected, the maximum spread between transistor widths is only 32. Example 
gains of particular branches in both DAC stages can be selected as follows:

 kx1 = {1, 1, 1, 1, 1, 2, 4, 8, 16, 16} and kx2 = {1, 2, 4, 8, 16, 16, 16, 16, 16, 32} (11.6)

Assuming that the width of the smallest transistor in DAC is considered to be a 
unity width (UW), the sum of all transistor widths for parameters given in Equation 
(11.6) is equal to 178·UW, in comparison to 1023·UW in the previous approach. 
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This allows for increasing the value of UW and for minimizing the mismatch error. 
In this approach, each DAC stage introduces its own mismatch error. Assuming 
that the value of UW in both approaches is equal, the resultant error in the second 
approach will be larger by 5–10% than in the first one. On the other hand, increas-
ing the value of UW 5.75 times (i.e., 1024/178), which is possible due to lower 
spread, lowers this error by up to 80%.

One of the disadvantages of the second approach is the increased number of branches 
in both DAC stages, resulting in slightly increased total current. The additional current 
is very small. For the example gains given in Equation (11.6), this is maximum 51·Itr, 
which is only ca. 5% of the maximal value of the reference current Iref.

11.8 InterleAved sAr oPerAtIon

A serious limitation of classic SAR ADCs is a relatively low data-conversion rate, 
which is equal to fS/n. To overcome this problem, the interleaved SAR ADCs have 

nn8

RESET
Cs7

Itr7

Itr1

RESET
Cs1

Wtr/Lk81Wtr/L
k71Wtr/L

k82  W/L

k72W/L

k12W/L

k11Wtr/L

VDD

VDD

VDD

IREF IREF1

IREF7

IREF8

b1

b1

b7

b7

Itr8

RESET
Cs8

b8

b8

Itr8 Itr7 Itr1

Itr

Van_out

W/L

nn7

nn1

W/L

W/L

FIGure 11.14 Two-stage DAC with a controlling digital circuitry. (From Długosz, Gaudet, 
and Iniewski [29]. © 2007 by IEEE. With permission.)



304 Electronics for Radiation Detection

been introduced and are gaining popularity in recent years, especially in applica-
tions where a high data rate is required, e.g., in Ultra-Wideband (UWB) systems.

The general scheme of the interleaved converter is shown in Figure 11.15. This 
circuit consists of an analog demultiplexer at the input, a digital multiplexer at the 
output, and several equal channels working in parallel, where each of them contains 
a single classic SAR converter. A high-rate input analog data stream is directed to 
particular channels using the input demultiplexer, which is akin to a rotating switch, 
and is controlled by a central clock generator. In this way, each channel gets only a 
fraction of the input data and therefore may be sampled with reduced sampling fre-
quency. Particular channels start conversion in different phases of the central clock 
generator and finish it also in different time moments. The results are combined into 
one output digital data stream using another rotating switch (multiplexer).

Particular channels operate at reduced frequencies, and therefore the interleaved 
approach puts lower demands on particular building blocks such as comparators 
and DAC, thus simplifying the design process for these blocks. On the other hand, 
an additional central control block is required to synchronize all channels in time, 
which makes the interleaved structure much more complex than the classic SAR 
converter. Interleaved converters occupy the chip area that is at least n times bigger 
than in the case of a single converter.

Interleaved SAR converters, in comparison to flash converters, have several inter-
esting features. One of them is high flexibility, meaning that their power dissipation 
and resolution may be easily controlled and matched to temporary conditions and 
system requirements. This is possible, as an SAR algorithm can be stopped at any 
time, and particular imaging channels may be turned off, when the input data rate 
is smaller.

In recent years, several interesting interleaved SAR converters have been reported, 
mostly designed using the voltage-mode charge-redistribution approach for UWB 
applications, where maximum resolution of 5 or 6 bits is sufficient, but where power 
dissipation is a critical criterion. These converters operate with very high sampling 
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frequencies, between 500 MHz and 1.2 GHz, which so far were reserved rather for 
flash converters, achieving much lower power dissipation.

The relatively low resolution is mostly imposed by a capacitor array. Increasing 
the resolution by each additional bit means, in practice, almost doubling the chip area 
and power dissipation. The other reason for the low resolution is the comparator’s 
offset. This problem can be solved by raising the input voltage swing, but this also 
raises the power dissipation of DAC.

Optimization techniques that usually are used in interleaved SAR converters to 
achieve better parameters are similar to those used in the single SAR converters we 
described earlier. Optimization of the capacitor array in DAC is one of these tech-
niques. In general, the effective converter’s resolution depends mostly on the linear-
ity of the DAC, which depends on matching between capacitors. A typical method 
that relies on increasing the unity capacitor in DAC limits the maximum sampling 
frequency. This effect can be compensated by larger switches with lower on-resis-
tance used in DAC, but this also enlarges the charge-injection effect. In the solution 
presented by Dondi et al. [45], this problem has been solved by using a boosting 
charge pump, which raises a gate-to-source voltage in switches, thus decreasing the 
on-resistance. This technique allows for the use of transistors with smaller widths 
and a reduction of the charge-injection effect. As a result, a sampling frequency up 
to 1.2 GHz is possible at the cost of 16 mW of power dissipation.

The other way to increase the conversion data rate is to introduce various self-
timing techniques. In general, SAR converters do not require a very clean clock 
generator. The only task of the clock circuit is to start particular algorithm steps 
after the previous steps are completed. In this situation, time allocated for each 
step must be sufficient to settle the comparator’s output. SAR converters typically 
are controlled by synchronous clocks, where the sampling frequency is adjusted to 
the worst-case scenario, i.e., when both comparator inputs have similar values and 
the resolving time is long. Such a situation might occur, for example, during the 
calculation of LSB. This approach is a source of time redundancy in other succes-
sive algorithm steps, which inherently limits the data-conversion rate. For exam-
ple, one of these self-timing techniques has been used in the converter reported 
by Ginsburg and Chandrakasan [46]. In SAR conversion schemes, the compara-
tive results from one step are used to prepare a new reference signal for the next 
step. A disadvantage of SAR architecture is that preparation of this new reference 
signal requires some additional feedback time. This time must be minimized to 
allocate as much time as possible to settle the analog signals in the capacitor array 
and preamplifier stages in the comparator. The self-timing technique described by 
Ginsburg and Chandrakasan [46] relies on minimizing this time. In this case, after 
the comparator resolves a value, the output latch triggers the next algorithm stage. 
In this situation, the remainder of the time initially allocated for the previous step 
may be allocated to the next step. This mechanism enables the extension of the 
settling time by about 20%.

The other self-timing technique has been reported by Chen and Brodersen [48], 
where an asynchronous clock generator was used to control a 6-bit interleaved SAR 
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converter. The presented technique allocates only as much time to each algorithm 
step as required to settle the comparator’s output. When both comparator inputs dif-
fer significantly, then the comparator settles very quickly, and the next algorithm step 
can start immediately. This concept requires a special dynamic comparator that can 
generate a data-ready signal when comparison is completed. The comparator used 
in this converter has two complementary outputs, which during the reset phase are 
connected to the positive supply voltage, generating logical values 11. During resolv-
ing time, one of these outputs becomes 0. The data-ready signal is generated by an 
additional logic circuit, which distinguishes a 01 or 10 state from the previous 11 
state. This technique is very effective, resulting in the best parameters between the 
converters described in this section. The converter dissipates 5.3 mW at a sampling 
frequency of 600 MHz.

A new interleaved 6-bit ADC suitable for high sampling frequencies above 1 GS/s 
and moderate power dissipation has recently been proposed by Cao, Yan, and Li 
[57]. In this converter, shown in Figure 11.16, two equal structures are interleaved 
in time and clocked with the sampling frequency of 1.25 GS/s each. This is a hybrid 
structure that involves both the flash architecture and the SAR algorithm. The top 
conversion scheme is the SAR one, while at each conversion stage a 2-bit flash con-
verter is used. As a result, to calculate 6 bits, only 3 conversion steps are required. 
This converter is a compromise solution between the SAR and the flash structures. 
Instead of using 63 comparators, as would be the case in a 6-bit flash converter, 
in this case, the number of converters has been reduced to only 6, i.e., 3 for each 
channel. The power dissipation at the level of 32 mW is in this case higher than in 
previously described SAR converters, but it is still five to six times smaller than in 

6

C - net

C - net

C - net

C - net

C - net

C - net

6

6

ΦAZ1

ΦAZ1

ΦAZ1

ΦAZ2

ΦAZ2

ΦAZ2

ΦS

ΦS(1.25 GHz)
Φlogic(2.5 GHz)

ΦAZ1

ΦAZ2

Φlogic

48 kb SRAM

2.5 GHz PLL

SA
R 

 L
og

ic
SA

R 
 L

og
ic

M
U

X

1.25 GHz

Vin

4 mA

2×8 PAM TX

FIGure 11.16 Hybrid flash-SAR high-speed ADC. (From Cao, Yan, and Li [57]. © 2009 
by IEEE. With permission.)



Analog-to-Digital Converters for Radiation Detection Electronics 307

classic flash structures operating with the same frequencies [9]. The disadvantage 
here is the increased number of capacitors. However, a careful design of the capacitor 
array (C-net) allowed reducing the value of the UC to only 5 fF, which condensed the 
overall chip area to a relatively small 0.09 mm2.

11.9 current-Mode InterleAved sAr Adc

All interleaved converters described in the previous section have been designed 
for very high sampling frequencies in order to compete with flash architectures. 
Comparing these converters with flash counterparts designed for the same sampling 
frequency range [6, 8–10], we can see that the power dissipation in the interleaved 
SAR converters is about one order of magnitude smaller, while the chip area in both 
approaches is comparable. In most medical-imaging applications, a higher circuit 
complexity that offers lower power dissipation is fully justified.

The interesting question is whether there is any sense in using the interleaved SAR 
approach in the case of sampling frequencies, which can be easily attained by single 
SAR converters that feature a simpler structure and lower chip area. The answer in 
some cases is positive. When looking, for example, at the current-mode converter 
described in Section 11.4 and at the results shown in Figure 11.13, the conclusion is 
as follows. When higher sampling frequencies are required (e.g., 80 MHz) and when 
the chip area is not a critical parameter, then an interleaved SAR structure with eight 
channels working in parallel is a more efficient solution. In this case, the interleaved 
converter operating at 1-V supply consumes 10 pJ/bit at the sampling frequency of 
80 MHz, while a single SAR converter operating at 1.8 V consumes a similar energy 
of about 9 pJ/bit, but for a smaller sampling frequency of 25 MHz.

An example current-mode interleaved SAR converter has been reported by 
Dlugosz and Iniewski [32]. This converter consists of eight parallel channels, each 
containing a single SAR block described in Section 11.4. This converter has been 
designed for applications where the input data rate can vary over a wide range, and 
where power dissipation is a main criterion. The central control-logic block used in 
this circuit puts those sections that are temporarily not used into the power-down 
mode. In this case, the circuit consumes only a small fraction of the energy it would 
otherwise use. In this ADC converter, particular sections wake up only when they 
receive the analog data for conversion, and are turned off immediately after com-
pleting the conversion task. This is illustrated in Figures 11.17 and 11.18. Power 
dissipation starts increasing when the first ADC section wakes up. Maximum cur-
rent is reached when all eight sections are turned on and then decreases when the 
subsequent sections complete their conversion tasks. This converter implemented in 
TSMC 0.18-µm CMOS technology occupies a 0.1-mm2 area and, at the sampling fre-
quency of 1 MHz, dissipates 4 µW of power from a 0.65-V power supply. In standby 
mode, when all channels are off, the average power dissipation is 130 nW, consumed 
mostly by a central logic block.
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11.10 conclusIons

X-ray medical-imaging sensors integrated with traditional CMOS circuitry are poised 
to enable a new era of digital imaging where images gathered using various imag-
ing techniques will be processed, stored, and transmitted using well-known digital 
media. To achieve cost effectiveness of these techniques, a significant research effort 
is required both in imaging sensors and in the accompanying CMOS circuits. One 
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of the critical areas that requires further innovation is analog-to-digital conversion. 
In this chapter, we have reviewed different ADC design architectures and suggested 
that successive approximation (SAR) is the most power-efficient design technique.

A larger selection of SAR-based stand-alone commercial products is expected in 
the future, which will enable more power-efficient and integrated imaging systems. 
On-chip ADC integration with analog front-end circuitry that interfaces directly to 
X-ray sensors is also possible. However, common problems with noise cross talk, cir-
cuit thermal and flicker noise, manufacturing variations, and mismatch and low-volt-
age signal processing will have to be addressed in CMOS-chip implementations.
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12 Low-Power Integrated 
Front-End for Timing 
Applications with 
Semiconductor 
Radiation Detectors

Sorin Martoiu and Angelo Rivetti

12.1 IntroductIon

In several applications it is important to perform an accurate measurement of the 
time at which a given hit occurs. A common example is provided by time-of-flight 
(TOF) techniques employed for particle identification in high-energy physics experi-
ments (Green 2000). Time-of-flight telescopes based on semiconductor radiation 
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detectors have been used for decades in nuclear physics (Spieler 1982). In these sys-
tems, a thin device senses the passage of a particle and generates a start signal, while 
a thick sensor stops the particle and measures its energy. An accurate measurement 
of the time elapsed between the two events combined with the energy information 
leads to the particle mass. The number of channels now in use for similar applica-
tions in low- and medium-energy nuclear physics justifies the need of high-den-
sity integrated front-end electronics incorporating on chip both energy and timing 
capabilities. A 16-channel chip allowing an energy resolution of 38 keV and a time 
resolution of 1-ns FWHM (full width at half maximum) has recently been reported 
(Engel et al. 2007).

In the field of medical imaging, the advances recently made in scintillators, pho-
todetectors, and electronics have renewed the interest in the use of time-of-flight 
information in positron emission tomography (PET) (Moses 2007). Here the accu-
rate knowledge of the time at which the photons created by the annihilation of a 
positron–electron pair impact the detector allows for a significant reduction of the 
statistical noise in the reconstructed image. However, to bring an advantage that 
justifies the increase in complexity, the time resolution of a TOF-PET machine must 
be below 500-ps FWHM without sacrificing energy or space accuracy. Silicon pho-
tomultipliers that combine high gain, fast rise time, and high quantum efficiency are 
good candidates to play an important role in this context in the near future.

Hybrid pixel detectors with time resolution below 200 ps rms are under develop-
ment for the NA62 experiment at CERN. Designed to study the very rare K vv+ +→ π  
decay channel at the CERN SPS accelerator, this experiment will allow some strin-
gent tests of the standard model of particle physics, complementing measures that 
will be done at the Large Hadron Collider (LHC) (Fiorini et al. 2007). In this appli-
cation, three stations of pixel sensors, each covering an area of 12 cm2, will provide 
particle tracking and time stamping with a resolution adequate to separate tracks 
impinging on the detector within an interval of 1 ns.

These three examples taken from completely different fields illustrate the impor-
tance of high-resolution timing systems based on semiconductor radiation sensors. 
With the general tendency toward detectors with an increasing number of channels, 
it becomes more and more critical to have compact and low-power building blocks 
that allow the effective implementation of multichannel integrated front-end circuits 
with accurate timing capability. A time-measuring system consists of two funda-
mental parts: a “trigger” that, at the passage of the impinging radiation, provides 
a prompt pulse as accurate as possible and a time-to-digital converter (TDC) that 
translates the time difference between this pulse and a known reference into a cor-
responding digital word. In this chapter, we concentrate on the triggering function, 
focusing on its implementation in CMOS (complementary metal-oxide semiconduc-
tor) technologies in the form of compact and low-power circuits, suitable for being 
integrated on board of complex mixed-mode integrated circuits (ICs). Section 12.2 
discusses the key factors affecting the resolution of a time-resolving system. Section 
12.3 describes architectures based on constant-fraction discriminators (CFDs), while 
circuits performing amplitude correction are treated in Section 12.4.
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12.2 tIMe resolutIon

12.2.1 Timing errors due To noise

Timing measurement focuses on the determination of the time when a particular 
event has happened (i.e., a charged particle has crossed the detector), with a certain 
accuracy. The information on the energy associated with the event has a lesser pri-
ority or may even be disregarded. This fact fundamentally changes the way timing 
radiation systems are designed and optimized. The various factors affecting the reso-
lution of a time-measuring system have been extensively analyzed in the literature 
(Knoll 2000; Spieler 1982, 2006). We provide here a concise description of the most 
relevant issues to facilitate the reading of the remaining parts of this chapter.

In principle, a system designed for timing measurements transforms the detec-
tor signal that corresponds to the desired event into an unambiguous digital signal, 
separating it from other types of events and from the background noise. The digital 
signal is compared to a temporal reference in a time-to-digital circuit that generates 
a time stamp or can be passed to a coincidence circuit that looks for the occurrence 
of a broader event.

In a simple example, the signal coming directly from the detector, or opportunely 
amplified and shaped, is continuously compared to a fixed threshold level. When the 
signal crosses this threshold level, the digital timing signal is issued. Such a circuit 
is generally known as a leading-edge discriminator. In the presence of noise, the 
threshold level should be set significantly higher than the noise level to limit the 
occurrence of fake signals triggered by noise. Apart from this, the presence of noise 
has a significant influence on the timing accuracy of the system, which can be under-
stood with the help of Figure 12.1. As the signal level approaches the threshold, the 
noise fluctuation that modulates the signal may cause it to cross the threshold level 
sooner or later than in the ideal noiseless case. This uncertainty window increases 
with the noise level, but shrinks if the signal is faster. The effect is called jitter and is 
quantitatively given by the ratio between the noise and the slope of the signal.

 σ σ
t

n=
dV dt

 (12.1)

This expression implies that a system for time measurement has to be optimized for 
maximum slope-to-noise ratio, as opposed to the signal-to-noise ratio optimization 
that is required for an amplitude-measuring system. This fact has important implica-
tions on the design criteria for timing systems.

Reducing noise alone does not necessarily provide a better timing resolution. 
Suppose that one decides to increase the integration time of the preamplifier (i.e., the 
amount of time the preamplifier integrates the charge coming from the detector in 
order to retrieve the intensity of the radiation event). This is equivalent to reducing 
the bandwidth of the preamplifier, averaging out more thermal noise, thus reduc-
ing the noise level. On the other hand, the signal at the output of the preamplifier 
is slower, so the denominator of Equation (12.1) is smaller, which, in turn, causes a 
degradation of the timing accuracy.
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In the other direction, if the front-end bandwidth is increased too much and the 
shaping time becomes faster than the detector signal, the slope of the signal does not 
improve significantly, as it is dominated by the charge collection time in the sensor. 
The noise level then rises because the higher bandwidth of the preamplifier deter-
mines an increase of its output noise (the numerator in Equation [12.1]), while the 
slope stays approximately the same, thereby degrading the jitter figure.

It can be shown (Spieler 2006) that, for an optimum pulse shaping the inte-
gration time in the front-end electronics should match the collection time of the 
detector. For a typical semiconductor sensor with thickness of 300 µm, the lat-
ter is on the order of several nanoseconds. With such short shaping times, the 
white noise contribution becomes dominant. This fact links the performance of 
the detection system to the power consumed in the preamplifier and, particularly, 
in the input transistor, which, in a well-designed circuit, should be the dominant 
noise contributor.

Another parameter that could, in principle, be manipulated to improve the tim-
ing performance is the threshold level. In fact, one can set the threshold at the exact 
point where the signal slope is maximum. This choice does not affect in any way the 
noise level, thus optimizing the time resolution. In practice, however, this is rarely 
possible, since the amplitude of the signal is generally variable. Furthermore, the 
threshold level may be imposed by the need to select a specific type of event, which 
prevents its use for timing optimization.

12.2.2 Timing errors due To ampliTude variaTions

For a leading-edge discriminator system, the amplitude variation of the signal in front 
of the discriminator produces another type of timing uncertainty. A front-end ampli-
fier is usually designed to provide nomothetic output waveforms, i.e., signals corre-
sponding to different input charges have different amplitudes, but the same shape. As 
shown in Figure 12.1b, since the peaking time is constant, the signal slopes change, so 
waveforms with higher amplitude cross the threshold earlier than the ones with lower 
amplitude. In a first-order approximation, the rising edge of the front-end response can 
be considered as a linear ramp. In this case, the slope of a waveform with amplitude V 
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is simply given by V
tp

, where tp is the peaking time. Two signals with amplitude V1 and 
V2 cross, hence the threshold Vth at

 t V
t

V
1 = th

p

1

 and t V
t

V
2 = th

p

2

,

respectively. As it is seen from these relationships, the time at which the threshold is 
reached is inversely proportional to the signal amplitude. Called time-walk, the dif-
ference between the two crossing points represents a systematic effect of the ampli-
tude variation of the signal. It must be said that in real situations the rising edge of 
the pulse shape is not a ramp, so the relationship between amplitude and crossing 
time is actually more complex. The consequence of this fact will be discussed in a 
practical example later in this chapter. Let us now examine the most common causes 
of amplitude variation in a detector readout system.

Charged particles crossing detector volume generate a certain number of elec-
tron–hole pairs that, traveling in the applied electric field, induce a signal on the 
collecting electrodes. The average amount of generated charge is obtained from the 
integral of the Bethe-Block formula (Leo 1987), which gives the average rate of the 
ionization energy loss of the particle in the detector volume. For low-momentum 
particles moving at nonrelativistic velocities, the energy loss rate is inversely propor-
tional to the energy itself. Consequently, the charge signal follows the same relation. 
At higher energies, the energy-loss rate shows a minimum before it rises again due 
to relativistic effects and then saturates, owing to the polarization of the medium 
(Green 2000).

In high-energy physics experiments, the charged particles that cross a semiconduc-
tor detection system are mostly minimum-ionizing particles (MIPs). This means that 
the average charge signal generated by them does not change significantly with the 
particle’s energy or species. However, even if the average deposited charge stays con-
stant, there are statistical fluctuations in the energy-loss process, which are described 
by the Landau distribution (Landau 1944; Bichsel 1988). Consider as an example a 
monoenergetic beam of high-momentum particles impinging on a silicon detector 
300-µm thick. Even if all the particles have the same kinetic energy, the deposited 
charge can change by a factor of three to five from one ionizing event to the other 
(Spieler 2006), thus determining a significant time-walk in the front-end circuit.

It must be said here that the statistical nature of the signal generation helps reduce 
the impact of the time-walk on the final measurement. In fact, due to shape of the 
Landau curve, the amplitude distribution is not uniform, but it is concentrated into 
a smaller amplitude range. This leads to a lower standard deviation of the time 
response. In the case of MIPs, for example, one can treat the time-walk as a statisti-
cal variation and use the Landau distribution to compute the resulting standard devi-
ation. It should also be noted that semiconductor detectors are usually segmented in 
one (strip) or two (pixel) dimensions, so a single sensor has many independent sens-
ing elements. When the ionizing particle crosses the sensor in between two pixels or 
strips, the charge generated is shared by the two neighbors, further decreasing the 
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available signal amplitude and increasing the dynamic range that must be considered 
in the system design.

The variation of the amplitude also influences the way the jitter affects the time 
resolution. The jitter has an inversely proportional relation to the amplitude, just 
as the time-walk does. This is easily understood from Equation (12.1), taking into 
account that the rising time of the signal remains constant, so its slope is reduced. 
In other words, low-amplitude signals generate considerably more uncertainty than 
high-amplitude signals do. As a result, the effect of jitter has to be tailored by the 
amplitude distribution. For example, in the case of a minimum-ionizing particle, the 
jitter that corresponds to the most probable amplitude in the Landau distribution can 
be considered, in first approximation, as the dominant component.

In applications that require a very good time resolution (i.e., significantly lower 
than the shaping time or the collection time of the detector), the time-walk error 
needs to be compensated for. In principle, the compensation methods can be clas-
sified in two categories: off-line methods, when enough information corresponding 
to the measured event is recorded and later used to reconstruct the time information 
with better accuracy; and online methods, when an auto-compensation scheme is 
implemented in the front-end circuitry, which then provides an accurate enough 
time stamp.

Given its systematic nature, the time-walk can be compensated off-line by record-
ing in parallel the amplitude of the signal and correcting the time measurement in 
the data-analysis process. In principle, this method can fully eliminate the time-walk 
error, provided that several conditions are met. As a disadvantage, the amplitude 
measurement increases the amount of information that has to be recorded by the data 
acquisition system, increasing the data bandwidth as well. The accuracy of the addi-
tional amplitude measurement enters, of course, in the final time resolution along 
with the jitter.

Because time resolution calls for noise-to-slope ratio optimization, while signal-
to-noise ratio is the relevant figure for amplitude measurement, the simultaneous 
acquisition of the two quantities is often performed by splitting the signal after the 
preamplifier in two independent paths. In one of them, the information is processed 
by a fast shaper before being presented to the discriminator. As we have seen pre-
viously, in order to optimize the slope-to-noise ratio for timing measurement, the 
shaping time must be possibly matched to the detector collection time. In the other 
path, the preamplifier signal is fed to a shaper with a longer integration time, which 
can be chosen to be as long as allowed by the expected event rate or by the detector 
leakage current. The peak value can then be captured by a sample-and-hold and used 
for energy measurement as well as for time-walk correction.

A single amplitude measurement is, however, not sufficient to fully solve the 
time-walk issue in situations, often occurring in practice, where the signal before the 
discriminator also experiences rise-time variations (Spieler 2006).

These can originate from intrinsic imperfections of the front-end electronics, such 
as slew-rate limitations. However, even in the case of an ideal readout circuit, the 
statistical nature of the charge-generation process in the sensor determines rise-time 
fluctuations, which also occur between signals having the same total charge. We have 
seen previously that, when a particle crosses a semiconductor sensor, it creates along 
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its path a cloud of electron–hole pairs that, drifting under the electric field, induce sig-
nal on the sensor electrodes. However, for the same deposited charge, the ionization 
density along the particle trajectory will change from one signal to another, thereby 
introducing a variation in the signal shape and hence in its rise time.

In order to provide immunity also to pulse-shape variations and to push further 
the timing performance of the system, more-sophisticated techniques for amplitude 
measurement, like multiple-threshold or waveform sampling, must then be adopted.

Another method for time-walk correction is to employ an analog signal-process-
ing scheme that provides an amplitude-invariant timing signal. The method does 
not increase the data bandwidth of the system, providing a single accurate piece of 
information per event. However, it increases the complexity and power consumption 
of the analog front-end circuitry. In practice, the choice between the two methods is 
not obvious and depends on many parameters that need to be evaluated carefully on 
a per-case basis.

12.3 constAnt-FrActIon dIscrIMInAtor

12.3.1 prinCiple oF operaTion

One method for accurate time measurements implementing online time-walk com-
pensation is the constant-fraction discriminator (Figure 12.2). The aim of the circuit 
is to create a variable threshold that tracks the amplitude of the signal, remaining 
always at a particular fraction of the maximum amplitude of the signal (thus the 
constant-fraction name). The circuit works by comparing a delayed copy of the input 
signal with an attenuated one. The result is a bipolar signal with the zero-crossing 
independent of the amplitude of the input signal, eliminating walk error. Ideally, one 
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can set the threshold level to (a) optimize the jitter behavior, setting the threshold 
fraction at the point of the signal shape where the slope is maximum (as discussed 
earlier), and (b) eliminate the amplitude dependency of the timing signal, both at the 
same time.

Considering again a triangular signal shape with the leading-edge given by

 y t At t( ) = p  (12.2)

where A is the amplitude and tp is the peaking time of the signal, the crossing time 
is given by

 y t t fy t−( ) =d ( )  (12.3)
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where td and f are the delay and attenuation parameters of the constant-fraction dis-
criminator, respectively. This analysis assumes that the crossing point is always on 
the linear rising portion of the input signal; otherwise, Equation (12.2) is no longer 
valid.

Equation (12.5) shows that the zero-crossing time of the constant-fraction bipolar 
signal is independent from the amplitude of the signal. This independence also con-
tinues to hold in the general case, providing that the signal shape is invariant.

As a rule of thumb, one practice is to set the fraction parameter of the CFD to 
one-half and the delay parameter to half of the full rise time of the signal. In this 
way, the zero-crossing time matches the peak of the input signal, and the amplitude-
tracking threshold is set to 50% of the amplitude of the signal. In some cases, this 
is a good guess of the optimal condition. Mathematically, for a CR-RC shaping, the 
slope is maximum at t = 0. In practice, the real pulse shape is the result of a more 
complicated transfer function that includes a multiplicity of poles that come, for 
instance, from the limited open-loop bandwidth of the amplifier circuits involved, 
which are usually neglected in first approximation. These additional poles introduce 
more curvature at the beginning of the pulse (Spieler 2006), pushing the point of 
maximum slope toward the middle of the pulse shape. The effect is more prominent 
in very low-power systems, where amplifiers with high gain-bandwidth product can-
not be afforded. In a more general case, the condition that the zero-crossing time 
of the CFD signal matches the peaking time of the input signal, considering again 
Equation (12.5), implies

 td = (1 − f)tp (12.6)
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In this case, the fraction parameter is free and can be set to match the maximum 
slope of the input signal, for the lowest jitter.

Equation (12.5) may suggest that the crossing time of the bipolar constant-frac-
tion signal does not depend on either the amplitude or the rise-time of the signal. 
Unfortunately, the immunity to rise-time variations arises from the triangular signal 
approximation and does not hold anymore for the general case. Variation of the rise 
time may occur due to distortion effects, which in fact change in a nonlinear way 
the shape of the signal, introducing a timing error. Another source of signal shape 
variation is the statistical nature of the signal formation inside the volume of the 
semiconductor detector.

If the delay parameter of the CFD is set to a value lower than in Equation (12.6), 
the resulting circuit will also partially compensate a certain variation in the peaking 
time of the signal. In this case, the effective fractional threshold will move lower 
for longer peaking times and higher for shorter signals, partially compensating the 
variation. However, since the crossing point happens before the attenuated signal has 
reached its peak, the slope of the resulting bipolar signal is degraded, and the overall 
performance suffers.

Another practice is to set the relative threshold as low as possible above the initial 
knee of the signal, but sufficiently higher than the noise level. This setting also gives 
a certain degree of immunity to pulse-shape variations, since large variations in the 
rising time of the signal are needed to produce significant time error. As in the previ-
ous situation, the slope of the bipolar signal is degraded, with negative impact on the 
performance. Moreover, the resulting bipolar signal is significantly asymmetrical, with 
a short and weak initial displacement from the baseline, before the zero-crossing point, 
thus making it difficult for the zero-crossing detection circuitry to operate.

12.3.2 issues in monoliThiC CFd design

Traditionally, the constant-fraction method was used in conjunction with scintillator 
detectors read out by bulky discrete circuitry, so the delay could be implemented 
using a coaxial cable of a particular length. Since the front ends for the semiconduc-
tor detectors are mainly integrated, the delay line needs to be replaced by another 
monolithic-compatible implementation of the delay-transfer function.

A particular case of the constant-fraction function is the differentiator that results 
by setting the fraction parameter to 1 and the delay infinitesimally small. A CR 
differentiator, for instance, provides a bipolar signal with the zero-crossing time in 
correspondence with the peak of the signal, requiring no fraction circuit. One draw-
back of this method is the fact that the overdrive and the slope of the bipolar signal at 
zero-crossing depend on the trailing edge of the input signal, with additional timing 
jitter and walk (Jackson et al. 1997).

Other constant-fraction shaping methods were investigated by Jackson et al. 
(1997), such as a simple RC low-pass filter, a distributed RC delay line, or Nowlin 
(1992) method. None of these methods can beat the ideal delay-line implementation, 
the one coming closest to it being the RC delay-line.

For a practical example, we have considered a front-end system that shapes the 
impulse coming from the detector using a typical CR-RC shaper (see [Spieler 2006] for 
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a detailed description) and a constant-fraction discriminator where, instead of the delay 
line, distributed RC filters of different orders are used. Figure 12.3 shows the bipolar 
signal and the slope of the bipolar signal at zero-crossing up to the fourth order.

CMOS circuits are famous for rather high offset voltages due to process param-
eter variation, especially in the case of fast circuits, which are consequently designed 
to be very small. The presence of offset voltage at the input of the zero-crossing dis-
criminator can destroy the amplitude invariability, creating residual time-walk.

The absolute error introduced by the discriminator offset is equal, in first approx-
imation, to the ratio between the offset voltage and the slope of the bipolar sig-
nal, similar to the jitter (see Equation [12.1]). If all nonlinear effects are neglected, 
the slope of the constant-fraction bipolar signal is proportional to the amplitude of 
the input signal, so the error becomes proportional to the inverse of the amplitude. 
Considering a large dynamic range of at least 10:1, the resulting time-walk is approx-
imately equal to the error produced by the minimum signal.

In our practical example, considering a peaking time of the signal of 5 ns and an 
amplitude range between 100 mV and 1 V, if the offset voltage of the discriminator is 
just 1 mV, the resulting time-walk is on the order of 30 ps peak to peak, in the ideal 
CFD case. If a first-order RC filter is used instead of the ideal delay-line, this figure 
degrades to more than 50 ps, as the bipolar signal becomes slower. Even if this may 
still be small enough not to influence significantly the final time resolution when the 
amplitude distribution is also taken into account, 1 mV of offset may be difficult to 
obtain in fast CMOS circuits. Moreover, for deep submicron technologies, the low 
power-supply voltage reduces the available dynamic range for the signal, putting 
additional pressure on the offset-voltage constraint. Static or dynamic offset com-
pensation schemes are often required in these cases.

12.3.3 praCTiCal CFd implemenTaTions

A CFD circuit using a distributed polysilicon RC line implemented in a 1.2-µm 
CMOS technology (Simpson et al. 1996) (see Figure 12.4a) obtained ±150-ps walk 
and jitter below 150 ps for a 100:1 dynamic range with an area consumption of 
200 × 950 µm2 and 15 mW of power consumption.
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Binkley et al. (2002) implemented an integrated current-mode fifth-order low-
pass filter using MOS transistors instead of resistors (see Figure 12.4b). While this 
method provides a good control on the parameters of the delay filter, the DC current 
supply of the MOS resistors needs to be considerably higher than signal variations 
for good linearity, thus increasing power consumption. The circuit was implemented 
in a 0.5-µm CMOS technology and showed intrinsic timing jitter and walk below 
100 ps for a 3.7:1 dynamic range, with the expense of 50-mW power consumption.

Manfredi et al. (2001) used a feedback unity-gain buffer as a delay element in the 
CFD design (Figure 12.4c). The results for a front-end circuit optimized for detec-
tor capacitance below 200 fF were 1-ns time-walk and ≈250-ps time jitter, for input 
charge signals between 2 × 104 and 5 × 105 electrons. The power consumption of the 
circuit was about 3 mW.

In the first cited work, the offset of the zero-crossing discriminator is compen-
sated by a dedicated continuous-time DC feedback loop that controls internally the 
first stage of the discriminator. In Binkley et al. (2002), a more complicated baseline 
restorer circuit is used in order to accommodate for higher event rates. In this case, a 
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current generated by the compensation circuitry is added into the signal path, at the 
input of the discriminator.

More recently, Engel et al. (2006) designed a 16-channel front-end chip for solid-state 
detectors, fabricated in a 0.5-µm CMOS process. Each channel of the chip contains (a) 
a linear branch dedicated to amplitude measurement and peak detection and (b) a tim-
ing branch consisting of a constant-fraction discriminator that uses a passive Nowlin 
circuit and a time-to-amplitude converter. The offset of the zero-crossing discriminator 
is canceled by an internal dynamic compensation circuit. The chip achieves 1-ns time 
resolution FWHM and an experimental peak-to-peak time-walk variation below ±1 ns 
for a dynamic range of 0.5 to 50 MeV, consuming 20 mW in the timing branch.

In the framework of the future NA62 experiment at CERN, Switzerland, R&D 
work was carried out by the authors to provide a front-end electronics solution to a 
hybrid silicon pixel detector with 200-ps time resolution for minimum-ionizing par-
ticles. The pixel size in this case was of 300 × 300 µm, while the detector thickness 
was chosen to be 200 µm as a compromise between signal strength and minimum 
material budget. More details on the detector specifications and the experiment itself 
can be found in Fiorini et al. (2007).

Given the rather large pixel size, which also implies a relatively generous maxi-
mum power budget of 1.8 mW per pixel, the authors decided to explore the possibility 
of implementing a complete pixel front-end based on a constant-fraction discrimina-
tor, integrating local time-to-amplitude converter, analog derandomization of the 
time information, and digitization.

One prototype of the CFD front-end stage was realized in a commercial 0.13-µm 
feature size CMOS process and reported by Martoiu et al. (2008). In this implemen-
tation, the delay and attenuate transfer functions required for the constant-fraction 
are synthesized by a passive RC differential filter, as shown in Figure 12.5. The four 
distributed low-pass RC filters simulate a delay line, while the two resistors cross-
coupled between the input and the output of the filter form a differential attenuator. 
One should observe that, by disconnecting the capacitors, the circuit turns into a dif-
ferential resistive-fraction circuit with inverted output. The ratio between the resis-
tors determines the fraction parameter of the constant-fraction transfer function, and 
the RC product determines the delay. The passive elements are implemented using 
polysilicon resistors and vertical plate capacitors provided by the CMOS process.

The output signal of the constant-fraction filter is amplified to near CMOS level by a 
sequence of fast differential amplifiers. The offset sources up to this stage are mitigated 

D

Preamp

DET

GND

FIGure 12.5 CFD-based silicon pixel front end designed for the Gigatracker detector of 
the NA62 experiment at CERN. (Reported in Martoiu et al. [2008]. With permission.)
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by a slow current-mode feedback loop. A transimpedance amplifier is used to inject cur-
rent into the resistive ladder of the CFD passive filter. The differential component of this 
current is modulated by the DC error sensed at the output of the discriminator. The slow 
feedback obtained compensates the relatively high offset of the fast differential ampli-
fiers, as well as the offset sources from the front-end stages. It also provides a high-pass 
overall transfer function, reducing the low-frequency white and 1/f noise.

Jitter and time-walk performance are shown in Figure 12.6 for an input charge pulse 
between 1 fC and 10 fC. The time-walk curve shows a residual leading-edge behavior 
at lower amplitudes, while at higher amplitude range, the curve turns back to higher 
delays. This behavior was found to be caused by the distortion of the signal shape, 
which takes place in the preamplifier stage. The circuit shows typically less than 80-ps 
jitter error for the average MIP signal (2.2 fC or 14,000 electrons, in this case) and less 
than 270-ps peak-to-peak time-walk error for the whole amplitude range.

Weighting the measured results by the expected Landau distribution of the detec-
tor charge yield, the combined time resolution is found to be on the order of 100 ps 
(Figure 12.7). The amplitude distribution is concentrated in the central part of the 
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dynamic range, around the average 2.2 fC (14,000 electrons) yield. Since the varia-
tion of the time-walk in this region is small, its contribution to the total timing per-
formance is close to negligible.

12.4 tIMe-WAlk correctIon WIth AMPlItude InForMAtIon

12.4.1  Time-over-Threshold: basiC prinCiple and 
praCTiCal implemenTaTions

It was shown in Section 12.2 that a simple leading-edge discriminator suffers from 
time-walk due to different threshold-crossing times experienced by input signals 
with different amplitude. Hence, the parallel measurement of the amplitude provides 
a means to compensate this effect off-line, back-projecting the experimental time 
response at the correct position. One needs to know quantitatively the correspon-
dence between the signal amplitude and the time-walk error, and then subtract it 
from the measured leading-edge time affected by the walk error. All uncertainties in 
the amplitude measurement and time-walk to amplitude mapping add up to adversely 
affect the timing precision. Here the relevant error sources are, for example, the 
noise in the amplitude measurement, the ADC resolution, as well as the accuracy 
of the parameterization of the time-walk as a function of the signal amplitude. In 
principle, the best opportunities for off-line corrections are provided when the full 
signal waveform is digitized.

In a recent paper by Ruckman and Varner (2009), a switched capacitor array with 
a sampling frequency of up to 6 GHz was employed to capture fast signals delivered 
by multichannel plate (MCP) photomultipliers. After the off-line software correc-
tions, a final resolution of less than 10 ps rms was demonstrated. In many applica-
tions, however, due to the complex circuitry and the power consumption required, 
full waveform digitization can not be afforded. As we can observe in Figure 12.2, 
the time spent by a signal above a given threshold depends in general on the signal 
amplitude. This property can be exploited to perform an amplitude measurement 
with a minimal circuit overhead.

Known as time-over-threshold (ToT), this approach is particularly suitable for 
a low-power, multichannel readout system and, owing to its simplicity, it has been 
adopted in a number of designs. ToT information can, in fact, be easily extracted from 
a simple binary front end, in which a discriminator follows the input amplifier, by 
measuring the leading and trailing edges of the comparator against a time reference. 
Depending on the precision needed, the time measurement can be provided either by 
counting clock pulses or by using a high-resolution time-to-digital converter (TDC).

A well-detailed example of a front-end circuit exploiting the ToT technique is 
found in the AToM chip, developed for the silicon tracker of the BaBar experiment 
at the SLAC National Accelerator Laboratory at Menlo Park, California (Kipnis et 
al. 1997). In each of the 128 channels, a leading-edge comparator senses the output 
of a semi-Gaussian shaper. The discriminator output is sampled at 15 MHz, and the 
resulting bits are stored in a 193-cell-deep digital pipeline. When a trigger signal is 
issued, a digital processor looks in the bit string for 0-to-1 and 1-to-0 transitions that 
identify a pulse exceeding the threshold. The number of 1’s in each pattern gives the 
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ToT information. In the case of a semi-Gaussian shaper, the relationship between the 
pulse duration and the signal amplitude follows a quasi-logarithmic curve, which can 
also be exploited to perform a signal compression and expand the dynamic range. 
Interestingly, for large signals, slew-rate limitations in the shaper may cause a distor-
tion of the pulse shape that leads to a more linear ToT-vs.-amplitude curve, a fact that 
was also observed in the AToM chip. In this ASIC (application-specific integrated 
circuit), the primary purpose of the ToT feature was to improve the spatial resolution 
in case the charge is shared among two adjacent strips.

An example of the use of the ToT method for time-walk correction is instead 
found in the NINO ASIC, developed for the time-of-flight (TOF) system of the 
ALICE experiment at CERN (Anghinolfi et al. 2004). Implemented in a 0.25-µm 
CMOS process, the circuit consists of a common-gate input stage, followed by a 
chain of low-gain and fast differential amplifiers. The output of the discriminator is 
converted to an LVDS (low-voltage differential signaling) and sent out of chip, where 
a high-resolution TDC with 25-ps bins is employed to measure the leading and the 
trailing edge. Also, for the NINO chip, the relationship between the signal charge 
and the pulse width has a nonlinear behavior, and the signal compression is more 
pronounced for smaller signals. Exploiting the ToT information, the time-walk error 
is corrected, and a final time resolution of 50 ps rms is obtained when reading out 
multigap resistive plate chambers. The power consumption of the circuit is 30 mW 
per channel, which in this particular application is motivated by the very demanding 
performance required.

One of the interesting aspects of the ToT approach is that it has the potential 
of being implemented with very low power consumption. Therefore, it is the natu-
ral option if one wants to equip highly segmented radiation sensors, like silicon 
hybrid pixel detectors, with energy and time-resolution capability. The front-end 
chip developed for the ATLAS pixel system (Ivan Peric et al. 2006) is one interest-
ing example.

More recently, a versatile pixel detector front-end, called Timepix, has been 
reported (Llopart et al. 2007). The ASIC contains a matrix of 256 × 256 independent 
cells. In an area of 55 × 55 µm, each cell incorporates a front-end amplifier, a dis-
criminator, and a programmable counter that allows three different operating modes. 
In the “event counting mode,” the counter is incremented by one each time the com-
parator fires, a modality that is suitable, for instance, for imaging applications. In 
the “ToT mode,” the counter is driven by a reference clock, which is provided by an 
external source and distributed to the whole matrix. The counter is enabled while the 
comparator signal is above the threshold level, thus allowing the measurement of the 
deposited energy. Finally, in the arrival-time mode, the counter is triggered by the 
comparator transition and frozen by a common stop signal. An interesting feature of 
the Timepix chip, which is fabricated in a 0.25-µm CMOS process, is its low power 
consumption, which is only 12 µW per cell.*

It must be observed that the three modes of operation described here are mutu-
ally exclusive, so in the timing mode the ToT information is not available. However, 

* Such a low power consumption is of course possible because the very low capacitance typical of pixel 
detectors allows a good signal-to-noise ratio, even with a small bias current.
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each cell can be configured independently. As suggested by Llopart et al. (2007), the 
small pixel size in some applications allows exploiting the benefit of charge sharing 
to perform both measurements simultaneously. In such a case, the chip could be con-
figured in a chessboard pattern, with one cell working in ToT mode and the neighbor 
one in timing mode. This would make available for the same hit the full information 
necessary for the correction of the time-walk. In practice, the application of a cor-
rection procedure entails several issues, which are discussed in the practical example 
in the following subsection.

12.4.2  Time resoluTion oF a low-power ToT Cell 
in 0.13-µm Cmos: a Case sTudy

To investigate the performance of the ToT approach for time-walk correction in the 
case of low-power circuits suitable for multichannel semiconductor radiation sen-
sors, the time resolution of a pixel front-end cell implemented in a 0.13-µm CMOS 
process was measured (Martoiu 2007). The chip used as a test vehicle was developed 
in the framework of an R&D project for the front-end electronics of the microver-
tex detector of the PANDA experiment, planned at the future FAIR facility at GSI. 
The circuit is designed to provide simultaneously time-stamping of the events and 
energy information.

A block diagram of the circuit is shown on the left part of Figure 12.8, while the 
right-hand side shows simplified transistor-level schematics of the input amplifier 
and of the discriminator. The circuits are kept as simple as possible to minimize 
power consumption and area occupation. The detector current is integrated on the 
feedback capacitor Cf, which has a value of 10 fF. The capacitor is discharged with 
a constant current, providing an output waveform with a triangular shape. A low-
bandwidth transconductor compensates the sensor leakage current and allows lock-
ing the DC voltage at the preamplifier output to a reference voltage. A calibration 
capacitor is used to inject artificial signal. The preamplifier is implemented with 
a single-ended telescopic cascode. The maximum applicable power supply is only 
1.5 V, but the two nMOS transistors operate deeply in weak inversion, so they need 
only 100 mV to stay in saturation. The current source works in strong inversion and 
with a transconductance as low as possible to minimize its contribution to the noise. 
During the measurements, the circuit was powered with a single-rail power supply 
of 1.2 V, while the total power consumption was 10 µW. With these settings, a linear 
dynamic range of 0.7 V was obtained at the preamplifier output. It is well known, 
however, that such an architecture can provide a linear measurement of the injected 
charge, even when the amplifier saturates, as long as the current source providing 
the feedback current works properly. In the tests, the signals were fed directly to the 
calibration capacitor, while the comparator output was captured with a fast digital 
oscilloscope.

The measured time-walk curve as a function of the time-over-threshold is shown 
in Figure 12.9 for three different channels of the same chip. The time error was 
measured directly versus the time-over-threshold, as opposed to the amplitude level 
of the input signal. This was done to avoid the propagation of the parameterization 
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errors between time-over-threshold and amplitude on the one hand, and between 
amplitude and time-walk, on the other. The measurements were performed with 
input amplitudes ranging from 1.4 fC to 22 fC in 25 logarithmically spaced steps.

Ideally, the signal shape at the output of the preamplifier should be a perfect tri-
angle. In this simple case, the equation of the leading edge would be written as

 y t
A

t( ) =
τp

 (12.7)

where A is the amplitude, τp is the peaking time, and t the time variable.
The running time-walk can be defined as the time the signal needs to reach the 

threshold voltage y(tw) = Vthr

 t
V
A

w
thr

p= τ  (12.8)

It follows that, in the ideal case, the running time-walk curve is proportional to the 
inverse of the amplitude of the preamplifier output signal.

In reality, the leading edge of the signal is not linear, its form determined by the 
shaping effect of the preamplifier while still in a linear range, and the large-signal 
nonlinearity of the circuit. For a more detailed study, one should also include the 
errors induced by the discriminator, i.e., the slew-rate dependence of the propagation 
time. However, a full analytical model would bring too much complexity, so a sim-
pler fitting approach was preferred. The time-walk curve was parameterized using a 
third-order polynomial function of the inverse of the ToT measure

 t c c c cw
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Figure 12.10 shows the residual of the time-walk correction. Using 25 measured 
points to calculate the parameters in Equation (12.9), the time error was reduced from 
as much as 10 ns down to 300–400 ps peak to peak. Using only five points for the 
interpolation of the time-walk versus ToT curve, the residual error increases by approx-
imately 50%. This analysis takes into account the fact that the calibration of a high 
number of pixels is impractical if too many calibration points are considered. The 
result stresses the importance of the accuracy of the parameterization in this analysis.

Another important component of the time resolution is the jitter, which as we have 
seen in Section 12.2 is defined as the ratio between the rms noise level at the input 
of the discriminator and the signal slope at the threshold-crossing point. Because the 
leading edge is used to extract the primary timing information, one might surmise 
that the jitter on the leading edge should provide the only important contribution. As 
a matter of fact, since the time information is corrected for time-walk errors using 
the amplitude information, the random error on the amplitude measurement (which 
is in nature equivalent to the jitter) must also be taken into account. Moreover, in a 
system that uses time-over-threshold, the error on the amplitude is related to the jitter 
of both the leading edge and the trailing edge of the signal, which defines the ToT. 
Figure 12.11 shows the standard deviation of the ToT measurement for the practi-
cal example considered here. The use of a constant current source in the feedback 
path to linearize the amplitude measurement has the disadvantage of a high jitter 
of the trailing edge, which can reach 10% for low-amplitude signals. As shown in 
Figure 12.11(b), its contribution to the overall jitter-induced error is very important 
for the lower part of the amplitude range, while it is negligible at high amplitudes.

Figure 12.12 shows the standard deviation of the leading-edge time (Figure 12.12a) 
and the square root sum of the latter with the contribution of the time-walk cor-
rection. An important point here is that the amplitude-driven time-walk correction 
comes at the expense of a deterioration of the original leading-edge jitter at low 
amplitudes, which in this case jumps from 300 ps to 1 ns.

Two important remarks should finally be made. First, the main reason the power 
consumption is so low is that, as for the Timepix chip discussed previously, the circuit 
is optimized to work with a detector with very low capacitance (typically 200 fF). 
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Therefore, the input amplifier can be biased with a small current (on the order of 
1 µA) while maintaining an adequate noise level. Second, the resolution obtained 
here is the one of the electronics alone, so it represents a best-case approximation. 
When designing a real system, one should not overlook all the aspects related to the 
sensor behavior, such as rise-time signal variations for the same deposited charge, 
which contribute significantly to the final timing accuracy.
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13 Time-to-Digital Converter 
Circuits in Radiation 
Detection Systems

Sachin Junnarkar

13.1 IntroductIon

Timing measurement, a fascinating instrumentation problem, has long challenged 
researchers. Great efforts have been dedicated to ensure precise timekeeping and 
measurements of time both for commonplace applications, such as wristwatches, and 
complex ones, as in many space-science instruments, such as particle physics systems, 

contents

13.1 Introduction ................................................................................................ 337
13.2 TDC Applications ...................................................................................... 339

13.2.1 Positron Emission Tomography ................................................... 339
13.2.2 Associated Particle Technique, Time-of-Flight Experiments .....340
13.2.3 MARIACHI Experiment ............................................................. 342

13.3 TDC Characteristics ................................................................................... 342
13.4 Process, Voltage, and Temperature Variations ........................................... 343

13.4.1 Temperature Variations ................................................................ 343
13.4.2 Voltage Variations ........................................................................344

13.5 Noise Analysis ............................................................................................346
13.6 Meta-Stability in Digital Logic .................................................................. 347
13.7 TDC State of the Art ..................................................................................348

13.7.1 FPGAs and CMOS-ASIC-Based TDCs.......................................348
13.7.2 Circuit Topologies ........................................................................ 350

13.7.2.1 Tapped-Delay-Line Method ........................................ 350
13.7.2.2 Vernier Technique ....................................................... 351
13.7.2.3 Cyclic TDC ................................................................. 352
13.7.2.4 Two-Ring Oscillator-Based Technique ....................... 353

13.8 Conclusion .................................................................................................. 355
Acknowledgments .................................................................................................. 358
References .............................................................................................................. 358



338 Electronics for Radiation Detection

X-ray and UV imagers, and laser altimeters. The latter require sharply exact mea-
surements of time intervals at low power, high speed, and fine resolution [1–5]. In 
nuclear-particle physics experiments, drift-based tracking detectors are used to obtain 
highly accurate information about the energy, momentum, time of occurrence, and/or 
position of incidence of a particle on the detector. For a majority of these applications, 
the instruments consist of radiation detectors wherein, in the simplest case, charge is 
induced on a set of two electrodes. Only a fraction of this charge is available for mea-
surement, and it is collected and amplified by an electronics preamplifier [6].

To extract timing information from the collected charge, the electronics chain 
usually consists of the following components: shaping amplifier and filter followed 
by a constant-fraction discriminator (CFD), then a timing measurement circuitry 
or an analog-to-digital converter (ADC), and finally the digital signal-processing 
circuitry [7]. While such systems give better timing resolution than the earlier ana-
log CFD techniques, the large number of ADCs required—which may be as many 
as the number of front-end channels (which usually range from 100 to more than 
100,000)—dominate the cost and power requirements of the system. In some sys-
tems, the shaping amplifier and filter is followed by a zero-cross discriminator (ZCD) 
[8, 9] rather than a CFD. An analog CFD or ZCD output is used as the measure of 
time. Two kinds of mechanisms are employed to digitize the CFD/ZCD output. A 
time-to-amplitude converter (TAC) measures the interval between two CFD/ZCD 
pulses—start and stop—and generates an analog output pulse proportional to the 
measured time difference between them. This analog output may be digitized using 
a conventional analog-to-digital converter (ADC), thus giving a digital representa-
tion of time difference between the start and stop pulses. A time-to-digital-converter 
(TDC) is a device for converting these CFD/ZCD output signals directly into a digi-
tal representation of their absolute or relative time of occurrence (Figure 13.1).

Although TACs are very advanced timing-measurement circuits, they require ADCs. 
Furthermore, as the channel counts increase for a given detector, TACs become expen-
sive and high-power-consuming solutions. TDCs, on the other hand, can be designed 

TDC
(Timing)

ADC
Energy and

Timing
TACCFD

ADC/
ToT+TDC
(Energy)

ShaperPreamplifierRadiation
Detector ZCD

FIGure 13.1 Radiation detector signal chain showing conventional signal chain in dashed 
boxes versus contemporary processing units shown in solid. (From Junnarkar et al. [10]. 
© IEEE 2009/2010. With permission.)
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to be very compact, with multiple channels packed together as a part of a module, 
with much lower power consumption while retaining very high precision. As many 
as 24 TDC channels have been realized in a single FPGA (field-programmable gate 
array) device with subnanosecond resolution [8]. Only a few percent of the total system 
power budget is used for those TDC channels, because the same FPGA is serves as 
a workhorse of the data acquisition system. A custom application-specific integrated 
circuit (ASIC)-based solution also provides similar form factor, low power dissipation, 
and performance. In this chapter, we visit both implementations of the TDC.

13.2 tdc APPlIcAtIons

TDCs are needed extensively in high-energy physics experiments. In drift-based 
tracking detectors, a time resolution on the order of 1 ns normally is sufficient. 
However, in time of flight (TOF) detectors, a time resolution of a few tens of pico-
seconds is often required [11–15]. Some commercial PET scanners employ a TDC 
to measure time accurately [16, 17]. Recently, TDCs have been applied to frequency 
synthesis in delay-locked loops (DLLs) for faster acquisition of data and to avoid 
false locking. With the advent of digitally intensive and all-digital fractional phase-
locked loops (PLLs) in deep-submicrometer complementary metal-oxide-semicon-
ductor (CMOS) scaling, the TDC is becoming an attractive replacement for the 
conventional phase/frequency detector and charge pump [18]. TDCs also have been 
employed as low-power, highly accurate, portable temperature sensors [19]. The key 
building blocks in wireless transceivers incorporate TDCs for realizing digital fre-
quency synthesizers [20–22]. As gigahertz (GHz) speeds become more common in 
high-speed data communications and microprocessors, the jitter requirements for 
PLLs have fallen into the range of picoseconds. TDCs are used for real-time jitter 
measurements in such applications [23].

Presently, there are three experiments at Brookhaven National Laboratory for 
which we must resolve the problem of time-to-digital conversion. Two experiments 
involve positron emission tomography (PET)-based scanners, and the third is a 
time-of-flight (TOF) type of experiment based on NaI(Tl) scintillators and a photo-
multiplier tube (PMT) detector chain. Given the expanse of TDC applications, we 
describe these three experiments in the following subsections.

13.2.1 posiTron emission Tomography

Positron emission tomography (PET) is a nuclear medicine imaging method for 
obtaining three-dimensional images of physiological processes in the body. In 
studies with PET imaging systems, a positron-emitting radionuclide, the tracer, 
is injected intravenously into the patient and is taken up by active molecules. The 
radionuclides typically employed are short-lived ones, viz., carbon-11, nitrogen-13, 
fluorine-18, and oxygen-15, with lifetimes ranging from 2 to 110 minutes. When 
a positron comes into contact with an electron within the body, the two particles 
annihilate and produce two time-coincident 511-keV gamma rays that are emitted 
approximately 180 degrees apart [16]. These collinear gamma rays are detected by 
gamma-ray detectors, such as scintillation detectors, e.g., lutetium oxyorthosilicate 
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(LSO) and lanthanum bromide (LaBr3). In the PET scanner, the many gamma-ray 
detectors are arranged in parallel rings that encircle the patient being imaged.

A time measurement is required to detect the coincidence of two opposing gamma 
rays that hit two detector pairs. Photodetectors, such as photomultiplier tubes (PMTs) 
or avalanche photodiodes (APDs) convert the scintillated photons and generate an 
electric charge. The front-end electronics chain—preferably consisting of a pream-
plifier, shaper, constant-fraction discriminator similar to one shown in Figure 13.1, 
and a timing-measurement circuit—extracts from the collected charge information 
such as energy, time of occurrence, and position of incidence. Time of occurrence of 
the events is the quantity of utmost importance for reconstructing the images. Online 
or offline coincidence processing systems plot histograms of the recorded timing 
information from the detected colinear annihilation events of interest. The complex-
ity and large channel-count in a typical PET system necessitates developing custom 
and integrated front-end electronics using standard, low-cost, and readily available 
CMOS- or FPGA-based technologies with low power consumption.

Besides the medical imaging of patients, PET finds applications in fields rang-
ing from in vivo high-resolution imaging of neurophysiologic activity in animals, 
wherein the rat conscious animal PET (RatCAP) [24] and wrist detector are examples 
of two specific applications to measurements of arterial-input function in humans. 
The front-end electronics signal chain for these detectors consists of a preamplifier-
shaper followed by a ZCD and TDC [25].

A significant amount of research with PET has focused on small-animal studies. 
In studying abnormalities, such as addiction, hyperactivity, and stress, it is important 
to correlate animal behavioral patterns with PET information from humans [26]. The 
architecture of many contemporary PET scanners is large, as these systems rely on 
highly segmented arrays of scintillating crystals coupled with photomultiplier tubes. 
With a few exceptions, such as in works by Momosaki et al. [27] and Tsukada et al. 
[28], the animals must be anesthetized, since any movement will severely distort the 
quality of the images obtained. However, anesthesia not only constrains the ability to 
relate behavioral patterns and PET information, but it also suppresses many impor-
tant neurological activities that are being studied. A compact electronics architecture 
resolves the mobility issue [9].

13.2.2 assoCiaTed parTiCle TeChnique, Time-oF-FlighT experimenTs

In the associated-particle technique (APT) [29], the alpha particle associated with a 
14-MeV [30, 31] neutron produced by the 3H(d,n)4He reaction in the neutron generator is 
emitted in nearly the opposite direction. When a neutron collides with the soil matrix, 
one probable interaction is an inelastic scattering by a C atom, producing the character-
istic gamma-ray emission. The elapsed time between detection of the alpha particle and 
detection of the gamma ray reveals the distance traveled by the neutron and provides the 
depth of neutron interaction with C in the soil, as shown in Figure 13.2. Since 14-MeV 
neutrons travel at a speed of 5 cm/ns, it is important to achieve subnanosecond time 
resolutions to be able to resolve depth profiles of C layers less than 5-cm thick [32].

Fast-rising PMT timing signals can be AC-coupled and directly read by the FPGA 
inputs with little or no signal conditioning (Figure 13.3). Modern-day high-speed 
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field-programmable gate array (FPGA) devices can be exploited for making high-
resolution timing measurements. An FPGA-based time-to-digital converter using a 
single tapped delay line (TDL) with subnanosecond timing resolution has been suc-
cessfully realized [9]. Digitizing the time of occurrences of PMT output pulses using 
a TDC, realized using the TDL technique, should, in principle, provide the timing of 
the first photoelectron with error limited by TDC resolution, very negligible PMT jit-
ter, and photostatistic noise. To obtain reasonable energy discrimination for elemen-
tal analysis, a digital pipeline of ADC samples is a good solution.

13.2.3 mariaChi experimenT

The MARIACHI project has had great success at the Brookhaven National Laboratory 
on Long Island, New York. The MARIACHI philosophy of “learning by doing” 
holds great potential for its implementation on a larger scale. Continental-scale cov-
erage requires upgrades to existing MARIACHI instrumentation. Next-generation 
MARIACHI detectors require low-power, battery-operated FPGA-based front-end 
instrumentation with a wireless data-acquisition system.

A novel field-programmable gate array (FPGA)-based electronics architecture for 
picoseconds time-of-flight spectroscopy can be used for detection of cosmic rays. 
The detector includes plastic scintillators coupled to a photomultiplier tube.

Fast-rising PMT timing signals can be directly read by the FPGA inputs without 
any signal conditioning (Figure 13.2). Modern-day high-speed FPGA devices can be 
exploited to make high-resolution timing measurements. Digitizing the time of occur-
rences of PMT output pulses using TDC should provide the timing of the first photoelec-
tron with error limited by TDC resolution, very negligible PMT jitter, and photostatistic 
noise. To obtain reasonable energy discrimination, a TDC quantizer will be used as an 
ADC using the time-over-threshold technique. The fundamental resolution limit on an 
ADC using a TDC was found to be <5 bits. This resolution can be increased beyond the 
fundamental limit by sampling the waveform at multiple thresholds. In order to cover 
the complete PMT dynamic range and obtain enough samples to allow reconstruction, 
thresholds will be logarithmically spaced. The trade-off in this approach would be to 
arrive at the optimum number of thresholds to achieve sufficient ADC resolution to 
perform energy discrimination vs. the power consumption in the LVDS (low-voltage 
differential signaling) receivers, TDC circuits, and DACs (digital-to-analog convert-
ers). Synchronizing multiple detector TDC outputs will be a challenge. State-of-the-art 
global-positioning-system receiver clocks suffer from ±1-ns uncertainty.

13.3 tdc chArActerIstIcs

A TDC quantizer is similar to the very well-studied and commonly known ADC 
quantizer. The quality of a TDC is judged by similar parameters as an ADC, with 
high resolution being the foremost of all the TDC’s specifications. Definitions of 
important terms are as follows:

Resolution: The smallest time-interval that can be digitized in a TDC.
Dynamic range of phase detection: The maximum phase error detectable or 

maximum measurable time interval using the TDC circuit.
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Robustness: TDC robustness is specified over a range of variations in process, 
voltage, and temperature (PVT).

Dead time: Time interval required to complete the digitization process or the 
minimum delay between two successive digitization operations is referred 
to as dead time.

DNL (differential nonlinearity) error: The difference between a real least-
significant bit (LSB) and an ideal LSB.

INL (integral nonlinearity) error: The difference between a real transition 
point and an ideal transition point.

FoM (figure of merit) : The incremental energy expended in conversion of one 
of the possible 2ENOB quantization steps to the next quantization step, with 
resolution equal to quantization step size q, during conversion of an input 
time to its digital representation.

ENOB: Effective number of bits.

13.4 Process, voltAGe, And teMPerAture vArIAtIons

Although the previously discussed techniques apparently are straightforward and 
very simple to implement, in reality delay lines are very susceptible to variations in 
process, voltage, and temperature, thus complicating life for the designer. Ways must 
be devised to compensate for, and sometimes to overcome, these inherent nuisances. 
The following section details the problems associated with these techniques and the 
solutions developed so far.

13.4.1 TemperaTure variaTions

Studying the standard behavior of the MOS transistor can shed light on the effect of 
temperature on logic gates and delay buffers. The conduction current of the MOS 
transistor in the saturation region is denoted by
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where µ, the carrier mobility, decreases with an increase in temperature [33].
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where km ranges from −1.2 to 2, and T and T0 are, respectively, the practical and 
reference temperatures.

 V T V T T TT T( ) ( ) ( )= + −0 0α  (13.3)

where α is in the range of −0.5 mV/K to −3 mV/K.
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In the case of digital cells, VGS >> VT, and thus mobility will dominate the ther-
mal characteristics of the cell. Therefore, as temperature rises, the conductivity of 
all cells in the delay line will decline, which, in turn, will increase the delay of the 
cells. These events directly affect the resolution of the TDC. Stabilized performance 
requires eliminating the thermal dependence of the delay through the cells, as seen 
in Figure 13.4 [19].

The problem of the negative temperature sensitivity of conduction current is 
solved as depicted in Chen et al. [19]. The VT of the diode-connected transistors, 
P1 and N1, has an inverse relationship with temperature. As temperature increases, 
this drop in VT results in a rise in the terminal voltage of P3, thereby increasing its 
conduction current. The current-mirror configuration of P1, P2 and N1, N2 transfers 
this conduction current of P3 with a positive temperature coefficient to compensate 
for the loss in mobility in the inverter.

The value of the thermally independent ID,P3 can be derived as
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With this technique, thermally insensitive cells for delay-line techniques can be 
designed to give thermally insensitive TDC resolution.

13.4.2 volTage variaTions

Supply-voltage variations and process variations directly affect the delays of the ele-
ments used in the delay chain. The delay-locked loop (DLL) (Figure 13.5) performs 
time interpolation within the reference clock cycle. The DLL consists of a voltage-
controlled delay line regulated by a control loop that forces it to span exactly one clock 
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FIGure 13.4 Basic inverter delay cell with temperature compensation. (From Chen et al. 
[19]. © IEEE 2005. With permission.)
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cycle. The control loop comprises a phase detector (PD), a charge pump (CP), and a fil-
ter capacitor (Figure 13.6). The PD continuously measures the phase difference across 
the delay chain and directs the charge pump and filter circuit to adjust the control volt-
age accordingly. In this way, the delay of each delay cell is maintained at an average 
value equal to the clock period, divided by the number of delay cells in a chain.

The phase-detector circuit shown in Figure 13.6 distinguishes between the phase 
lag of one input with respect to the other. Unlike the phase-locked loop (PLL) circuit, 
two inputs to the PD circuit are correlated. The P and N pulses needed to drive the 
charge pump in Figure 13.6 are generated by a phase detector based on the Miller 
C-element [34].
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FIGure 13.5 Delay-locked loop. Total delay of the loop equals the clock period. Phase 
comparator circuit dynamically adjusts the control voltage to the delay cells to compensate 
for any supply or temperature variations.
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FIGure 13.6 Phase comparator and charge pump circuit. (From Santos et al. [34]. © IEEE 
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Figure 13.7 shows the idealized waveforms for the complete phase-detector cir-
cuit. The output of the C-element follows whichever of the inputs, A or B, lags the 
other. Simple combinational logic elements generate P and N signals to control the 
pump that supplies the bias voltage for the delay chain. The circuit operates on the 
falling edge of the waveforms A and B. The proportional negative-feedback circuit 
ensures that, under lock, P stays at logic level 1 and N at 0.

13.5 noIse AnAlysIs
A TDC-based quantizer introduces nonidealities due to noise and jitter, along with 
circuit nonuniformities. Noise is classified into deterministic noise and random noise. 
The source of deterministic noise is the periodic switching of the system clock; ran-
dom noise, originating as a substrate and as supply noise, has a Gaussian probability 
distribution function (PDF). This section focuses on the latter.

The TDL’s architecture relies on a stable, external crystal oscillator to provide a 
clock reference. Deviations in the placement of and routing delay for each delay ele-
ment cause stationary INL and DNL variations [10]. They can be accounted for dur-
ing the calibration phase. Furthermore, supply noise and substrate noise introduce 
time-variant oscillator jitter. The expression of phase jitter [35] is given by
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where, σ∆ϕ is the standard deviation in phase jitter due to a single white-noise source, 
Γrms is the impulse-sensitivity function (ISF), i fn

2 / ∆  is the single sideband power 
spectral-density of the noise-current source, ∆T is the measurement interval, and 
qmax is the maximum charge swing across the oscillator’s output node.

The ISF for the ring oscillator is also given in Equation (13.6), from Hajimiri et 
al. [35],
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where η is a technology-dependent proportionality constant and Nr is the number of 
ring oscillator stages. ISF can be defined for any oscillator, and the corresponding 
phase noise calculated.
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FIGure 13.7 Idealized waveforms of the phase detector circuit showing the proportional 
control. (From Santos et al. [34]. © IEEE 1996. With permission.)
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Phase jitter defines the uncertainty in the transition point for TDC output codes and 
also affects INL and DNL. For input signals with widths near the nominal transition 
levels, the TDC output switches randomly from one output code to an adjacent one 
[9]. The width of this uncertainty is driven by jitter, as denoted in Equation (13.6).

For the TDL architecture, this jitter directly translates into transition uncertainty. 
For a two-ring oscillator structure, uncertainty is cancelled out because the final 
TDC output code uses the difference between the two oscillators; it is equal to the 
noise present on the input signal.

The circuit introduces another level of uncertainty. The basic building blocks of 
all digital TDCs are delay cells and D-flip-flops. In asynchronous TDC circuits, the 
effect on the TDC’s characteristics due to minimum setup and violations in hold time 
depends on the system’s architecture, and the following section discusses the effects 
of the resulting meta-stability.

13.6 MetA-stAbIlIty In dIGItAl loGIc

TDC circuit building blocks contain D-flip-flops (DFF) and basic logic gates, such 
as inverter, Nand, and Xor. Digital sequential circuits involving DFF with asynchro-
nous clock and data signals manifest metastable behavior when the metastability 
conditions [36] are satisfied. If the specifications for the DFF setup and hold time are 
not met, electronic noise dictates the DFF’s output states, which entails erroneous 
readings of the counter. In the TDL architecture, this behavior causes bubbles in the 
thermometer code at the output of delay cells where the violations exist. Bubble cor-
rection logic easily corrects the output.

In two-ring oscillator topology, the circuit that compares the clocks may exhibit 
metastability occasioned by electronic noise. The output width is given in [10]. Two-
ring-oscillator topology relies on precise phase crossover detection between two 
asynchronous ring-oscillator outputs, i.e., slow clock and fast clock. Phase crossover 
detection circuitry may exhibit metastable behavior. Due to the metastable nature 
of the DFF, clock crossover detection for the inputs with trailing edges or stop-sig-
nal alignment with the slow clock phase results in an uncertainty equal to the slow 
clock period. Two-ring-oscillator topology uses the following simple line equation to 
arrive at the input pulse width measurement Ts.[10].

Metastability may also exist at the crossover boundary between analog and digital 
circuits, where comparators convert analog voltage to a ToT (time over threshold) 
digital output, as discussed in detail in the next section. There is some minimum 
signal VL that digital circuits following a comparator can interpret unambiguously as 
either a 1 or 0. If the comparator gain is A0, then inputs within VL/A0 of the threshold 
will produce indecisive outputs. For input signals uniformly distributed in voltage, 
the probability pi that there will be an indecisive comparator output in an encoder 
with quantization step q is given in [37].

Achievement of a lower bit error rate (BER) is an optimization problem simi-
lar to that of an operational trans amplifier (OTA), needing higher gain and higher 
bandwidth. LVDS comparators at the input pads of the FPGA have adequate band-
width (>100 MHz), high gain, and offer an excellent solution for the ToT application 
described in Section 13.7 [38].
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13.7 tdc stAte oF the Art

TDCs have been realized, with varying degrees of specifications, using CMOS, 
BiCMOS [39], ECL [40], rapid single flux quantum (RSFQ) electronics [16, 41, 42], 
SiGe, and FPGAs [3, 4]. Since RSFQ technologies operate only at cryogenic tem-
peratures, they are not relevant for room-temperature detector applications. SiGe, 
BiCMOS, and ECL technologies are not very common, and sometimes it is hard 
to find a manufacturer offering these processes owing to relatively inexpensive and 
commercially available and widely used deep-submicron CMOS processes.

Deep-submicron CMOS technologies with high density, low power consumption, 
and low mass-production costs are very promising in realizing TDCs with fine reso-
lutions, high dynamic ranges, and low power consumption compared to the conven-
tional TAC approach. However, for research and experimental applications, the cost 
of designing and manufacturing a custom ASIC overwhelms the benefits offered by 
CMOS ASICs. This poses an even greater problem because the development process 
invariably involves at least two to three iterations of the design, based on prototype 
chip performances. The FPGAs offer an instant implementation and verification 
platform and extremely low prototype manufacturing costs.

Contemporary FPGAs designed in similar underlying CMOS processes come 
with most of the benefits associated with deep-submicron processes, and have the 
advantage of a considerably low design cost. A major limiting factor in FPGA-based 
TDCs is the lack of all the niceties of analog-based designs, which give control over 
voltage and temperature variations. This poses a challenge in implementing a TDC 
using an FPGA, because PVT variations limit the achievable linearity and resolution. 
The most common approach so far has been to achieve the best possible resolution 
by architectural modifications and by trial and error. The following sections focus on 
efforts to realize both of the popularly used ASIC- and FPGA-based TDCs.

13.7.1 Fpgas and Cmos-asiC-based TdCs

FPGAs mainly have been used in three types of applications. Firstly, their deploy-
ment focused on computationally intensive adaptive systems, such as real-time sig-
nal processing. The ability to configure the hardware so that it provides the most 
efficient path for the algorithm running at a given time can speed things up by orders 
of magnitude. Secondly, engineers turned to FPGAs in cases where the hardware 
needed updating in situ, particularly important in networking and aerospace, where 
systems can be in service for decades. Finally, ASIC designers could complete their 
work much more quickly using FPGAs as test beds, rather than waiting for test chips 
to be returned by the foundry [43].

FPGA-based TDC structures use a completely digital design incorporating a 
tapped delay line similar to that shown in Figure 13.8. Major design challenges faced 
during those implementations were the unpredictability of the FPGA-compiler’s 
placing of the delay chain, the register structure of the fine TDC component, and 
PVT variations. Nowadays, dealing with PVT variations inside an FPGA is a greater 
challenge than the placements of the delay chain and the registers because of the 
improvements made in modern-day compilers [8]. An input clock with a known, 
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stable period provided an on-chip timing standard. The delay chain was made longer 
than one clock period so that the input was registered twice, first by cell number N1 
and then by cell number N2, after exactly one clock period, T. The average bin size 
was equal to T/(N2 − N1). Such an approach allows no control over the individual 
delay cells, although it provides a stable clock reference for compensation, thereby 
introducing an uncertainty equal to minimum of ±1 LSB. Synchronizing the coarse 
TDC counter with the fine TDC counter is very straightforward for this architecture, 
giving it a very large dynamic range.

QuickLogic FPGA with amorphous antifuse structure, pASIC architecture, has 
been employed to realize TDC [2]. For digitally coding measured time intervals, 
there are two tapped delay lines working in a differential mode, also known as VDL 
(Vernier delay line), described later. The first is created as a chain of the latch flip-
flops, and the other as a chain of noninverting buffers. Hence, the basic delay cell 
contains one latch and one buffer. If the latch delay is longer than the buffer delay, 
the time quantization step (or the incremental resolution) of the TDC is determined 
by their difference, and can be made considerably shorter, by almost an order of 
magnitude, than the propagation time of the fastest gate in the FPGA logic block. An 
advantage of direct coding is its very short conversion time and very short dead time, 
which is equal to the readout time of the output data. The disadvantage of this struc-
ture is its very small (10 ns) dynamic range. Concatenating the coarse time stamp 
with the fine TDC value to increase the dynamic range is not straightforward because 
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the conversion time of a VDL is greater than the clock’s period. Also, because of this 
difference a second event might enter the VDL even before it has finished converting 
the first one. Varner et al. [44] reported a TDC resolution of 2 ns using dual phases 
of a 250-MHz clock with an expected standard deviation of 0.6 ns.

These techniques have pushed the achievable resolution for an FPGA-based TDC 
to its architectural limits. VDL architecture is very promising, but its dynamic range 
and PVT variations on the order of the LSB limit its performance. Ideally, a TDC’s 
resolution should be governed by the substrate and supply noise, and not its layout. 
Pushing the TDC resolution close to the ideal noise-limited value for an FPGA-based 
design is a challenge that is immediately applicable to PET and time-of-flight experi-
ments. Certain architectures, such as the self-calibrating two-ring-oscillator- based 
technique described by Woodward et al. [37] are less susceptible to PVT variations, 
and come very close to a noise-limited performance.

13.7.2 CirCuiT Topologies

Several different circuit topologies have been used to implement a TDC. The resolu-
tion of a complete digital approach that uses delay cells and latches as primary circuit 
elements is limited by the clock’s speed. The Vernier delay line (VDL) technique is 
the most promising of all, with an achievable resolution as fine as a few tens of pico-
seconds. Cyclic TDC has a comparable performance to the complete digital approach, 
but it has the disadvantage of larger dead times. The roadblocks to achieving noise-
limited TDC performance are the PVT variations. The following section discusses the 
techniques established to realize fine TDC and to achieve better PVT performance.

13.7.2.1 tapped-delay-line Method
A complete digital-design approach usually encompasses coarse and fine compo-
nents. The former is a binary counter running at the system clock speed that gives a 
time measurement accurate to the system clock’s period. The latter is derived from 
several evenly spaced clock phases used to refine timing resolution. Latching the 
leading edge of the signal to be time-stamped to these clock phases allows us to 
extract timing information with a subclock-period accuracy. This technique of real-
izing a fine TDC component is often referred to as the tapped-delay-line method. 
Several design techniques have been incorporated to delay the clock with a predict-
able phase shift. One of them generates a delayed clock by having the clock buff-
ered through logic gates or CMOS delay stages [45]. Another method uses RC delay 
lines to delay the signal with predictable phase. The achievable phase, equal to the 
propagation delay of the logic gate plus the routing delays, is a technology-dependent 
parameter and dictates the TDC resolution.

The tapped-delay-line (TDL) architecture derives several evenly spaced clock 
phases or delayed versions of the input pulse to refine timing resolution. Owing to 
its ease of implementation and reasonably higher resolution, many experiments have 
chosen this topology [1, 8–10, 37].

In the delayed-clock version, latching the leading edge of the signal to be time-
stamped with these clock phases allows the extraction of timing information with 
subclock-period accuracy. This technique of realizing the fine TDC component often 
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is referred to as the TDL method. Similarly, an input pulse may be delayed using 
evenly spaced TDL, resulting in a thermometer-output code similar to the delayed-
clock version. There’s a very slight reduction in dynamic power dissipation with the 
delayed-input version as compared to the delayed-clock version, but for all practical 
purposes these two topologies are identical.

A complete digital-design approach [1] using TDL rests on basic FPGA build-
ing blocks. The major design challenges faced initially in its development were 
the unpredictability of the FPGA compiler placing the delay chain, the register 
structure of the fine-TDC component, and variations in process, voltage, and tem-
perature (PVT). PVT variations pose a greater challenge than placing the delay 
chain and the registers. Control over placements of the logic cells is achievable 
due to improvements in modern-day compilers, which makes the implementation 
realizable [8–10]. An input clock with a known, stable period can be used to provide 
the on-chip timing standard. Such an approach lacks control over the individual 
delay cells, although it affords a stable clock reference for compensation, which 
introduces an uncertainty equal to a minimum of ±1 LSB (least-significant bit). 
Synchronizing the coarse TDC counter with the fine TDC counter is straightfor-
ward for this architecture, resulting in a dynamic range limited only by the number 
of bits in the counter.

Another concern in realizing FPGA-based TDC is the logic elements consumed 
for fine-TDC realization. TDL occupies more area on the FPGA, since utilizing 
the remaining logic elements to implement supporting logic in the TDL home logic 
array block (LAB) is not advisable, as it may result in higher DNL and INL due to 
routing congestion.

TDL resolution is equal to the minimum cell delay and is a parameter dependent 
on technology and FPGA speed (routing delays). The Altera Cyclone II family of 
FPGAs reported 1.2-ns resolution [8], and the Stratix II family has reported 625-ps 
resolution [9]. One of the earlier attempts at using Altera Acex 1K devices [1] showed 
an excellent resolution of 400 ps.

13.7.2.2 vernier technique
The Vernier measurement technique, devised for measuring physical length, was 
extended in the CMOS domain for time measurement. For Vernier-based TDCs, 
time is resolved by two delay lines with very little difference in cell delay. The effec-
tive time-resolution equals the cell-delay difference [46]. Figure 13.9 shows its basic 
configuration. This delay line measures the time difference between rising edges of 
the inputs delayed and tapped by the two delay lines. The technique is based on a 
Vernier principle [47]. This delay line measures the difference in the timing of the 
rising edges of the inputs delayed and tapped by two delay lines [48]. The delay t1 of 
a buffer in the upper delay chain is slightly greater than the delay t2 of a buffer in the 
lower delay chain (Figure 13.9). As the CLK and INPUT signals propagate in their 
respective delay chains, the time difference between the CLK- and the INPUT-pulse 
declines in each Vernier stage. The position in the delay line at which the INPUT 
signal catches up with the CLK signal gives information about the measured time, 
with resolution tR equal to the difference between t1 and t2 [49].
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In the literature [48], an Altera Acex 1K implementation of VDL showed LSB of 
228 ps compared to 317-ps resolution achieved using Xilinx Virtex II devices. Xilinx 
devices, due to their PVT-controlled delay line available at the I/O pads, offer an 
attractive solution for TDL as well as VDL implementations.

Altera TDL and VDL implementations suffer from PVT effects. Slow varying PVT 
effects are acceptable for most coincidence spectroscopy experiments. A dynamic 
range of 10–100 ns is sufficient for most coincidence-spectroscopy applications. PVT 
variations do not affect the overall detector performance, because achievable coinci-
dence resolution in those cases is limited by the detectors. VDL requires more than 
twice the logic elements as compared to TDL because it requires two TDLs.

For photodetectors such as photomultiplier tubes (PMT), silicon photomultipliers 
(SiPM), microchannel plates (MCP) along with LSO, LYSO, ZnO scintillators or 
modern CZT detectors, achievable coincidence timing resolution could range from 
1 ps to 1000 ps [44]. TDC resolution desired for such detectors has to be at least 
Nyquist-limited or better. The TDC dynamic range required for these faster detec-
tors is usually an order of magnitude higher than the TDC resolution. VDL- and 
TDL-architecture LSBs are found to be limited to 100 ps to 500 ps and are not suit-
able for such experiments. PVT variations of smaller than ±1 LSB over the dynamic 
could still be acceptable over the operating dynamic range.

13.7.2.3 cyclic tdc
Another delay-line structure is used in cyclic mode to achieve resolution better than 
the system’s clock speed. The delay line is composed of an even number of inverter 
gates. As the input pulse circulates in this cyclic delay line, its width shrinks by a 
specific amount per cycle, equal to the propagation delay of the inverter, tp. A counter 
is incremented at the end of each cycle with a final value of Nc until the pulse dimin-
ishes completely. Figure 13.10 shows such a structure. Pulse width is simply given 
by Equation (13.7),

 T N tw c p= ×  (13.7)

Figure 13.10 is a block diagram of the two-ring-oscillator technique. Oscillator 
frequencies intentionally are designed to differ very slightly and rely on dissimilari-
ties caused by different load capacitances on the second stage of the oscillators, and 
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disparities in placement and routing delays. The achievable resolution is equal to this 
difference, which varies between FPGA families. Multiple TDC channels can be 
reproduced by ensuring that the load capacitance dominates the differences in place-
ment and routing. Due to its differential architecture, this scheme is less suscep-
tible to PVT variations. Achievable resolution and TDC linearity is very close to the 
noise-limited performance. This design is also attractive because it is self-calibrating 
and addresses most of the issues associated with TDC performance. The usage of 
this architecture is limited by the time-dependent jitter of the ring oscillators, which 
tends to restrict the system’s usable dynamic range. But, with careful design and a 
stable external oscillator, the dynamic range can be extended, and then is limited 
only by the number of bits in a counter.

A time-to-amplitude converter, in conjunction with a conventional ADC, is an 
analog way for obtaining precision time measurements. However, this technique is 
gradually being replaced by the all-digital methods discussed previously, owing to 
common problems associated with analog solutions, such as noise, cross talk, and 
integral and differential nonlinearity.

In ToF applications where larger dynamic range is desired (usually in the range of 
0.1–10 µs), PVT variations affect the TDC performance. On-chip timing standards 
such as crystal oscillators with accuracy better than or equal to 1 ppm are used to 
partially circumvent those issues. Periodic calibration regimens could be employed 
to arrive at LSB and linearity calibration numbers right before or during the experi-
ment. Calibration cycles could be made part of the data-acquisition routines, but may 
add to the system dead time, since most of the calibration cycles require external 
equipment such as a pulse generator, data-acquisition-and-control system, etc. The 
following section reviews an architecture that is relatively immune to PVT, promises 
sub-100-ps resolution, and has virtually unlimited dynamic range.

13.7.2.4 two-ring oscillator-based technique
The two-ring oscillator technique measures either the interval between a start and a 
stop pulse or the width of an input pulse. The TDC’s output code is derived in two 
steps: a coarse time stamp, with a resolution equal to the period of the slow oscillator 
clock, and a fine time stamp using the two-ring oscillator scheme described here.

Oscillator frequencies intentionally are designed to differ very slightly; they rely 
on dissimilarities caused by different load capacitances on the second stage of the 
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chain shrinks the pulse by an amount equal to the propagation delay (tp) through the inverter. 
Counter at the end counts the total number of excursions (Nc) until the pulse disappears com-
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oscillators, and on disparities in their placement and routing delays [10]. The assign-
ment-based approach used in a tapped-delay-line architecture dictates the placing of 
the ring oscillators’ logic cells. Timing analysis and simulation predict differences 
in the ring-oscillators’ frequencies; the achievable resolution equals this difference. 
Multiple TDC channels are reproduced by ensuring that load capacitance dominates 
the differences in their placement and routing. This technique requires fewer than 10 
logic elements to realize two-ring oscillators (Figure 13.11). The logic elements near 
the oscillators are utilized for realizing the Gray counters, ensuring optimal usage of 
the real estate. Ring-oscillator jitter increases proportionally with the measurement 
time [35]. This limits the dynamic range of the fine TDC component to a few times 
the slowest ring-oscillator period. This problem is easily circumvented by extending 
the dynamic range using an external oscillator with jitter within a few picoseconds 
range. The present state of the art pushes the achievable resolution very close to 
noise-limited numbers. Future detectors with timing resolutions of a few picosec-
onds will require better than present state-of-the-art electronics. FPGA-based TDCs 
may not be the right choice for those high-speed detectors.

An analog method for precisely measuring time is by combining time-to-ampli-
tude converters with a conventional ADC. The digital techniques outlined previously 
are gradually replacing this technique because of problems common in analog solu-
tions, such as noise, cross talk, and integral and differential nonlinearity.

The main contributors to the FoM are the resolution and dynamic power dissipa-
tion. The FoM achieved in all the topologies is more than adequate for the experi-
ments, as the power dissipation in the fine TDC components is only a few percent of 
the total signal-processing system power budget. TDL and VDL fine TDC architec-
tures are continuously running at system clock speed with continuous dynamic power 
dissipation. Two-ring oscillators are turned on only during the measurement and cali-
bration phase and are off otherwise and have very low dynamic power dissipation. 
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Architectural techniques have pushed the achievable resolutions to noise-dominated 
limits, while the FoM has seen almost an exponential growth over the past decade.

ADC realization using the ToT technique is a promising architecture for radiation 
experiments. Unipolar shaper output is applied to a positive input of a comparator. A 
DC voltage threshold is applied to the negative input using a commercial digital-to-
analog converter (DAC). ToT is given by the width of the comparator digital output 
pulse, also called a pulse-width-modulated (PWM) output. ToT has a logarithmic 
relationship with the analog signal peak amplitude. Simulation results with an Altera 
LVDS comparator SPICE model was used to evaluate the feasibility of the ToT tech-
nique using FPGA. A linear sweep was applied to the unipolar Gaussian-shaped ana-
log signal amplitude (vpeak), with peaking time of 1 µs, as shown in Figure 13.12. 
The DAC threshold is held constant during the amplitude sweep, and the correspond-
ing PWM output, shown in Figure 13.12 shows input charge for each step in the 
sweep versus the PWM output width. This solution serves as a very-high-resolution 
ADC, but is limited to larger peaking times.

13.8 conclusIon

This chapter presented TDC circuit implementations using innovative architectures. 
Their applications included positron emission tomography (PET) scanners and time-
of-flight (TOF) experiments discussed in depth. TDC design specifications and the 
performance of TDL architectures in those systems were presented along with over-
all system performance.

Part of the research work presented in this chapter included a literature review of 
the TDC state of the art, and this was presented in the first few sections. Conventional 
methods of TDC realization included the use of CFD, TAC, and ADC to extract tim-
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ing information. As the technology progressed, this was followed by many CMOS-
ASIC- and FPGA-based architectures.

CMOS ASIC solutions for TDC circuits are desirable for many experiments because 
of their analog circuit design capabilities. For example, a charge-pump design imple-
mented for a voltage-controlled delay line provides excellent compensation technique 
against process, voltage, and temperature variations [34]. Limitations of these CMOS 
ASIC solutions included the long timeline from concept to final product, as well as 
the high costs associated with custom CMOS fabrication runs. These circuits were 
also limited in their use to the specific applications they were designed for.

There were few attempts at reconfigurable FPGA-based implementations of TDC 
circuits prior to the work presented in this chapter. They show a natural evolution, 
which came with shrinking technology feature size. Most of the research on FPGA-
based TDC faced challenges posed by limited control offered by the design tools and 
by architectural roadblocks, some of which were not well understood at that time. 
The work presented here studied those limitations in detail. A method was devised 
for TDC characterization that helped in understanding those issues.

This chapter presented research work undertaken in the pursuit of better per-
formance while keeping the PET and time-of-flight experimental requirements in 
mind. The PET experiment titled Rat conscious animal positron emission tomog-
raphy (RatCAP) uses 384 LSO-APD detectors coupled one-to-one ASIC channels. 
ASIC granularity is 32 channels and employs a 32 to 1 priority encoding scheme to 
encode geographical locations on a 4 × 8 LSO-APD array. Such 12-detector ASIC 
channels are served using single TSPM for awake-animal experiments. The total 
power dissipation of the TSPM, including 12 TDCs, signal-processing logic, and 
data acquisition with three G-Link channels (one channel in and two out), is close to 
10 W. Less than 1% of the power is dissipated for TDC and signal processing, while 
the remaining 99% is consumed for the G-Links. RatCAP technology inspired many 
other PET detectors, of which four were for simultaneous PET-MRI applications 
and one for wrist detector. The compactness of the RatCAP technology, along with 
efforts undertaken to make the technology MRI compatible, yielded PET detectors 
that are compatible with four different MRI scanners. There are three applications 
for small-animal PET scans, and one experiment is designed for breast cancer detec-
tion in situ with an Aurora Inc. MRI scanner. TDC designed using FPGA technology 
is the workhorse of the signal processing and data acquisition for those PET detec-
tors ranging from small-animal to human applications.

TDL architecture is currently being used in the experiments and meets the design 
specifications for small-animal scanners. As the detector count increases for future 
applications, the TDL architecture may be adequate, but ring-oscillator-based archi-
tectures provide a more compact design. The self-calibrating nature of the ring oscil-
lator technique is more desirable for multiple reasons. This architecture requires 
minimal area compared to other presented architectures. It has a FoM that is far 
superior to its contemporary architectures. This has a greater impact on overall sys-
tem power dissipation. The two-ring-oscillator technique has a slight disadvantage of 
higher bit count per event due to higher resolution. The resolution of 625 ps achieved 
using TDL architecture is adequate for the RatCAP-technology-based detectors, 
since the coincidence-timing resolution is limited by the detector used.
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The future of small-form-factor PET scanners is the ToF genre of detectors, given 
that SiPM detectors promise timing in the picosecond range. Two-ring-oscillator-
based architecture is ready to use for such futuristic scanners.

This work was published in three journal articles that also contributed signifi-
cantly to the work presented in this chapter. The first publication provided TDC 
realized using an Altera Stratix II FPGA with 625-ps resolution. It showed excel-
lent DNL and INL performance. The second article showed that most of the issues 
revealed during the first TDC implementation were well understood and resolved, 
including calibration, PVT variations, nonlinearity, and better resolution. The per-
formance of self-calibrating two-ring-oscillator-based topology showed a resolu-
tion of 41 ps, rivaling or in some cases bettering CMOS ASIC counterparts. The 
third paper presented a summary of the research work. During this venture, it was 
observed that there was no single document that encompasses TDC circuits. The 
third journal article provided a comprehensive review of TDC implementations in 
the literature and also provided a theoretical basis for analyzing the performance of 
the TDC circuits in general.

TDL architecture suffered from noise from the crystal oscillator’s phase, the sup-
ply, and the substrate. It is possible to design a TDL with a very low jitter (few ps) 
and very stable oscillator with close to 1 ppm accuracy. Therefore, to ensure TDL 
linearity, it is important to select oscillators with low jitter and low long-term drift. In 
the signal-delayed version of the TDL, supply- and substrate-noise impair the signal’s 
edges, where the oscillator-phase noise introduced stationary uncertainty per measure-
ment cycle. PVT variations in Altera FPGAs limited their usage to coincidence spec-
troscopy applications, where long-term relative stability is not a big restriction. ToF 
experiments require long-term stability, and for those applications Xilinx FPGAs with 
PVT-compensated delay lines offer more robust TDL and VDL architectures [48].

Also discussed in this chapter were the basic TDC architectures, giving analytical 
expressions for corresponding characteristics. The predominant TDC architectures 
in the literature are comprised of TDL, Cyclic, VDL, and self-calibrating two-ring 
oscillator architectures. Their performance was compared by normalizing their 
dynamic range. The corresponding FoMs were calculated in an attempt to monitor 
historical trends over the past decade. At a first glance, TDC performance has seen 
an exponential growth since its early antifuse structure implementation [2] in an 
FPGA. Part of the performance improvement is credited to the natural technology 
evolution, and part of the credit lies with the design techniques. Self-calibrating two-
ring oscillator topology has superior FoM compared to contemporary implementa-
tions. Also, this structure outlines the PVT performance along with excellent DNL 
(<0.5 LSB) and INL (<1 LSB) with very linear behavior.

In conclusion, TDCs are crucial components of the front-end electronics signal 
path for radiation detectors. This chapter has presented innovative architectures for 
realizing TDC circuits using readily available technology platform, i.e., FPGAs. The 
performance reported in the chapter parallels its CMOS ASIC counterparts. FPGA-
based or even CMOS-ASIC-based circuits find a noise-limited resolution barrier that 
tends to lie in the range of a few tens of picoseconds. There is a need for research and 
development to realize finer-resolution TDC circuits and low-phase noise oscillator 
circuits to pursue applications in the 1-ps timing regime.
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